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PREFACE 


The purpose of this book is to aid the electronics circuit designer in 
the utilization of the field-effect transistor (FET). Since its emergence 
from the development laboratory in about 1962, the FET has become 
an important and widely used component in the electronic industry. 

With its importance increasing annually, both as a discrete component 
and in integrated circuits, it is essential that the serious circuit designer 
have an insight into how the FET behaves under different circuit and 
environmental conditions. It is also helpful to understand how its physi¬ 
cal and electrical characteristics are interrelated. This book goes just 
deep enough into FET theory to provide that insight. 

After the introductory chapter describing how the device works, the 
interrelationship of the various FET characteristics and how they relate 
to typical data sheet specifications is discussed. 

Subsequent chapters deal with various categories of circuit applica¬ 
tions of the FET. The order of these application chapters is rather arbi¬ 
trary; each chapter stands on its own. Detailed circuit design examples 
are given to illustrate applications. 

As this book was being readied for publication, the availability of 
FETs designed for power applications was expanding rapidly. The chap¬ 
ter on Power FETs spotlights this relatively new field. 


Art Evans 
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1-1 Introduction 

1-2 The Junction FET 

1-3 The MOSFET (Insulated-Gate FET) 

1-4 FET Symbols 

1-5 Physical Characteristics of FETs 
1-6 Summary 


1-1 INTRODUCTION 

This handbook is designed principally for the FET user. The primary 
emphasis has been placed on allowing the reader to learn necessary 
information quickly, without becoming bogged down in complicated 
analyses. The first two chapters provide sufficient background informa¬ 
tion to answer many questions asked by FET circuit design engineers. 
The aim of these chapters is to give design engineers an intuitive sense 
of how to manipulate the circuits presented in the remaining chapters, 
which contain both theory and “cookbook” applications. Some knowl¬ 
edge by the reader of semiconductor theory is assumed. A prior under¬ 
standing of the concept of conduction by electrons and holes, of the 
“forward” and “reverse” characteristics of a p-n junction, and of the 
“depletion” region at a p-n junction will be helpful in understanding 
FET theory. 

There are two general types of transistors: bipolar and unipolar. The 
unipolar, more commonly called the “field-effect transistor” (FET), is 
the subject of this book. The concept of controlling the electronic con¬ 
duction in a solid by an electric field predates the invention of the bipolar 
transistor. J. E. Lilienfeld filed for a patent on such a device in 1925, 
as shown in Fig. 1-1. W. Shockley presented a comprehensive theory 
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Patented Jan. 28, 1930 


1,745,175 


UNITED STATES PATENT OFFICE 


JULIUS EUOAB LILIENFELD, OF BROOKLYN, NEW YORK 
MXTHOl} AND APPARATUS FOR CONTROLLING ELECTRIC CURRENTS 
AppUeatloa filed October 8, 1826, Serial No. 140,363, and la Canada October 22, 1925. 
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FIGURE 1-1 'TET” patent. 
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of the field-effect transistor in 1952.^ However, the commercial availabil¬ 
ity of the FET in the early 1960s followed the bipolar transistor by 8 
or 10 years. The superior performance of the FET in many circuit appli¬ 
cations previously utilizing bipolar transistors or vacuum tubes resulted 
in a rapid growth in its acceptance as an important electronic component. 

Several types of semiconductor materials have been used for making 
FETs: silicon, germanium, gallium arsenide, and others. By far the most 
widely used is silicon, and unless otherwise specified all device types 
discussed in this book are silicon types. 

The field-effect transistor (FET) is a class of electronic semiconductor 
device in which the conduction of a “channel” between source (S) and 
drain (D) terminals is controlled by an electric field impressed upon 
the channel via a gate (G) terminal. The conducting channel may utilize 
n-type carriers (electrons) or />-type carriers (holes). The electric field 
which controls the channel conduction may be introduced via a p-n junc¬ 
tion (for a “junction” FET), a metal plate separated from the semicon¬ 
ductor channel by an oxide dielectric (for a metal-oxide-semiconductor 
FET), or a combination of the two methods. The polarity of the control¬ 
ling electric field is a function of the type of carriers in the channel. A 
FET “family tree” is shown in Fig. 1-2. 



FIGURE 1-2 FET family tree. 
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1-2 THE JUNCTION FET 

A section view of a junction field-effect transistor (JFET) is shown in 
Fig. 1-3. This structure contains, between the source and the drain con¬ 
tacts, an n-type “channel” embedded in a jf?-type silicon substrate. If it 
is assumed that the junction forms a barrier to current flow, then 
it can be seen that channel conduction is a function of the channel 
width, length, and thickness and of the density and mobility of the carri¬ 
ers. In this structure current can flow equally well in either direction 
through the channel; i.e., the drain may be positive or negative with 
respect to the source. 



FIGURE 1-3 Junction-type field-effect transistor. 


1-2-1 Channel Conductance (gas) 

We will examine how the channel conduction is controlled by a gate- 
to-channel voltage. As indicated in Fig. 1-4(2, at the p-n (gate-to-channel) 
junction there is a depletion layer. If there is an abrupt change from a 
high concentration of holes in the gate region (/^type) to a much lower 
concentration of electrons in the channel region (n-type), then most 
of the depletion width will occur in the channel. The depletion width 
is proportional to the square root of the junction potential.^ 



where fFd—junction depletion width 
Vbi = built-in junction potential 

Fgs = reverse or forward bias applied to gate-channel junction 
Ki — constant 

Nc = channel carrier concentration 

The channel conduction is decreased as the junction depletion width 
is increased and thus can be controlled by the gate-source voltage Vos- 
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FIGURE 1-4 Depletion layer at junction. 


The channel conduction gd^ of a typical JFET as a function of the 
junction voltage is shown in Fig. 1-5. The characteristic is shown with 
zero volts between the “source” and the “drain”; thus the depletion 
thickness is uniform along the channel length. The voltage at which 
the channel conduction approaches zero is the “gate cutoff voltage,” 
and is given the symbol Vcscoff)- The polarity of Vcsioff) is such that the 
p-n gate-channel junction is r^t;m^-biased. A forward bias at the gate 
junction will increase channel conduction because of the resulting de¬ 
crease in depletion layers; however, as indicated in Fig. 1-6, a forward 
gate-channel bias results in a large increase in gate current. In the FET 



I Gate-source voltoge Vgs,V 
Vqs 

FIGURE 1-5 Channel conductance 
vs. gate-channel voltage. 
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Gate-source voltage Vqs ,V 


FIGURE 1-6 Gate current vs. gate-source voltage. 


symbol shown in Fig. 1-5, note that the direction of the arrow at the 
gate-channel junction shows the direction of easy gate-current flow. (This 
is similar to the p-n diode symbol.) In its reverse-bias mode, the gate 
“leakage’’ current may be only a few picoamperes; thus the low-frequency 
input impedance of the FET is very high. In most JFET applications 
the forward gate-bias mode is not used because of the resulting low 


Source 


- p Gate 


Depletion 

layers 


Drain 



Vgs =+0.5 
Vds= 0 



Vgs = 0 

Vds = 0 


Vgs = ~1 V 
Vds = 0 



Vgs=-2V 

Vds ' 0 


FIGURE 1-7 Concept of depletion in channel as function of gate- 
to-channel voltage (Fds = 0). 
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FIGURE 1-8 Channel depletion vs. drain-source voltage. 


Vds--0 

Vgs=0 


Vds=2V 
Vgs=0 


Vds = 10 V 

Vgs = 0 


input impedance. At some relatively high reverse gate-channel voltage, 
avalanche breakdown will occur at the p-n junction. This places an upper 
limit on the device operating voltage. 

Figure 1-7 presents a concept of the depletion in the channel at various 
gate-channel voltages. These sketches assume zero drain current so that 
there is no voltage drop along the channel length. If a positive voltage 
is applied to the drain, with the gate-source voltage at zero, a nonuniform 
depletion width occurs along the channel as shown in Fig. 1-8. As Vds 
is made more positive, the depletion layer at the drain end of the channel 
increases, and thus the incremental channel conduction decreases; if 
the channel is long (compared to its thickness), then the channel will 
“pinch off” at the drain end and channel current will saturate at a drain- 
gate voltage approximately equal to — Foscoff). Further increases in drain 
voltage will have little effect upon drain current; hence the current “satu¬ 
rates.” 

Figure 1-9 shows the drain current Id vs. drain-source voltage Vds 
with gate-source voltage Vgs at zero. As Vds is made more positive, 
the depletion layer at the drain end of the channel increases, and thus 
the incremental channel conduction decreases. The slope A/d/AFds con¬ 
tinues to decrease as Vds is increased, until at some high voltage break¬ 
down occurs. In the negative quadrant a rapid increase in drain current 
occurs because the drain-gate junction becomes forward-biased. The 
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FIGURE 1-9 Drain current vs. drain-source voltage. 


JFET is not normally operated in this quadrant more than a few tenths 
of a volt. Figure 1-10 shows the magnitude of A/d/AFds as a function 
of Vds for a typical FET. This is the output conductance gos of the FET 
operating in a common-source configuration. 

With reference to Fig. 1-8, it may appear that when Vds exceeds “pinch- 
off,” no current can flow. However, there does exist an electric field 
across this “depletion” region and a supply of carriers (electrons) at 
the source end of the channel; thus carriers will drift across the depletion 
region just as they drift across the collector-base depletion region in a 
bipolar transistor. As Vds, approaches the pinchoff value, the drain cur¬ 
rent Id tends to limit at a saturation level. 

1-2-2 Effect of Channel Length 

The degree of saturation is a function of the device geometry. A long 
channel will become more saturated (have a lower AId/AVds) than a 



FIGURE 1-10 Output conductance vs. 
drain-source voltage. 
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short channel; however, the long channel will also have a lower initial 
channel conductance than will the short channel. For the short-channel 
device (where length-to-thickness ratio is less than about 4), drain-volt¬ 
age “pinchofF” may be higher than — FGs(off)- This is because the minimum 
channel width does not occur directly under the gate junction but is 
shifted toward the drain terminal. A concept of the shape of a short 
channel vs. drain voltage is shown in Fig. 1-11. It has been calculated^ 
that for a channel length-to-thickness ratio of unity, drain voltage at 
which saturation occurs will be approximately 1.6 times —Fcsioff)- 

For the short-channel FET an effect known as carrier “velocity satura¬ 
tion” may cause drain current to saturate before minimum channel width 
is reached. This effect occurs because at high electric fields, carrier mobil- 



FIGURE 1-11 Shape of conductive channel when car¬ 
rier velocity saturation occurs. (Reprinted with permis¬ 
sion from Solid State Electronics, vol. 10, J. R. Hauser, 
"Characteristics of JFET Devices with Small Channel 
Length-to-Width Ratios,” © 1967, Pergamon Press, 
Ltd.) 

ity is no longer constant but becomes inversely proportional to the elec¬ 
tric field. For fields greater than this critical value, drift velocity no longer 
increases with increasing field; hence the drain current saturates. Figure 
1-11 shows channel shape, calculated by Hauser,^ when carrier velocity 
saturation occurs. Most devices designed for high-frequency and high- 
power application have short channels. For these devices drain-current 
saturation may be due to carrier velocity saturation instead of channel 
“pinchoff.” 

1-2-3 Transconductance (g/s) 

A useful circuit design characteristic is the effect of gate-source voltage 
upon drain current. A family of these Id versus Vgs “transconductance” 
characteristics for a long-channel FET is shown in Fig. 1-12. The data 
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-2.0 -1.6 -1.2 -0.8 -0.4 0 
Gate-source voltage Vgs»V 


FIGURE 1-12 Forward transfer characteristic of 
/{-channel JFET (slope A/d/A Vgs — g/s)- 


for these curves were obtained using a 2N4868 which had a Vcscoff) of 
approximately 2 V. If Vds is greater than — Fascoff), then the shape of 
the transconductance curve is fairly independent of Vds> The slope (AIbs/ 
A Vgs) is the forward transconductance gfs. Figure 1-13 shows gfs vs. Vgs 
for Vds ^ ~FGs(off)- The similarity of the curve of Fig. 1-13 to Fig. 1-5 
is normal; gfs and gos are approximately linear functions of (Vgs ~VGs(off))- 

Another characteristic of interest to circuit designers is the relation¬ 
ship gfs vs. /d. Such a curve is shown in Fig. 1-14. This curve indicates 
that gfs is an approximate function of This square-root relation¬ 

ship is common for long-channel JFETs and means that in an /?C-coupled 
amplifier, voltage gain may be increased by operating at lower drain 
currents, if IdRl is kept constant. 

A family of common-source output characteristics is given in Fig. 
1-15. Note that as the gate is made more negative, the saturated value 
of Id is decreased and the value of Vds at which saturation occurs is 
decreased by the approximate magnitude of Fgs- Drain-current saturation 



FIGURE 1-13 Forward transconductance vs. 
gate-source voltage. 
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FIGURE 1-14 Forward trans¬ 
conductance vs. drain current. 


occurs at a fixed drain-to-gate voltage; thus, if the gate is biased negative 
with reference to the source, saturation occurs at a lower drain-source 
voltage. 

1-2-4 Capacitance 

The capacitance per unit area of the /?-n junction between the gate and 
the source and drain is a function of the Junction depletion-layer thick¬ 
ness. The depletion layer acts as a dielectric between the jf? and n conduct¬ 
ing regions. A reverse bias on the p-n junction causes the depletion 
layer to increase and thus the capacitance to decrease. Concepts of the 
junction depletion as a function of gate-to-channel voltage and of drain- 
to-source voltage are shown in Figs. 1-7 and 1-8. Theory indicates that 
the capacitance of an abrupt junction is an inverse function of the square 
root of the junction voltage. In most amplifier applications the drain- 
gate voltage is greater than the source-gate voltage; thus the drain-gate 
capacitance will be lower than the source-gate capacitance. 



Drain-source voltoge VqsiV 


FIGURE 1-15 Common-source output char¬ 
acteristics (2N4868). 
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1-2-5 Temperature Effects 

The effect of device temperature upon device characteristics can be re¬ 
lated to three factors: 

1. Carrier mobility is an inverse function of temperature. This 
causes the channel conductivity to have a negative tempera¬ 
ture coefficient. 

2. Ionization of carriers is a function of temperature. For 
an n-channel JFET the donor impurities in the channel 
region are fully ionized at about —200°C; thus in the —55 
to +125°C range, the effect of temperature upon channel 
carrier density is small. However, thermal generation of 
hole-electron pairs within the depletion region of the gate- 
channel junction results in a significant reverse gate-cur¬ 
rent vs. temperature coefficient. This effect results in an 
approximate doubling of reverse gate “leakage’’ current 
for each 10 to 12°C increase in temperature. 

3. Temperature increases also cause a decrease in the thickness 
of the depletion layer at the channel-gate junction. This 
results in an increase in channel thickness and an increase 
in the magnitude of Foscoff)* 

Characteristics 1 and 3 have opposing effects upon channel conduc¬ 
tion. This is illustrated in Fig. 1-16, which shows transfer characteristics 
at three temperatures. For this device. Id at Vqs = 0 has a negative 
temperature coefficient. This is due to the negative temperature coeffi- 



Gate-source voltage Vgs. V 

FIGURE 1-16 FET transconductance characteristics vs. tem¬ 
perature. 
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cient of carrier mobility. At a value of Fgs about 0.7 V above Fosioff), 
Id has a near-zero temperature coefficient because these two characteris¬ 
tics compensate each other. 

1-2-6 /^-Channel JFET 

The foregoing discussion of the JFET has assumed that the channel 
was w-type. A j&-channel FET has similar characteristics, with the major 
difference being a change in the polarities. Characteristic curves of a 
/^channel device are given in Fig. 1-17. P-type carriers (holes) have 
lower mobility than n-type carriers (electrons); thus for devices of similar 
dimensions and channel carrier density, the n-type FET will have a higher 
channel conductance than the p-type device. For a given channel conduc¬ 
tance and pinchoff voltage, the p-channel FET will typically have higher 
interelectrode capacitance and higher junction leakage than the n-chan- 
nel device. 



(a) Output characteristic 


(b) Transfer characteristic 


FIGURE 1-17 Some characteristic curves for /^-channel JFETs (2N2608). 


1-3 THE MOSFET (INSULATED-GATE FET) 

A cross section of an n-channel MOSFET is shown, in Fig. 1-18. With 
this structure the n-channel conduction may be controlled by a voltage 
applied between gate and source, by one applied between body and 
source, or by a combination. A very important characteristic of this struc¬ 
ture is that the gate is separated from the channel by a very low-leakage 
dielectric (typically silicon oxide). This permits the gate-channel voltage 
to be positive or negative. For the n-channel structure of Fig. 1-18, a 
positive gate-source voltage will increase channel conduction, while a 
negative voltage will decrease channel conduction, as shown in Fig. 
1-19. Since no conducting path exists between the control gate and 
the rest of the structure, the gate-to-channel resistance of a typical device 
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Gate (G) 



n - channel depleted with application of 
negative gate voltage. Negative body 
voltage also depletes the channel. 


FIGURE 1-18 Cross section of w-channel MOS- 
FET. 

(2N3631) exceeds 10^® ft. This is true with positive or negative voltage 
applied to the gate. An upper limit on gate voltage is imposed by the 
dielectric breakdown of the thin oxide under the gate metal. Unlike in 
a p-n junction, the breakdown of the oxide dielectric results in permanent 
damage to the oxide; thus this condition must be avoided. 

A family of output characteristics of an n-channel MOSFET is given 
in Fig. 1-20. Note the similarity of these characteristics to those of the 
n-channel JFET shown in Fig. 1-15. The MOSFET characteristics, how¬ 
ever, include curves with both positive and negative gate voltage. For 
the n-channel JFET a positive gate voltage would forward-bias the gate- 
source p-n junction. This does not occur with the MOS structure shown. 
(Some MOSFET devices, however, have a zener diode connection be¬ 
tween the gate and the body to limit the voltage that may be impressed 
across the gate oxide, as a protection for the oxide.) For the n-channel 
MOSFET a positive gate voltage is said to “enhance” the channel; a 



Gate-source voltage Vgs 

FIGURE 1-19 Channel conduction vs. 
gate voltage for /i-channel MOSFET. 
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FIGURE 1-20 Common -source 
output characteristics of n-chan- 
nel MOSFET (normally on de¬ 
vice.). 


negative voltage “depletes” the channel. This is a “normally on” de¬ 
vice—that is, when Vgs = 0, a conducting channel exists between drain 
and source. 

A normally off MOSFET is shown in Fig. 1-21. In this structure no 
channel exists between drain and source unless a gate voltage is applied. 
A positive voltage applied to the gate, with respect to source and drain, 
creates a conducting channel by pulling carriers (electrons for the 
n-channel type, holes for the jf?-channel type) from the source and drain 
regions and from the body into the upper layers of the substrate under 
the gate. The thickness and conduction of the channel thus created 
are a function of the gate-source, gate-drain, and gate-body voltages. 
The gate-source voltage Vgs at which channel conduction just begins 
to occur is called the “threshold voltage” Foscth). VGsm) is a function 
of the thickness of the oxide under the gate, j^type carrier density in 
the body under the gate, and body-source voltage Vus‘ The body could 



n-channel created herewith application 
of positive gate voltage 


FIGURE 1-21 n-channel MOSFET— normally off 
enhancement type. 
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FIGURE 1-22 Channel conductance vs. gate-source voltage for 
MOSFET showing the effect of ”body” bias. 


be designed to function as a junction-type control gate but is usually 
designed to have minimum effect upon the channel conduction and 
threshold voltage. In many device types the body is internally connected 
(shorted) to the source terminal, in which case the source-drain voltage 
is limited to one polarity to avoid forward-biasing the drain-body diode. 
Figure 1-22 shows channel conduction gas versus Vgs with Vus as a param¬ 
eter. With this particular device, Vus has a great effect upon Vgs ah) and 
gds. In many device designs the body effect is less than that shown. 


1-3-1 Dual-Gate MOSFET 

A useful structure for high-frequency applications is the dual-gate MOS¬ 
FET. This device, as shown in Fig. 1-23, has two control gates between 
the drain and the source. Typically in a high-frequency amplifier, Gi is 
utilized as the signal input terminal and G 2 is at signal ground. This 
results in very low drain-to-Gi feedback capacitance. This operating 
mode is similar to the “Cascode” operation of vacuum tubes. G 2 is also 
commonly utilized as an automatic gain control element. 


G G 



U"body" 

FIGURE 1-23 Dual-gate MOSFET. 
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1-4 FET SYMBOLS 

The FET “family tree” shown in Fig. 1-2 indicates six different types. 
A different schematic symbol is utilized for each of these types. Figure 
1-24 relates the symbols to the device types. Note that the direction 
of the arrow between the gate or body terminal and the channel will 
indicate the channel type. The “channel” of the enhancement types of 
MOS is broken, indicating that a channel must be “enhanced” to make 
the device operative. 

These symbols will be utilized in the chapters that follow. Understand¬ 
ing these symbols will aid in understanding symbols for new device 
types that may be developed. Many device types are symmetrical with 
respect to source and drain; that is, source and drain functions may 
be interchanged. However, there are also devices which are not sym¬ 
metrical. The symbol locates the gate electrode adjacent to the end of 
the device which is characterized by the manufacturer as the “source” 




(q) JFET depletion type 


i£. itL 



(e) n-channel dual-gate depletion type 
MOSFET with gate protection diodes and 
body internally connected to source 


(b) MOSFE I depletion type 



(c ) MOSFET enhancement type 



Si U Sz 


(f) Dual p-channel enhancement-type 
MOSFET with common body 



U 


(d) MOSFET enhancement type with internal 
zener diode to protect gate oxide 

FIGURE 1-24 FET symbols. 



5 Anode 


) Cathode 


(g) n-channel JFETs designed to function 
as a "constant Current" diode 
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terminal. (An attempt has been made to utilize symbols that correspond 
to lEEE/ANSI/IEC and industry standards.) 

As a word of caution, it should be pointed out that many schematics 
in technical literature neglect to show the “body’’ terminal of MOSFETs. 
In most cases it may be assumed that the body is internally connected 
to the source terminal; however, there are many cases in which the 
body is connected to some other potential, especially when the device 
is used as an analog switch. In integrated circuits, the body is often 
common to many MOSFETs within the same circuit. 


1-5 PHYSICAL CHARACTERISTICS OF FETS 

FET design and manufacturing details are beyond the scope of this 
book; however, a brief survey of some of the physical characteristics 
may be worthwhile. Manufacturing methods are similar to those utilized 
in other semiconductor devices such as integrated circuits, transistors, 
and diodes. Dimensions of the active areas, such as channel thickness, 
width, and length, may be controlled by a combination of epitaxial thick¬ 
ness, diffusion, ion implanting, etching, and photolithographic tech¬ 
niques. 

1-5-1 Typical JFET Structures 

Figure 1-25 shows some of the steps involved in the manufacture of 
one type of n-channel JFET. The starting material in this case is a wafer 
of high-purity monocrystalline silicon which has been doped with an 
acceptor impurity (/^type). Onto this wafer a layer of silicon is epitaxially 
grown to a precisely controlled thickness and with a closely controlled 
donor (n-type) impurity concentration. A layer of silicon dioxide (glass) 
is formed on the wafer surface. By photolithographic techniques certain 
regions of this oxide are removed. The remaining oxide functions as 
a mask or barrier to /?-type atoms, which are diffused into the unmasked 
regions. The masked region shown in Fig. l-25cwill become the source, 
drain, and channel region of the finished FET. A second oxidation, 
masking, and diffusion operation is used to create a top p-type gate 
which separates the source and drain. The depth of the top-gate diffusion 
and the initial thickness of the epitaxial layers determine the channel 
thickness. The width of the top gate stripe determines the channel length 
(source-to-drain dimension). Small variations in photographic dimen¬ 
sions, diffusion depths, epitaxial-layer thickness, and donor and acceptor 
impurity density will have an effect upon channel conduction, pinchoff 
voltage, gate-to-channel capacitance, and junction breakdown voltage. 
Lack of precise control of the physical parameters results in a production 
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to substrate 


(a) p-type silicon wafer (substrate). 


(b) n-type silicon epitaxial layer grown 
on to p-substrate. 


(c ) p-type acceptor impurity diffused 
in,to start isolation region. 


(d) p+ impurity diffused in, to form top gate. 
Simultaneously, p region diffuses to 
complete isolation between the n islands. 


(e ) n++ type impurity diffused into n-type 
channel to form Drain and Source contacts. 
Physical isolation of each FET is achieved 
by scribing and breaking wafer along 
X-X axis. 


(f) Formation of discrete n-channel FETS 
after'scribing and breaking' procedure. 
Since the edges of the p'*’ regions of the 
top gate are diffused into the p-substrate, 
electrical contact is made to the top gate, 
via the p-substrate. 


FIGURE 1-25 Some assembly steps for /i-channel JFETs. 
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spread of the electrical characteristics of a given device type. In many 
instances a family of device types may be produced from a given set 
of photographic masks by varying the thickness of the epitaxial layer 
and the depth of the top-gate diffusion. 

For a given channel thickness, width, and carrier concentrations, con¬ 
duction will be an inverse function of channel length. For the structure 
described in Fig. 1-25 this length is controlled by the photographic 
process of etching the oxide window for top-gate diffusion, and by the 
sideways diffusion of the top gate. As the window size is decreased to 
make shorter, higher-conduction channels, control of the photographic 
process becomes more difficult. Because short channels are important 
for high-conduction and high-frequency devices, several methods for 
creating short-channel structures not so dependent upon very small pho¬ 
tographic dimensions have been developed. 

1-5-2 Short-Channel MOSFETs (VMOS and DMOS) 

Two significant techniques are being utilized to produce short-channel 
MOSFETs. Both utilize the difference in depth of two diffusions instead 
of photolithographic techniques to control channel length. The differ¬ 
ences in the two techniques relate to the geometry employed. In one 
type the channel is oriented parallel to the chip surface (as with the 
previously described MOSFET). It is commonly called the DMOS (for 
diffused-channel MOS). The second type has its channel oriented ap¬ 
proximately vertical to the chip surface. While its channel is also con¬ 
trolled by diffusion, it is commonly called the VMOS (for vertical-channel 
MOS). Section views of the two types are shown in Fig. 1-26, both of 
which are n-channel types. The p-type “body” diffusions and the n'^ 
type source diffusions in the DMOS may be made through the same 
window opening in the oxide. The p type is allowed to diffuse slightly 
deeper than the n type; the difference becomes the channel length. The 
drain contact for the DMOS is diffused through a window in the 
oxide a short distance from the drain end of the channel region. The 
drain contact for the VMOS is the substrate of the chip; thus the 
entire back side forms the drain. In the DMOS the gate metal is deposited 
on the surface of the oxide above the p~ region where the channel is 
formed. For the VMOS, a V groove is first etched down through the 
source and the p~ body regions. The vertical dimension of this V 
groove is determined by the width of the oxide window and the crystallo¬ 
graphic structure of the silicon wafer. This is achieved by using a chemical 
that preferentially etches along certain crystal planes. As with the other 
MOS types described, the process is completed by growing oxide over 
the channel region and applying metalization to the gate, source, and 
body regions (for this device the drain is the back of the chip). 
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(b) DMOS (double- diffused MOS) 

FIGURE 1-26 Short-channel MOS struc¬ 
tures. 


The rT region between the drain contact and the “body” forms a 
depletion region which results in a low drain-to-body and drain-to-gate 
capacitance—an important feature for high-frequency applications and 
high-speed switching. The rr region also provides a means of achieving 
a high drain-voltage rating while still maintaining a short, high-conduc¬ 
tance channel. The VMOS structure gives better utilization of the silicon 
surface because the substrate is utilized for the drain. Also, both sides 
of the V groove are utilized for channels; thus two current paths are 
available for a single gate finger. 

The short-channel VMOS structure has permitted the introduction 
of MOSFETs into high-power, high-frequency applications. No minority- 
carrier storage times (as encountered with bipolar types) are involved 
in switching the unit off; switching 1 A of drain current in less than 
4 ns is typical. Figure 1-27 shows some of the characteristics of Siliconix 
VMOS type 2N6661. This unit has a 2-A, 90-V rating. The drain current 
has a negative temperature coefficient; this means that in power applica¬ 
tions devices can be paralleled without encountering “current hogging” 
problems of the type encountered when bipolar transistors are paral¬ 
leled. 


1-5-3 Short-Channel JFET 

The short-channel JFET has a high conductance advantage, similar to 
the short-channel MOSFET. Vertical channel structures have been de¬ 
scribed by Teszner and Gicquel,^ by R. Zuleeg,^ and by others. Because 
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FIGURE 1-27 Output characteris¬ 
tics of VMOS (Siliconix type 
2N6661). 


of their relatively high input capacitance, their use has been primarily 
limited to linear hi-fi equipment. 

A section view of a vertical short-channel JFET as described by Zuleeg'^ 
is shown in Fig. 1-28. Here the p-type gate structure is buried within 
the n-channel region separating the source and the drain. 



FIGURE 1-28 Gate structure 
and depletion region shape near 
channel pinchoff in a vertical- 
channel JFET. (Reprinted with 
permission from Solid State Elec¬ 
tronics, vol. 10, R. Zuleeg, 
"Multi-channel Field-Effect 
Transistor, Theory and Experi¬ 
ment,” © 1967, Pergamon 

Press, Ltd.) 
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1-5-4 Gallium Arsenide FETs (GaAs FET) 

The majority of the FETs currently available utilize silicon as the semi¬ 
conductor material. Additional materials are being used in the develop¬ 
ment of new FETs, primarily aimed at achieving higher-gain band widths 
and lower high-frequency noise. The ideal high-frequency FET needs 
a base material that can simultaneously offer high carrier mobility, high 
drift velocity, and high avalanche breakdown. The semiconductor crystal 
gallium arsenide (GaAs) offers mobility seven times that of silicon and 
drift velocity 70 percent over silicon. However, the avalanche breakdown 
field for GaAs is only one-fourth that of silicon; thus high-power perfor¬ 
mance requires much higher currents. Because the techniques are less 
advanced, manufacturing costs are greater for GaAs than for silicon. 
These devices are making a significant contribution to amplifier design 
in the gigahertz range. 


1-6 SUMMARY 

This chapter has given a qualitative description of several types of field- 
effect transistors. As the presentation is aimed at the FET user, device 
design details have been avoided. 

Chapter 2 presents a more detailed electrical description of the FET, 
including mathematical interrelationships of the various characteristics 
such as pinchoff voltage, drain saturation current, transconductance, 
channel on resistance, temperature coefficients, and inner-electrode ca¬ 
pacitance. 

Other chapters will be devoted to applications of FETs in such circuit 
functions as analog switches, amplifiers, mixers, oscillators, voltage con¬ 
verters, voltage-controlled resistors, and constant current sources. 

Although the commercial availability of FETs followed the bipolar 
transistor by 8 to 10 years, this device has become a very valuable compo¬ 
nent in electronic circuits. Integrated circuits in such devices as com¬ 
puters, memories, and electronic TV games make extensive use of 
MOSFETs. TV and FM tuners and hi-fi amplifiers utilize FETs as input 
stages because of their superior low-noise performance. lonization- 
chamber-type smoke detectors utilize a MOSFET input-stage amplifier 
because of the very low leakage of the MOSFET gate. Analog multiplexer 
systems incorporate FETs and analog switches because of the absence 
of junction offsets in the on state and the bidirectional blocking capability 
in the off state. Recent developments in the manufacture of short-chan¬ 
nel FETs, such as VMOS, have increased power capabilities and have 
resulted in increasing high-power, high-frequency applications, a few 
of which are presented in the chapters that follow. 
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2-1 INTRODUCTION 

Chapter 1 was intended primarily to impart an understanding of the 
underlying phenomena of the field-effect transistor rather than to serve 
as an exact analysis of its behavior. To derive the relationship between 
Id, Vds, and Vgs from purely theoretical considerations would be difficult 
and is hardly justifiable from a user’s standpoint. From a practical stand¬ 
point, it is often preferable to represent the device characteristics by 
experimentally determined curves rather than by exact mathematical 
expressions, because the effects of donor and acceptor impurity concen¬ 
trations, initial channel and depletion-layer thickness, photographic mask 
configurations, and alignments, and variations of these within a device 
type are thus taken into account. The equations presented in this chapter 
should not be considered exact, but do give close approximations of 
the performance of most devices. They follow, for the most part, FET 
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theory presented by Shockley® and others^*^; however, certain physical 
characteristics assumed in theory are sometimes difficult to achieve in 
practice. For example, the original Shockley theory assumed abrupt junc¬ 
tions, uniform channel conductivity, and a carrier mobility independent 
of electric field intensity. Real devices, made by diffusion techniques, 
have some gradation of junctions and channel conductivity. In short- 
channel FETs the field at the drain end of the channel is typically high 
enough to cause some reduction in carrier mobility. 

For the initial discussions about static characteristics and the interrela¬ 
tionship of various parameters, we will use as an example a device which 
has a relatively long channel. Later the effect of shortening the channel 
length will be discussed. 


2-2 STATIC CHARACTERISTICS, JFET 

In general, in a three-terminal device, the drain current /© is a function 
of two variables, Fds and Fgs- This function is best represented by families 
of characteristic curves, as shown in Fig. 2-1. These curves are for the 
“common-source” configuration, with the drain as the output and the 



Gate-source voltage Vgs,V Drain-source voltage \^s,V 

(c) I n put (d) Reverse transconductance 

FIGURE 2-1 Static characteristics—if-channel JFET. 
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gate as the input. They reveal that for this device, if Vds is greater than 
about 2 V (but less than the drain breakdown), Id is primarily determined 
by the gate voltage Fgs- Under these conditions it is valid for small 
signals to characterize the FET by a single transfer characteristic curve, 
commonly called the “forward transconductance curve,’’ such as the 
upper curve shown in Fig. 2-1^. Some of the relationships between the 
forward transfer curve and the output characteristic curves of Fig. 
2"la will be examined. The value of Vqs which reduces Id to approxi¬ 
mately zero is the gate-source cutoff voltage, Fbscoff)- With reference to 
the output curve. Fig. 2-la, note that the drain current at Vqs — 0 tends 
to become saturated at a drain voltage approximately equal in magnitude 
to —Vosioff)- This drain voltage is often referred to as the pinchoff voltage 
Vp; however, in this text pinchoff voltage is used interchangeably with 
gate-source cutoff voltage. Vp will have the same meaning as Vcsiofo- 
The symbol Idss is commonly used to indicate the value of saturated 
drain current at Vgs = 0. 

The forward transconductance characteristic of Fig. 2-16 can be ap¬ 
proximated by a power law relation expressed as 


/d=//,sTi—(2-1) 

\ VGS(off)/ 

if Vds ^ “Foscoff). By differentiation the small-signal transconductance 
gfs is given by 

diD _ Ipss / ^ ^GS 
dVGs~ ”FGS(off)V VosiotJ 

Some texts indicate a value of 3/2 for n; however, experimental mea¬ 
surements on a number of n-channel JFET geometries indicate that the 
exponent n is close to 2, which is the value derived in an approximate 
treatment by R. D. Middlebrook.^ 

A useful relationship between g/so, loss, and VGs(off) is derived from 
the ratio of Eqs. (2-2) and (2-1). 

^ = n(FGs FGs(off))”^ (2-3) 

ID 

At Vgs = 0, /d = loss and g/s = g/so^ Using 2 as the value of the constant 
n leads to 


gfso — 2 


loss 

VGS(off) 


(2-4) 


For n-channel FETs Idss is positive and VGs(off) is negative; for/^channel 
FETs Idss is negative and Vgscow is positive; thus g/s is a positive quantity 
for both p- and n-channel FETs. 

Equation (2-1) indicates that for Vqs — Vcsiotf), Id = 0 . In a real device 
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-100 -30 -10 -3 - 1.0 - 0.3 - 0.1 

Gate-source voltage Vgs>V 

FIGURE 2-2 Drain current vs, gate-source volt¬ 
age—w-channel JFET (2N4868A). 


this does not happen. Starting from zero, as the gate voltage is made 
more negative, the drain current decreases until it reaches a very low 
value equal to the drain-gate leakage current. At this value the source 
current will consist of source-gate leakage. Any further increase in the 
magnitude of the negative gate voltage will result in an increase in lu 
leakage. For the small-signal device illustrated, this minimum Id is on 
the order of 2 X 10“^^ A. 

A more detailed Id-^^-Vgs characteristic is shown in Fig. 2-2, in which 
the data are plotted on logarithmic paper to show the current magnitude 
near ‘‘cutoff.” Because Id does not go to zero, the error of Eq. (2-1) 
increases as Vqs approaches Vosiom- From a practical measurement stand¬ 
point, Vcsiott) is usually specified at an Id value greater than the minimum 
expected value. The symbol iDiom is used for the approximate minimum 
value of /z). Device types characterized for switching applications will 
usually specify both Vgs (off) and Id (off), as shown in the example for the 
2N3970 specification: 


Characteristic 

Min 

Max 

Unit 

Text conditions 

Id (oft) drain cutoff current 


250 

pA 

Fds = 20V, Fgs = -12V 

VGs(off) gate-source cutoff 

voltage 

-4 

“10 

V 

Fz>s = 20V, /z,= lnA 


For this device FGs(off) is specified as that value of Vgs required to reduce 
Id to 1 nA, with a Vos of 20 V. 
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As is shown by the data plotted in Fig. 2-2, when the FET is to be 
used as a switch, the value of Vgs for the switch off condition should 
be a little greater than the data sheet-specified maximum Fcscoff)- 

Figure 2-2 shows that at a very high negative value of Vgs, there 
occurs a rapid increase in In. This is the voltage at which avalanche 
“breakdown” occurs at the drain-gate n-/? junction; it sets an absolute 
maximum rating on the drain-gate voltage for the device. In practice, 
the device data sheet will usually specify a minimum value for gate-to- 
drain and gate-to-source breakdown, as shown in the 2N3970 specifica¬ 
tion: 


Characteristic Min Max Unit Test conditions 


BVgss gate reverse breakdown 

voltage —40 V /g = 1 M-A, Vos = 0 


Since the test conditions set Vos — 0, this specification ensures that 
both drain-to-gate and source-to-gate breakdown will be equal to or 
greater than 40 V. The value of Ig for the test condition is greater 
than the normal gate leakage current of the device. /g-vs.-Fgs curves 
are shown in Fig. 2-3 with test points for BVqss and Igss indicated. Igss 
is the gate leakage current at a specified value of Vgs with V^s = 0. 
Forward gate characteristics are not usually specified because few appli¬ 
cations require operation in this mode. The curve of Fig. 2-3i is typical 


D 



Gate-source voltage Vqs , V Gate-source voltage Vgs, V 

(a) Reverse (b) Forward 

FIGURE 2-3 Gate current vs. gate-source voltage. 
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for a small-signal JFET with the gate /oraar^Z-biased. Operation with a 
few tenths of a volt forward gate signal is satisfactory if a few hundred 
picoamperes of gate current permits proper circuit performance. 

The output characteristic curve for Vgs = 0 of Fig. 2-1 a approximately 
follows the equation 

Id — gdso Vds ^ ^ ^ (2-5) 

where goso = slope (Hd/cIVds at Vgs and Vds = 0. It has been shown 
that gdso — gfso; therefore, by utilizing Eq. (2-4), Eq. (2-5) can be given 
as 


_ 2/dss j. , 
^D— J. yDs\ 

~ yosioff) 


2 VGSioff)/ 


If we rearrange terms and for convenience let Vp — VGs(off), we get 

/o = /«ss[2^-(-^)] (2-7) 

This equation is not valid when Vds exceeds —Vp. It indicates that as 
Vds approaches — Vp, the rate of change of Id with changing Vds decreases 
and reaches zero at Vds = Vp. In a real device (Hd/cIVds does not reach 
zero. ; 

For some types of applications of the FET, it is helpful to understand 
the characteristics at very low values of Vds, such as those shdwn in 
Fig. 2-4. A “very low value” is one which is small compared to the 
magnitude of Vgs ~ ^GS(off)- In this region Vds is small enough to have 
little effect upon channel thickness, so that the Id/Vds slope is nearly 
linear. Since the slope is a function of Vgs, the FET can be utilized as 
a voltage-controlled resistor. The conductance slope (AId/Vds) at 
Vds = 0 is approximately a linear function of Vgs ~ VGs(off)- 
If gds at Vgs = 0 is given the term gdso, then 

= r^) (2-8) 

\ yGs(off)/ 

with Vds = 0. A plot of this characteristic is shown in Fig. 2-5, along 
with gfs and Id characteristics. 

The relationship between gdso, VGs(off), and Idss is given by the equation 



where Idss and VGS(off) are as indicated in Fig. 2-1. It is important to 
note that Eqs. (2-8) and (2-9) and the gds curve of Fig. 2-5 are valid 
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Vgs = 0 



FIGURE 2-4 n-channel JFET output characteristic enlarged 
around Vds = 0. 


only for the case where Vds is very small compared to Vp. Drain-source 
conductance at higher values of Vds will be discussed later. FETs de¬ 
signed to be used as voltage-controlled resistors typically have a high 
Vcsioff) because the Vds/( Vgs ~ Vcsiott)) ratio should be low to keep distor¬ 
tion low. 



Gate-source voltage Vqs.V 


< 

E 


Q U- O 


FIGURE 2-5 Id, g/s, and gos versus gate-source 
voltafi^e. 
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In analog switching applications, Fgs is usually set at zero for the 
ON condition and at a voltage greater than Vgs( off) for the off condition. 
A maximum value of on resistance is usually specified at a small value 
of Id or Vds> or by a small-signal ac measurement at Vos = 0. 



2N3970 



Characteristic 

Min Max 

Unit 

Test conditions 

ros (on) static drain-source 

ON resistance 

30 

ft 

Vgs — 0, Id — 1 mA 

r<te(on) drain-source on 
resistance 

30 

ft 

VGs = 0,f= 1 kHz 


For the ac method, the signal frequency should be low enough that 
reactance effects can be neglected. 


2-3 GATE-CURRENT CHARACTERISTICS 

The gate current Ig of a JFET not only is a function of Vgs and Vgd 
but also may be a function of //>. Figure 2-l(i shows gate-current charac¬ 
teristics of type 2N4868A. This device has a BVgss in excess of 40 V; 
however, when the device is biased such that drain-to-source current 
is permitted to flow (a normal amplifier condition), then the gate-current 
“breakpoint” occurs at a lower drain-to-gate voltage. This breakpoint 
is a function of basic device design and is usually in the 10- to 30-V 
range. Beyond this breakpoint, Ig is approximately a linear function of 
Id and an exponential function of Vds^ At Vds = 0, the gate current is 
due to the collection by the gate of thermally generated minority carriers 
within the space-charge region at the gate-channel junction. When 
source-to-drain current is permitted to flow through the space-charge 
region at the drain end of the channel, additional minority carriers are 
generated due to electrons colliding with silicon atoms. The number 
of minority carriers created is a linear function of the channel current, 
flowing and an exponential function of the electric field resulting from 
Vdg^ 

This Ig breakpoint dependency upon Id occurs at higher voltages in 
/^-channel JFETs because of the lower mobility and lower ionization 
rates of holes in the drain space-charge region. 

For both n-channel and j&-channel JFETs the value of Igss and Ig 
below the breakpoint is approximately proportional to \^Vgs and \/Vgd- 
A further discussion of Ig is given in Sec. 3-8-2. 
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2-4 SMALL-SIGNAL COEFFICIENTS 


Because FETs are employed largely in circuits having varying currents 
and voltages, their dynamic characteristics are of interest. Referring to 
Fig. 2-1^, the slope of the curve or rate of change of Id with respect 
to Vgs is important. This slope is the forward (gate-to-drain) transconduc¬ 
tance of the FET, and is given the symbol gfs. As is apparent in Fig. 
2-16, gfs is a function of /o, decreasing as Id is decreased. Figure 2-6 
shows the relationship between gfs and Id for a typical FET type. Curves 
for two devices of the same geometry but having different Foscoff) values 
are included to show that gfs is also a function of Fcscoff)- The relationships 
of these three parameters, shown graphically in Fig. 2-6, are mathemati¬ 
cally expressed by Eqs. (2-10), (2-11), and (2-12). 


gfso = -2 


Ipss 

Vosioff) 


( 2 - 10 ) 


and 


also 



( 2 - 11 ) 


/ Id 

gfs = gfso(-^) (2-12) 

\iDSS/ 

The exponent | in Eq. (2-12) is indicated by the slope of the curves 
of Fig. 2-6. A plot of gfs versus Vgs is shown in Fig. 2-5. Note the similarity 
of the curves and equations for gfs and gds- It should be pointed out 
that the constant in Eq. (2-10) and the exponent in Eq. (2-12) may 
not be exact, but for most device designs these numbers will be close. 

Referring to Fig. 2-la, the small-signal output conductance is the 
slope A/d/A Vds at a constant value of Vgs- The term gos is used to symbol¬ 
ize this parameter. It is apparent that gos is a function of Vds and Id- 


FIGURE 2-6 Common-source for> 
ward transconductance vs. drain 
current. 



Drain current I^.mA 
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At Vds = 0, gos is equal to the goso discussed in association with Eq. 
(2-8). As Vds is increased, gos decreases. For voltage-amplifier applica¬ 
tions, a low gos is of importance because the maximum voltage gain is 
limited by the ratio gfs/gos^ If Id really saturated at —Vosiott), then gos 
would drop to zero at Vdg equal to or greater than —Vcsiofo- Most device 
types designed for small-signal low-frequency amplifiers will have g/s/ 
gos ratios in excess of 100 (for Vds > —Vcsioff))- Figure 2-7 shows gos 
versus Vds for typical n-channel JFETs. Figure 2-8 shows gos versus Id 
for a constant value of Vos- The curves of Figs. 2-6, 2-7, and 2-8 reveal 
two important points about devices of a given basic design: When oper¬ 
ated at a given value of Id, the device with the lower Vosiofo will have 
a higher gfs and a lower gbs- For a given power-supply voltage, available 
voltage gain is inversely proportional to Fcscoff). Also, lower values of 
Vcsioff) permit use of lower-voltage supplies. 

A simplified common-source FET voltage-amplifier circuit and its low- 
frequency equivalent circuit are shown in Fig. 2-9. This equivalent circuit 
neglects reactive components and dc leakages. It is given here to show 
the equivalent circuit location of the gfs and gos parameters discussed 
above. The voltage amplification with this circuit is 



If gos is small compared to 1/Rl, then Eq. (2-8) reduces to 

Ao = -gfsRL (2-14) 

The negative sign indicates that the phase of the signal is inverted. 

The low-frequency input conductance giss contains two principal com¬ 
ponents: the gate-source conductance (gbs = A/G/AFGs) and the gate- 
drain conductance (g^d = A/g/AFgd)‘ 

giss = ggs-^ ggd (2-15) 



FIGURE 2-7 Output admit¬ 
tance vs. drain-source voltage. 



Drain current Io,mA 


FIGURE 2-8 Output admit¬ 
tance vs. drain current. 
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FIGURE 2-9 FET voltage am¬ 
plifier and equivalent circuit 
(low-frequency simplified). 



As indicated in the curves of Fig. 2-lc and d, giss for a small-signal 
device is on the order of 10“^^ if Vgs is below junction breakdown and 
Vds is below the Ig breakpoint. In an amplifier configuration the effect 
of ggd will be increased by the voltage gain of the amplifier. For a circuit 
such as that shown in Fig. 2-9, the low-frequency input conductance 
would be 


gis = ggs + ggdi 1 + gfsRL) (2-16) 

(assuming that 1/gos > > Rl)- 

Even with a voltage gain of 10, gis of the FET amplifier will be less 



Gate-source voltage Vqs ,V 

FIGURE 2-10 Gate input characteristic when Vds exceeds the 
Ig breakpoint. 
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than 10“^2 mho at room temperature. Consequently, a FET has a low- 
frequency input resistance in excess of 10 ^^ since resistance is the 
reciprocal of conductance. 

At values of Vds greater than the Ig breakpoint (see Fig. 2-1 d), the 
dc value of Iq increases sharply. Above this corner the quantity ggd 
becomes negative, resulting in gtss going through zero and becoming 
negative. This occurs because Ig in this region is approximately a linear 
function of /d. Since A/d = gfs AVgs, a positive change in Vgs results in 
an increase in Id, which in turn causes an increase in the magnitude 
of /g. Since Ig is negative, A/g is negative; therefore ggd will be negative. 
Figure 2-10 is a plot of experimental data obtained from a typical JFET 
operating with Vns greater than the Ig breakpoint. These data show 
that the input conductance giss is negative for this bias condition. A 
transition from positive gtss to negative giss will occur near the knee of 
the /g-vs.-Fz)s curves shown in Fig. 2-ld. The FET low-frequency equiva¬ 
lent circuit with the gate conductance components added is shown in 
Fig. 2-11. The giss characteristic is not normally specified in FET data 
sheets; however, its magnitude can be estimated from the Ig specification. 


2-5 JFET CAPACITANCES 


As the operating frequency is increased, device capacitances become 
important parameters. For the JFET the principal capacitance is that 
of the gate-channel junction. The value and geometrical distribution 
of this capacitance are functions of the voltages Fgs and Vgd because 
these voltages have a direct effect upon the junction depletion-layer 
thickness. For abrupt junctions the capacitance per unit area is 


C = 



(2-17) 


Abrupt junctions are not achieved in the typical FET structure. The 
channel may consist of an epitaxial n-type layer on a p-type substrate 
and with a diffused p-type top gate. The diffusion process will cause 



9ds~ 


■O D 


FIGURE 2-11 JFET low-frequency equiva¬ 
lent. 
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FIGURE 2-12 JFET capacitances, intermediate-frequency 
model. 


some gradation of the junctions. For a graded junction the exponent 
of Eq. (2-17) would be ^ instead of In a functioning circuit the analysis 
of gate-to-channel capacitance is complicated by the nonuniform deple¬ 
tion width along the channel. The gate-drain depletion width will be 
greater than the gate-source depletion width, thus Cgd usually will be 
lower than Cgs. Figure 2-12 shows the equivalent-circuit location of these 
capacitances, plus the drain-source capacitance, and gives a concept of 
the relative depletion-layer thickness of the drain-gate and source-gate 
junctions. This sketch is intended to explain why the value of Cgd is 
typically less than that of Cgs. In some applications where Vqd and Vgs 
are approximately equal (such as in an analog switch or voltage-con¬ 
trolled resistor circuit), Cgd and Cgs may be approximately equal. The 
Cd 5 component is largely the device header (package) capacitance and 
is typically small compared to the other two components; however, at 
very high frequencies it must be considered. Devices designed specifically 
for high frequencies often utilize a special low-capacity package configu¬ 
ration. 

Figure 2-13 shows the effect of gate voltage upon Cgs and Cgd for a 
typical JFET designed for high-frequency (450-MHz) applications (Sili- 
conix type U310). The Cgd curve is lower than the Cgs because of the 
10-V Yds bias (at Yqs = 0, Ygd = ~10 V). These capacitances increase 



Gai-e-source voltage Vqs . V 


FIGURE 2-13 Junction capaci¬ 
tances vs. gate voltage. 
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the input and feedback admittance and limit the wideband amplifier 
performance. 

Because FET capacitances are sensitive to applied voltages, the circuit 
designer must examine the test conditions used in the device data-sheet 
specifications. For example, the device types listed below can be made 
from the same basic geometry, but capacitances are specified under dif¬ 
ferent test conditions for each type. 


FET 

type 

Characteristic 

Max 

pF 


Test 

conditions 


2N4092 

Ciss common-source 






input capacitance 

16 

II 

20, Vgs = -5 

/= 1 MHz 

2N4092 

Crss common-source 





reverse transfer 






capacitance 

5 

Vds = 

0, Vgs = -20 V 


2N4392 

Ciss 

14 


20, Vgs = 0 

/= 1 MHz 

2N4392 

Cre. 

3.5 

Vds — 

0, Vgs = -7 V 


2N4857 

Ciss 

18 

Vds — 

0, Fgs =-10 V 

/= 1 MHz 

2N4857 

Crss 

8 

Vds — 

0, Vgs =-10 V 


2N5564 

Ciss 

12 

Vdg = 

12, 4 = 2 mA 

/= 1 MHz 

2N5564 

Crss 

3 

Vdg — 

12, 4 = 2 mA 

/= 1 MHz 

2N5638 

Ciss 

10 

Vds — 

0, Vgs = -12 V 

/= 1 MHz 

2N5638 

Crss 

4 




Jill 

Cdgioff) 

5 

Vds = 

0, Vgs =-10 



Csgioff) 

5 

Vds ~ 

0, Fgs = -10 



Cdg(on) Csflr ( on ) 

28 

Vds — 

o 

II 

> 



2-6 NOISE CHARACTERISTICS 

Electrical noise generated within a FET is usually represented by equiva¬ 
lent noise sources, en and 4- Both noise voltage Cn and noise current 
in are frequency-dependent and have the characteristics shown in Fig. 
2-14. 

An equivalent noise circuit is shown in Fig. 2-15. Above the frequency 
fi, en is approximately given by: 

/ 0.67\i/2 

en^UKTB -) 

\ gfs / 

where K= 1.374 X IQ-^a j/k 

r= absolute temperature in kelvins (273 K = 0°C) 


(2-18) 
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10 100 IK lOK 100 K 

Frequency f, Hz 

FIGURE 2-14 Characteristics of junction FET noise. 

B — frequency range in hertz 
gfs = transconductance of FET 

With the input short-circuited, the noise voltage across the load Rl 
resulting from the FET is 

Output noise voltage = CnAy 

Below the frequency^, 4 increases proportional to l//"and is expressed 
as 



FIGURE 2-15 Equivalent FET noise cir¬ 
cuit. 


The low-frequency corner fi for JFETs is typically in the 100-Hz to 
1-kHz range, and the exponent n is usually between 1 and 2. As indicated 
by the equations, Cn is inversely proportional to the square root of gjs. 

The equivalent input noise current in is caused by the current in 
the gate-to-channel junction. Its approximate value below fz is 
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in = (2qlGByf^ ( 2 - 20 ) 

where q= 1602 X 10“^^ 

B = frequency range in hertz 
Ig = dc gate current 

This expression is fairly accurate when Ig is the result of the active 
device conductance. Typically in will be lower than the calculated value 
because part of 4? is due to conductance across the device package. 

At higher frequencies (above ^), 

- /4KTBVf^ 

where Rp = real part of gate input impedance. The high-frequency corner 
fi is typically in the range of 5 to 50 kHz. 

Another form of noise is known as “popcorn” or burst noise, the 
causes of which have not been completely identified. It shows up as a 
random short-duration step-function change in drain current, equivalent 
to an input gate-source voltage change of a few tenths of a microvolt. 
A more detailed discussion of FET noise is presented in Chapter 3. 


2-7 CHARACTERISTIC INTERRELATIONSHIPS 

When the time comes to select a FET for a particular circuit application, 
it is helpful to have an understanding of the interrelationship of the 
various electrical parameters. If the quantity requirements are to be 
large, it may be economically desirable to generate a specification tai¬ 
lored to the specific application. If one designs a circuit utilizing a stan¬ 
dard catalog device type, for example, and finds that the design can 
tolerate a wider range of VGS(off) (maximum to minimum), the part sup¬ 
plier may be able to offer a lower-price unit. However, if the range of 
a related parameter such as the drain saturation current loss is not also 
widened, then the wider Vcsiom spread may be of no help. For a given 
“geometry” (determined by a set of photographic masks), both Foscoff) 
and loss are affected by conductivity and thickness of the channel. These 
are determined by one or more non-mask-related process steps, such 
as epitaxial growth, channel diffusion, gate diffusion, or ion implantation. 
These parameters are also affected by variations in the masking opera¬ 
tions involved in the etching of oxide windows for top gate diffusions, 
especially on very short channel structures. The approximate equations 
for the JFET structure indicate the relationship between the electrical 
parameters and the geometric parameters. 
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w 

gfso — Ki-J-T 

(2-22) 

VGS(off) = K2 

(2-23) 

W 

Vdss=KsjT^ 

(2-24) 

where W = width 

L — length 

T — thickness of the channel 



If one varies only the thickness, then Fcsioff), gfso> and loisat) will change 
in an interrelated manner. 


^DSS 

gfso 


gfso 


= K,(VGsioffyr^^ 
= K, {VcsioffyV'^ 
_ 2 /dss 
Vcsioff) 


(2-25) 

(2-26) 

(2-27) 


Figure 2-16 shows the interrelationship of these three parameters for 
a particular JFET geometry. Each dot on these plots represents a particu¬ 
lar device. The data were obtained from devices where the only inten¬ 
tional change was in the '‘top” gate diffusion time to create a change 
in the channel thickness. The fact that the dots do not all fall on a 
single line indicates that there were other variations such as donor and 
acceptor concentrations. This type of variation from the “ideal” control 
is typical of semiconductor manufacturing processes. From this one ge¬ 
ometry or “generic type,” several device types may be characterized. 
For example, the specification limits for three types are indicated on 
the plot. The complete JEDEC registered characteristics for these device 
types are given in Table 2-1. 

The major differences are due to a difference in channel thickness. 
The units with a high value of Vcsioft) have a thick channel, while those 
with a low Voscoff) have a thin channel. The data of Fig. 2-16 show that 
for a given value of Fcsioff), the ranges of loss and g/so are limited. It 
should be emphasized that the data are for a particular device geometry 
and manufacturing process. It is possible to produce devices which meet 
the specified electrical characteristics using different geometries and 
processes; therefore, a plot of device types from a different manufacturer 
will not necessarily coincide with that shown in Fig. 2-16. 

The data shown in Fig. 2-16a and b were used to calculate a g/so/ 
loss ratio. This characteristic, which is an inverse function of VGs(off)> is 
plotted in Fig. 2-16c. These data indicate that for a given geometry, a 
higher g/so/Ioss ratio is achieved with the units having lower FGS(off)- 



TABLE 2-1 ELECTRICAL CHARACTERISTICS (25°C UNLESS OTHERWISE NOTED) 


Characteristic 

2N4867 

2N4867A 

2N4868 

2N4868A 

2N4869 

2N4869A 

Unit 

Test conditions 

Min 

Max 

Min 

Max 

Min 

- - J 

Max 

1 

S 

t 

a 

t 

i 

c 

D 

y 

n 

a 

m 

i 

c 

loss gate reverse current 


-0.25 


-0.25 


-0.25 

nA 

fiA 

Vgs = -30 V, Vos = 0 


2 

_i 

-0.25 


-0.25 


-0.25 

150°C 

3 

BVgss gate-source breakdown 
voltage 

-40 


-40 


-40 


V 

Ig — 1 jttA, Vos — 9 

4 

Eoscoff) gate-source cutoff voltage 

-0.7 

-2 

-1 

-3 

-1.8 

-5 

Vos = 20 V, lo= 1 juiA 

5 

loss saturation drain current 

(note 2) 

0.4 

1.2 

1 

3 

2.5 

7.5 

mA 

Vos = 20 V, Vgs = 0 

6 

gfs common-source forward 

transconductance (note 2) 

700 

2000 

1000 

3000 

1300 

4000 

fxmho 

Vos = 20V, Vgs = 0 

/ = 1 kHz 

7 

gos common-source output 

conductance 


1.5 


4 


10 

8 

Crss common-source reverse 

transfer capacitance 


5 


5 


5 

pF 

/ = 1 MHz 

9 

Ciss common-source input 

capacitance 


25 


25 


25 

10 

6 x 1 short-circuit equivalent 

input noise voltage 


20 

1 


20 


20 

nV 

\/Hz 

Vos = 10 V, 

Fgs = 0 

2N4867 Series 

/= 10 Hz 

11 


10 


10 



2N4867A Series 

12 


10 

I 

10 


10 

2N4867 Series 

/ = 1 kHz 

13 


5 


5 


5 

2N4867A Series 

14 

NF spot noise figure 


1 


1 


1 

dB 

Fz,s=10 V, Vgs = 0 

20 K, 2N4867 Series 

5 K, 2N4867A Series 

/ = 1 kHz 


♦ JEDEC registered data. NS 

notes: 

1 Due to symmetrical geometry, these units may be operated with source and drain leads interchanged. 


2 Pulse test duration = 2 ms. 
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FIGURE 2-16 Gate-source cutoff voltage 
Fcscoff), in volts, relationship of loss, g/so> and 
ratio gfs/Ioss- 
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FIGURE 2-17 JFET geometry selection guide. 


Characteristics of a variety of n-channel JFET geometries are given 
in Fig. 2-17. The interrelationship of characteristics related to channel 
thickness is shown in curves a, 6, c, and d. Other geometry-related charac¬ 
teristics are shown in graphs f g, and h. The geometries are identified 
by two- or three-letter codes, such as NT, NZA, or NC. These manufac¬ 
turing codes are used by Siliconix Incorporated to designate their partic¬ 
ular FET chip designs and are not necessarily those used by other manu¬ 
facturers. These letter codes are related to device part numbers in the 
Geometry section of Siliconix Incorporated’s “Field Effect Transistor 
Data Book.” For example, from that book, one can find that the NC 
geometry is used to make device types 2N3970-72, 2N4091-93, 2N4391- 
93, 2N4856~61, 2N4856A-6-61A, 2N5564-66, 2N5653-54, and Siliconix 







PARAMETERS AND SPECIFICATIONS 


45 


type J111-13. As indicated by this list, the NC geometry has wide use. 
Its relatively short channel gives it a reasonably good g/s/Qss ratio, which 
makes it useful in UHF/VHF oscillator and amplifier applications up 
to about 400 MHz. 

The NQT geometry is a dual narrow-channel device. It has a low 
gfs, but because of its small size it has very low gate-leakage current; 
some matched duals characterized from the NQT geometry have an 
operating 1g specification of 0.1 pA max. 


2-8 MOSFET CHARACTERISTICS 

Common-source output and forward transconductance characteristics 
for two types of MOSFETs are given in Figs. 2-18 and 2-19. Figure 
2-18 is for an n-channel depletion-mode device type 2N3631. The output 
and transfer characteristics indicate that gate-source voltage may be posi¬ 
tive or negative. 



Drain-source voltage VqsiV Drain-source voltage Vgs,V 

(a ) Output characteristics ( b) Transfer characteristics 


FIGURE 2-18 Characteristics of it-channel depletion-type MOSFET (2N3631). 



Drain-source voltage Vgs , V Gate- source voltage Vgs ^ V 

(a) Output characteristics (b) Transfer characteristic 

FIGURE 2-19 Characteristics of n-channel enhancement-type MOSFET (Ml 16). 
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An important characteristic of this device, compared with a JFET, 
is the very low gate current. Input leakage resistance is typically greater 
than 10^® n. 

This low input leakage characteristic makes this device useful in ultra- 
high input-impedance amplifiers for circuits such as ionization-chamber 
input-type smoke detectors, pH measurement instruments, and proxim¬ 
ity sensors. Caution must be exercised in handling this unit because it 
contains no protective circuit for the gate oxide. A gate-to-channel volt¬ 
age in excess of ±60 V may cause permanent damage to the oxide. In 
this particular geometry the body is internally connected to the source. 

Figure 2-19 shows characteristics for an n-channel enhancement-mode 
device which has incorporated a gate-protecting diode connected be¬ 
tween the gate terminal and the body of the MOSFET. This diode is 
designed to have a breakdown voltage of less than the voltage which 
would damage the gate oxide but greater than the normal gate operating 
voltage range. The diode limits the magnitude of the negative-going 
gate-body voltage to about 0.6 V, and the positive gate-body voltage 
to about 50 V. 

The transconductance and output characteristics of the MOSFET are 
similar to those of the JFET. The transconductance curve is shifted 
along the Vgs axis for the “normally off” enhancement-type device, 
so that a positive gate-source voltage is required to turn this unit on. 
The Vgs at which channel conductance just starts is called the “gate- 
source threshold voltage” and is given the symbol Fbsah). This corre¬ 
sponds to the VGs(off) of the depletion-type devices. The transconductance 
equations of the two types are similar, i.e., 

Id — ~{ Vgs ~ Fbscoff))^ (2-28«) 

where Vgs > Fbs(off) (depletion type) 

/d = |(Fgs-FG s(th))^ ( 2 - 286 ) 

where Vgs > VGsah) (enhancement type) 

K is the device constant, which is a function of its geometry. The trans¬ 
conductance is 


gfs 


Mp 

AVgs 


— K(Vgs~ VGS(off)) 


(2-29a) 


where Vgs > VGs(off) (depletion type) 
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" ^Gs(th)) (.2-29b) 

where Vgs ^ K^scth) (enhancement type) 

Equations (2-28) and (2-29) assume that Vds is greater than (Vgs ~ 
Vcsioff)) or {Vgs ~ Eoscth)). As with the JFET, for the idealized device, 
Id and g/s saturate at a drain voltage of (Vgs “ Vcscoff)) or (Vgs “ ^GS(th))- 
Below saturation, Id and g/s are functions of both Vgs and Vds • 

/o = k(^FpVds-^') (2-30) 

where Vp = (Vgs ” fcscth)) or (Vgs ~~ foscoff)) and Vds ^ Vp 

A low-frequency equivalent circuit is shown in Fig. 2-20 for the com¬ 
mon-source configuration. The transconductance g/s has been discussed 
above. The input conductance gin is due to leakage through the thin 
gate oxide, device package leakage, and (if included) input protection 
diode. The output conductance gos has a finite value even at Vds greater 
than “saturation” because of the decrease in effective channel length 
with increasing Vds^ 

The output capacitance Cds consists mostly of the drain-body n-p 
junction capacitance and is inversely proportional to the square root 
of the drain voltage. Input capacitance Cgs and feedback capacitance 
Cdg are complex functions of Vgs, Vds, substrate resistivity, threshold 
voltage, and overlap of the gate metal above the source and drain regions. 
Figure 2-21 shows short-circuit gate capacitance vs. gate-source voltage 
for an n-channel enhancement-type MOSFET. This capacitance is related 
to the carrier concentration of the silicon directly under the gate metal. 
At a gate voltage below VGsah), the “channel” region is depleted of 
carriers and thus Q decreases. For Vgs more positive than kbsah), conduc¬ 
tion electron concentration is increased; thus Q increases for Vgs > 
VGs(th)’ In many devices the metal gate overlaps the drain region. This 



FIGURE 2-20 Low-frequency equivalent circuit for MOS¬ 
FET. 
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04 8 12 16 20 

Gate-source/drain voltage 
Vgs / ^GD > V 

(a) Gate capacitance 
vs voltage 



Source/drain - substrate voltage 
Vsu / Vdu , V 

(b) Substrate capacitance 
vs voltage 


FIGURE 2-21 MOSFET capacitance characteristics. 


fringe effect becomes an important contribution to the feedback capaci¬ 
tance Cgd. 

Because of the nonlinear nature of the FET, these equivalent-circuit 
elements are functions of the operating points; thus it is important that 
the bias conditions be specified when assigning values to the equivalent- 
circuit components. 


2-8-1 Dual-Gate MOSFET 

The dual-gate MOSFET is designed to decrease the degenerative feed¬ 
back effect of Cdg^ This structure in a typical application is equivalent 
to a common-source amplifier followed by a common-gate amplifier, 
an arrangement commonly called a “Cascode” circuit. Because of the 
low voltage gain of the input stage, the “Miller effect” of the Cdg is 
greatly reduced. The second gate also provides an effective means for 
automatic gain control (AGC). Application of the AGC signal to gate 
2 results in a more remote cutoff characteristic than is achieved with a 
single-gate structure. 

Figure 2-22« shows a section view of the dual-gate structure. This 
device is equivalent to two MOSFETs connected as shown in Fig. 
2-226. The more common symbol is given in Fig. 2-22c. A symbol with 
gate-protecting diodes is shown in Fig. 2-22rf. The series diode arrange¬ 
ment shown permits both polarities of gate voltages—an important factor 
for some applications. 

The output and forward transconductance characteristics of the dual¬ 
gate MOSFET are functions of both gates. If Vgs 2 is large, the output 
and transfer characteristics Id vs. Vqsi and Id vs. Vds are similar to those 
of a single-gate device. Under these conditions, the voltage Vgs 2 has 
created a low-resistance channel between the drain and the internal 
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(a) Section view dual gate 
MOSFET 

FIGURE 2-22 Dual-gate MOSFET—structure and symbols. 


node S' D '. As Vgs 2 is decreased, the transconductance characteristic 
curves become saturated at a drain current determined by Vgs 2 as shown 
in Fig. 2-23a. The resulting forward transconductance characteristics 
are shown in Fig. 2-23h. 

The small-signal equivalent circuit shown in Fig. 2-20 can also be 
utilized for the dual-gate MOSFET. The value of Cdg for the dual-gate 
unit is greatly reduced compared with an equivalent single-gate device, 
a typical value being 0.02 pF for the dual-gate unit compared with 
1.0 pF for the single-gate unit. 

2-8-2 Short-Channel MOSFET (VMOS) 

The short channel and the backside drain contact of the VMOS (vertical- 
channel MOS) design result in higher current capability than has been 
achieved with conventional planar MOS designs. High drain-source volt¬ 
age Vds and low drain-gate capacitance Cgrd characteristics are achieved 
by including a near-intrinsic n~ layer between the drain end of the chan- 


< 

E 



- 0.8 - 0.4 0 0.4 0.8 

Gate one source voltage Vg,s »V 



Gate one source voltage Vgis>V 


(a) Transfer characteristics 

FIGURE 2-23 Dual-gate MOSFET characteristics. 


( b ) Forward transconductance 
vs gate one - source voltage 
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nel and the drain contact. The high Vos advantage resulting from 
this design is achieved at the expense of drain-source symmetry; this 
means that drain and source functions cannot typically be interchanged. 
The source-body breakdown voltage is lower than drain-body break¬ 
down. However, this nonsymmetry characteristic is unimportant in most 
applications where the body would be connected to the source. (For 
analog switch applications, Chapter 5 shows how VMOS units can be 
used back to back to achieve symmetrical high-voltage switching charac¬ 
teristics.) The short channel length causes a carrier velocity saturation 
effect which results in a low gos as indicated in the output characteristics 
of Fig. 2-24a. The carrier velocity saturation also causes gfs to saturate 
at (Vgs ~ FGS ( th )) values exceeding a few volts. For example, the transcon¬ 
ductance gfs of the VMOS type 2N6656 saturates at a Vgs value of about 
4 V. This constant gfs characteristic is indicated in the /d-vs.-F^^s and 
the g/s-vs.-Fos curves of Fig. 2-24. 

The transfer characteristic indicates that 

lD = K{VGs-VGsim) (2-31) 

where VGsah) is the intercept at /d = 0 of Vgs extrapolated from the 
linear portion of the characteristic (see Fig. 2-246). Equation (2-31) also 
assumes that Vds > (Vgs — Ebsah))- 

Gate capacitance of the VMOS may be separated into three compo¬ 
nents. The gate-to-drain region capacitance, at the bottom portion of 
the V groove, will decrease as Vdg is increased because of the increasing 
depletion of carriers in the n" layer. Thus Crss (or Cgd) has a negative 
Vdg coefficient and, because of the low carrier concentration in the n" 
layer, will be fairly small. 

Gate-to-source capacitance Cgs is a function of the gate-metal overlap 
into the source region. The carrier concentration in the source region 
is relatively high; therefore gate-source voltage has little effect upon 
the capacity of this region unless negative gate voltages are large enough 
to deplete the source. Positive gate-source voltages exceeding Vgsuh) 
pull carriers into the channel region, increasing gate-to-channel capaci¬ 
tance. On either side of the threshold region this capacitance is not 
very voltage-dependent. 

Drain-source capacitance Cds is the junction capacitance of the drain- 
body diode. It thus has a negative voltage coefficient. 

The gate capacitance of the typical VMOS structure, per unit of for¬ 
ward transconductance, is lower than that of the typical high-frequency 
JFET; thus excellent high-frequency performance can be achieved. Fig¬ 
ure 2-24r shows capacitance characteristics of a VMOS device which 
has a gfs of about 250 mmhos. The gfs/Qss is indicated as (250 X 
10~®)/(50 X 10~^2) = 5 X 10® mhos/F. For comparison the type U310 
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(a) Output characteristics 
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(b) Transfer characteristics 
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FIGURE 2-24 Performance characteristics—typical VMOS (2N6656). 


(a good 450-MHz JFET) has an indicated gfs/Qss ratio on the order of 
10“V(5 X 10“^2) = 2 X 10® mhos/F. A similar comparison using Crss 
shows an even more signihcant advantage of VMOS. 

VMOS FETs are available both with and without zener diodes or 
other protective devices shunting the gate-to-source voltage. The inclu¬ 
sion of these devices contributes to input admittance, which is undesira- 











52 


DESIGNING WITH FIELD EFFECT TRANSISTORS 


ble for high-frequency or fast-switching applications. High-frequency, 
high-power VMOS FETs without gate-protecting diodes have been 
found to be relatively trouble-free if typical MOSFET handling precau¬ 
tions are exercised. 

The positive temperature coefficient of the drain-to-source on resis¬ 
tance (and the corresponding negative coefficient of Id) serves as an 
aid in paralleling several devices for increased current and power capabil¬ 
ity. The “current-hogging"’ problem of paralleled bipolar transistors 
does not occur, and so negative-feedback resistors are not required. 


2-9 ANALOG SWITCH PARAMETERS 

The high ratio of off resistance to on resistance of the FET has resulted 
in a variety of applications as electronic switches. The FET is especially 
useful in circuits which must control analog signals. In the on state, a 
conducting channel connects source to drain with none of the junction 
barriers (and resulting offset voltages) that exist in diode, bipolar transis¬ 
tor, and SCR switches. In general, design goals for a FET switch are 
similar to those for a FET amplifier. That is, high channel conductance. 
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FIGURE 2-25 Equivalent circuits for FET analog switch. 
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Gate-source voltage Vgs 

FIGURE 2-26 Channel conductance gas versus gate-source volt¬ 
age Fgs. 


low capacitance, low leakages, high breakdown voltage, and low gate- 
control voltages are desirable. For the circuit designer, however, different 
characteristic specifications are needed. This section covers the major 
switch parameters which are shown in the equivalent circuits of Fig. 
2-25. The specifications assume that for the switch off condition the 
gate-source and gate-drain voltages are such that the channel is cut 
off. This means that for the n-channel FET the Vqs and Vgd must be 
more negative than the value of Vcsioft) or Foscth)- For the switch on 
condition, Vqs and/or Vgd must be more positive than the value of VGs(off) 
or VGs(th)‘ In the on condition the channel conduction is a function of 
gate voltage and drain-source voltage. Usually when the switch is on , 
Vds is low; therefore the on resistance rosion) is specified at a low value 
of Vds- Figure 2-26 shows channel conductance characteristics for 
n-channel and /^channel depletion-type and enhancement-type FETs. 

Equations for these characteristics are as follows. For n-channel deple¬ 
tion type: 

g<is = — = K(VGs- Vosiom) (2-32a) 

rds 

where Vgs ^ V^Gs(off) 

For p-channel depletion type: 

gds ~ ~ f^GS(off) ~~ ^Gs) (2-32 b) 

rds 


where Vgs < VGs(off) 
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For n-channel enhancement type: 

g-d* = — = /i: (Fbs - Fesrth)) (2-32c) 

rds 

where Vgs ^ ^GS(th) 

For /^-channel enhancement type: 

gas = — = K(Vosm) - Vgs) (2-32d) 

Tds 

where Vqs < Fbs(th) 

[In Eqs. (2-32) the symbol > means “more positive than” and < means 
“less positive than.”] As shown in Fig. 2-26 and Eqs. (2-32), making 
the n-channel Vgs more positive or the /^-channel Vgs more negative 
(with respect to VGs(off) or Fcsah)) will improve channel conduction and 
lower ros. For the JFET a “forward” bias at the gate-to-channel p-n 
junction should be avoided; therefore the on resistance is normally speci¬ 
fied with Vgs — 0* 

For the enhancement-type MOSFET there is no gate-to-channel junc¬ 
tion to limit VgS‘ However, there is usually a gate-to-body protective 
diode included in the device. Also the gate-to-channel voltage should 
not exceed the maximum device ratings, or the gate dielectric may be 
damaged. In many applications, the source-to-body and drain-to-body 
voltage may be a function of the analog voltage being switched. Since 
the body acts like a “back” gate (with respect to the channel), the channel- 
to-body voltage will affect the value of ras(on)- Figure 2-27 shows rosion) 
characteristics for a Siliconix type Ml 14, a /^-channel enhancement-type 
MOSFET designed for analog switching applications. The specification 
for this device places limits on ras(on) at three different bias conditions 
as tabulated below. 


Characteristic (Ml 14) Min 

Max 

Unit 

Test conditions 



rds(on) drain-source 

240 

a 

Fgs = -40 V, Fbs = 0 



ON resistance 

275 

n 

Fgs = -25 V, Vbs=15 

Id — 

0 


500 

a 

Fgs = -10 V, Fbs = 30 

f = 

1 kHz 


In the switch off state, the value of (Vgs “ Fbs(off)) or (Vgs “ Fbs(th)) 
must be negative for the n-channel FET or positive for the /^-channel 
FET. Source and drain leakage is principally to the gate for the JFET 
and to the body for the MOSFET. These are reverse-bias /?-n junction 
leakages and typically are proportional to the square root of the junction 
voltage. 
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FIGURE 2-27 Drain-source on re¬ 
sistance vs. gate-source voltage. 
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Source-to-drain feedthrough in the off state is a function of the ca¬ 
pacitances shown in Fig. 2-25. Cds is small (<0.1 pF) compared with 
the others and can usually be neglected. Feedthrough via Csg, Cdg, and 
Csu can be greatly reduced by providing a low-ac-impedance termination 
for the gate and body terminals. Many data sheets quote input and 
output capacitances for the common-source ampliher configuration, that 
is, Qssy Crss, and Coss- These parameters may be related to the circuits 
of Fig. 2-25 by the equations 

Qss — Cgs + Cgd (2-33) 

Coss= Cds~^ Cgd+ Cbd (2-34) 

Crss = Cgd (2-35) 

In addition to contributing to source-to-drain OFF-state feedthrough, 
Cgs and Cgd will contribute to charge injection from the gate-control 
circuit to the analog signal path. 

Switching times (turn-ON and turn-OFF times) are largely determined 
by gate capacitance, which must be charged or discharged to change 
the conduction state of the channel. A low value of capacitance is desira¬ 
ble for fast switching; however, if it is achieved by reducing channel 
width, an increase in Vds results. A good figure of merit is the rds X 
Ciss product, which should be small. The value of Vds can be reduced 
for a given geometry by increasing channel thickness; however, this also 
increases VGs(off), and therefore, when comparing the Vds X Ctss products 
of various devices, the value of Foscoff) must also be considered. For 
JFETs, rds(on) is approximately proportional to l/\/ Fcscoff) for a given 
device geometry. 


2-9-1 Offset Voltage 

Ideally no currents are required to hold the FET switch in either the 
ON state or the off state. In the on state, there are no p-n junctions 
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FIGURE 2-28 A typical system. 


with their potential barriers in series with the conducting source-to- 
drain channel. However, offset voltages may occur from differential or 
unbalanced thermoelectric EMFs generated between source and drain. 
At each dissimilar metal junction, a thermoelectric EMF will exist. A 
typical system is shown in Fig. 2-28. In this system, the thermal offset 
voltage is given by 

F(thermai) = (Gold/Al coefficient) (Ti - T^) + (Al/ 

silicon coefficient) {T 2 — Tz) (2-36) 

The source and drain contacts on the FET chip are very close together, 
so that unless there is appreciable dissipation within the chip, T '2 — Tz 
is very small. Thermal offset voltages of a discrete FET are typically 
less than 1 jutV. If the device is a part of an integrated circuit or is included 
within a package containing heat-generating components which cause 
a thermal gradient across the chip, tens of microvolts of thermal EMF 
offset voltage may be developed. 


2-10 TEMPERATURE EFFECTS 

Changes in FET characteristics with increasing temperature can be re¬ 
lated to one or a combination of the following: (1) a decrease in carrier 
mobility, (2) an increase in the thermal generation of hole-electron pairs, 
(3) a decrease in the depletion-layer width at /?-njunctions, (4) a decrease 
in impact-ionization rates in high-field regions, and (5) an increase in 
donor and acceptor impurity ionization. These factors have the effect 
of causing most FET characteristics to improve with decreasing tempera¬ 
tures. Factor 5 is minor above about 70 K; however, below this, impurity 
ionization starts to decrease rapidly, so that JFET channel conduction 
also drops rapidly. The improvement in carrier mobility with decreasing 
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temperature results in increasing channel conductance (and transcon¬ 
ductance) until the 70-K region is approached. The increasing mobility 
also causes some reduction in avalanche breakdown of p-n junctions. 

JFET gate “leakage” current Iq, in a normal common-source amplifier 
operating mode, is proportional to minority-carrier generation within 
the gate-junction depletion regions (space-charge regions). The two 
sources of carriers are those generated by thermal ionization and those 
generated by impact ionization. Thermal generation increases exponen¬ 
tially with temperature—doubling about every 10 or 12°C. Impact ioniza¬ 
tion decreases with temperature because it is a function of carrier veloc¬ 
ity, which has a negative temperature coefficient. Figure 2-ld shows the 
typical net effect of these two characteristics upon /q. In most applications 
where a low Ig is important, the FET will be biased below the “knee” 
or “breakpoint” of the /o-versus-curve. If this is the case, then Ig 
will approximately double for every 10 to 12°C increase in temperature. 
Note that the breakpoint is a function of channel (drain) current. This 
is because the “excess” gate current is due to impact ionization by the 
carriers making up the channel current, and therefore is proportional 
to channel current. 

The decrease in depletion-layer width at the p-w junctions results in 
an increase in channel thickness and thus an increase in Vcsioff)- This 
is equivalent to a Vgs change of about 2.2 mV/°C. (This is the same 
as the p-n diode forward-voltage change, and the base-emitter voltage 
change in a junction transistor.) With respect to channel conduction 
gds and drain saturation current /^ss, the widening channel effect is op¬ 
posed by a decrease in mobility. If Fosioff) is large (say 5 V), then the 
mobility decrease predominates and loss and gos have a negative tem¬ 
perature coefficient of approximately (1.006)“^^. If VGsiotf) is approxi¬ 
mately —0.63 V, the channel thickness change exactly compensates the 
mobility decrease, which results in a near zero temperature coefficient 
for loss- A FET with VGsioff) greater than 0.63 V can be biased down 
to its zero-TC operating point, at a Vgs of about VGs(off) + 0.63 V. Figure 
2-29 shows the /d- versus-F gs characteristics at three temperatures. It 


FIGURE 2-29 FET transfer 
characteristics at three tempera¬ 
tures. 
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can be seen that for this device zero TC for Id occurs at Vqs — 0.9 V, 
which is about 0.63 V above Vcscoff)- 

Temperature effect upon gate capacitance is a function of how the 
device is biased. The change in depletion-layer thickness tends to give 
the junction capacitance a positive coefficient. However, if the bias is 
large (drain-gate voltage, for example), then the percentage change in 
depletion-layer thickness (and thus the capacitance) is small. 


2-11 DERATING FACTORS 

As shown above, the FET electrical characteristics are a function of 
temperature. The temperature of importance is that of the active region 
of the device, which probably will be higher than the surrounding am¬ 
bient temperature due to internal heating. Every part of the FET has 
thermal properties: the silicon die, the die attach material (solder, epoxy, 
etc.), and the header. The thermal properties include thermal resistance 
and capacitance, analogous to electrical resistance and capacitance. The 
die temperature rise above ambient is the product of the die power 
dissipation and the thermal resistance between the die and the ambient. 
Thermal resistance is normally expressed as °C/W (degrees Celsius per 
watt). For power devices, the temperature rise is usually specified with 
reference to the device case (package) temperature; thus it does not 
take into account the thermal resistance involved in mounting the case 
to a heat sink. 

Temperature is important from the standpoints of electrical character¬ 
istics and long-term reliability. The maximum device temperature and 
dissipation ratings specified in data sheets usually are related to long¬ 
term reliability considerations. Recommended maximum internal tem¬ 
peratures established by users and manufacturers of silicon FETs are 
usually in the 150 to 200°C range. Dissipation ratings are thus related 
to the recommended maximum device temperature. For example, as¬ 
sume a device with a maximum temperature rating of 200has a ther¬ 
mal resistance of 30°C/W. If the case temperature is held to a maximum 
of 50*^0, then the dissipation should be limited to 

r.-r. 200-50 _ 

“C/W 30/W 

For another example, assume a device has a “free-air"’ (no heat sink) 
power dissipation derating factor of 3 mW/°C. This implies that the 
thermal resistance is (3 mW/°C)“^ or 333°C/W. If the device is operated 
at a power dissipation level of 50 mW, then the internal temperature 
Tj will be 
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A7] = (0.050 - —^= 16.5°C 

W 

above the ambient temperature. The free-air rating means that the ther¬ 
mal resistance of case to surrounding air is included in the rating, that 
is, no heat sink is assumed. 


2-12 GLOSSARY OF TERMS AND ABBREVIATIONS 

BVgss Gate-source breakdown voltage 

Cbd Body-drain capacitance 

Cgd Gate-drain feedback capacitance 

Cgs Gate-source capacitance 

Ciss Common-source input capacitance 

Coss Common-source output capacitance 

Crss Common-source reverse transfer capacitance 
Cds Drain-source capacitance 

en Equivalent short-circuit input noise voltage 

in Equivalent short-circuit input noise current 

gfs Common-source forward transconductance 

gfso Common-source forward transconductance when 

Vgs = 0 

giss Common-source input conductance 

gos Common-source output conductance 

loioff) Drain cutoff current 

Id Drain current 

loss Saturation drain current (at Vqs — 0) 

Ig Operating gate current 

loss Gate reverse current 

'i^ds(on) Dynamic drain-source on resistance 

'i^Ds(on) Static drain-source on resistance 

Rl Drain load impedance 

Vds Drain-source voltage 

Vdg Drain-gate voltage 

Vgs Cate-source voltage 

Vp Pinchoff voltage 

^Gs(th) Gate threshold voltage 

Ebscoff) Gate-source cutoff voltage 


REFERENCES 

1. Dacey, G. C., and I. M. Ross, “Unipolar Field-Effect Transistor,” Proceedings, IRE, 
41:970-979, 1953. 



60 


DESIGNING WITH FIELD EFFECT TRANSISTORS 


2. Middlebrook, R. D., “A Simple Derivation of Field-Effect Transistor Characteristics,” 
Proceedings, IEEE, 50:1146-1147, 1963. 

3. Nyquist, H., “Thermal Agitation of Electric Charge in Conductors,” Phys. Review, 32:110, 
1928. 

4. Radeka, V., “Field-Effect Transistors for Charge Amplifiers, IEEE Trans. Nucl. Sci, 
NS-20(1), 182-189, 1973. 

5. Shockley, W., “A Unipolar Field-Effect Transistor,” Proceedings, IRE, 40:1365-1376, 
1952. 



3 


LOW-FREQUENCY CIRCUITS 


3-1 Introduction 

3-2 Gross Boundaries of the Operating Region 
3-3 Design Example 

3-4 Establishing the Operating Point and Bias Method 

3-5 Input Capacitance 

3-6 Choosing the FET—A Design Example 

3-7 Constant Current-Source Bias 

3-8 Cascode Circuits 

3-9 Source Follower (Common-Drain Amplifier) 

3-10 Differential Amplifier 

3-11 Distortion in FET Amplifier 

3-12 Audio-Frequency Noise Characteristics 


3-1 INTRODUCTION 

FET electrical characteristics were discussed in Chapter 2, and equivalent 
circuit models were developed. In this chapter we will utilize these char¬ 
acteristics and models to develop FET amplifier configurations. 

Three basic problems facing the designer of an amplifier are (1) the 
choice of the circuit configuration, (2) the selection of the active device 
type to be utilized, and (3) the setting of the bias conditions. The choices 
for an amplifier stage that delivers 50 W of audio power to a speaker 
differ from those for one which amplifies a 5-jLiV signal from a high- 
impedance source. The selection of a device and its optimum bias are 
interrelated; however, the approximate bias can be determined prior 
to the selection of a specific device type. 
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3-2 GROSS BOUNDARIES OF THE OPERATING REGION 

For a linear amplifier there are gross boundaries on the FET output 
characteristics within which the operating point (bias) must be located. 
For reliable operation the voltage, current, and power-dissipation ratings 
of the FET should not be exceeded. For low distortion Vdg much below 
the Id saturation region should be avoided. The minimum drain-voltage 
boundary should be such that* 

Vdg = -Vp . (3-1) 

The maximum drain voltage should be specified so that the drain-gate 
or drain-source breakdown voltage is not likely to be exceeded. The 
maximum drain current may be limited by the Id (max) rating of the 
device or typically, in the case of a small-signal device, by the Idss value. 
Id may be permitted to be greater than Idss if the application permits 
a forward bias on the gate. 

The maximum power-dissipation rating results in the boundary of 
the maximum Vds * Id product. This boundary is a function of maximum 
operating temperature. In some cases exceeding the dissipation bound¬ 
ary may be permitted if the time factor is such that the rise in device 
temperature does not exceed the device maximum temperature rating. 

The shaded area of Fig. 3-1 shows the allowed operating region. 
The quiescent point (zero-signal bias point) must be such that with 



the maximum required output voltage and current swing, Vdg is not 
forced below — Fp and Id is not forced to zero. Further restrictions on 
the gross boundaries may be set by other factors such as available power- 
supply voltage and power consumption limits. 

* We have chosen to let Vp — Fcscoff). This differs from some writers’ use of Vp to mean 
the value of Vds at which Id saturates. For the classical FET, with characteristics as shown 
in Fig. 2-1, Id saturation occurs when Vdg = — Vp. 
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3-3 DESIGN EXAMPLE 

We will design a FET voltage-amplifier stage and discuss some steps 
in choosing a suitable FET. Using this FET amplifier, we will then discuss 
biasing methods. For the voltage-amplifier stage shown in Fig. 3-2, make 
the following assumptions: 

1. Voltage needed to drive the VMOS power output stage 

eo = 2 V rms = 2.8 V peak 

2. High-frequency (—3 dB) corner > 50 kHz 

3. Rl =10^ n 

4. Cl = 200 pF 

5. Total available supply voltage = 30 V 

6. Rgen = 30,000 a 

7. Low-frequency corner < 20 Hz 

8. Voltage gain ^o/^gen to be as high as practical 

There are three amplifier configurations: the common-drain, the com¬ 
mon-gate, and the common-source. The common-drain stage has a very 
high input impedance and a low output impedance; however, its voltage 
gain is less than 1. The common-gate stage can have a high voltage 
gain, but its input impedance is low. The common-source stage has 
both high input impedance and high voltage gain, so it is the configura¬ 
tion we will use for this amplifier example. We will start with the circuit 
of Fig. 3-2. The approximate equivalent circuits for low frequency, mid¬ 
frequency, and high frequency are shown in Fig. 3-3. 


Vdd 



FIGURE 3-2 JFET voltage amplifier stage. 
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FIGURE 3-3 Equivalent circuit of Fig. 3-2. 


3-4 ESTABLISHING THE OPERATING 
POINT AND BIAS METHOD 

The allowed operating region has been indicated in Fig. 3-1. How do 
we establish the quiescent operating point and how accurately need it 
be maintained? Fortunately, biasing of a single-stage FET is a relatively 
simple matter as compared with a bipolar transistor. The input (gate) 
of the FET draws very little direct current, and FET dc characteristics 
are not as temperature-dependent as bipolar characteristics. However, 
parameters do vary with temperature. Also, variations will occur from 
device to device within the same type number. To obtain fairly uniform 
performance over a wide temperature range with devices of a given 
type, it is desirable to control /d. When biased to a given Id, gfs varies 
less from unit to unit and with temperature than would be the case if 
it were biased with a constant Fgs. If the maximum possible output 
voltage is needed, then constant Id biasing is the best method to use. 
Constant Vgs biasing is seldom used in low-frequency /?C-coupled ampli¬ 
fier circuits because of the wide spread in Idss usually specified in device 
types. 

Biasing in such a way that Id is a controlled function of Vp may be 
even better than the constant-/© method. With constant current biasing, 
units with a high Vp typically will have a lower gfs than will units of 
the same device type with a low Vp. By permitting the Id to increase 
for the high-Vp units, the gfs can be held more nearly constant. This 




LOW-FREQUENCY CIRCUITS 


65 


will result in a change in Vdg, which must be taken into account when 
considering the maximum output. 

Figure 3-4 shows one method of making Id a function of Vp. The 
source current is supplied through a source resistor Rs, and Vg is con¬ 
stant. This is sometimes called the self-bias method and is widely used 
for ac amplifiers. 

For the forward-transfer and the output characteristic curves shown 
in Fig. 3-1, the source terminal was used as a reference (Vs was constant). 
In the circuit of Fig. 3-2, however, the gate voltage Vg is constant (assum¬ 
ing Ig is negligible). To study this bias situation, a different presentation 
of the characteristics will be used. For our design we will maintain 
Vdg^~Vp so that to a first approximation Id is affected only by Vsg- 
Figure 3-4 shows the //>-versus-F sg characteristic curves for two devices 
that we will consider to be our limiting units. is the unit with maximum 
Vp, and Q 2 is the unit with minimum Vp. Our goal is to minimize g/s 
variations between the limit devices. We will try to bias so that its 
g/s at Id(i) is the same as the Q 2 g/s at Id( 2 )^ The maximum value of 
Id(i) to avoid output clipping is , 


^z)(i) — 


Vno- Vg-V Vp-y/2. 


Rd 



Vdd 



FIGURE 3-4 Bias characteristics for the amplifier circuit of Fig. 3-2. 
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The problem is a little more complicated now because of our desire 
to maintain a constant g/s. It can be seen in Fig. 3~4 that for a given 
fod), Vg and Id( 2 ) will be a function of Rs. We want Id( 2 ) to be the value 
that results in the g/s of Q 2 being the same as the g/s of Q^. 

To determine /d( 2 ) we make use of Eqs. (2-12) and (2-10). By letting 
gfsii) = gfs{ 2 h we can get 7^(2): 

(3.3) 

iDss(2) \ ypd)/ 


where the subscripts (1) and (2) indicate devices 1 and 2. 

To obtain the slope Rs, we need the values of Vsgh) and Vsg( 2 )> which 
may be derived from Eq. (2-1). 


Vgs-vA\-{^Y 

L \^DSS/ J 


Then from Fig. 3-4 we get 


(3-4) 


and 


I — _ ^G(l) ~ ^SGi2) 

\ A/s Idu) ~~ TdX2) 

Vr ^ 



^Vg — RsJd(2) ~~ VsG{2) 


(3-5) 


(3-6) 


We can estimate the g/s at the operating Id with an equation derived 
from Eqs. (2-10) and (2-12): 


2(IdIdssY^ 
^ =. 

yp 


(3-7) 


The value oi Rd is needed to determine Idu) and the voltage gain Ty. 
To maximize Ay, Rd should be high; however, an upper limit is imposed 
by the required frequency response. The output side of the equivalent 
circuit shown in Fig. 3-3 will have a high-frequency corner which will 
be a function of Rq. Midfrequency output voltage is 


High-frequency output is 

^o(HF) 

1 


^o(MF) — '~^ggfsRo 

_ _ ~~gflrg/s7^ _ 

[l + (27r/CL/?^)2]i/2 


(3-8) 


(3-9) 


where l/flx>+l/«G + gos (3-10) 

The fall-off in output at high frequency resulting from Cl is obtained 
by the ratio of Eq. (3-9) to Eq. (3-8): 
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gQ(HF) __1_ 

^0(MF)''[l + (27r/a/?^)2]l/2 

(assuming eg is constant). 


(3-11) 


3-5 INPUT CAPACITANCE 


On the input side of the high-frequency equivalent circuit, the capaci¬ 
tance Qn will cause eg to decrease as frequency is increased. The equation 
to determine this loss is similiar to Eq. (3-11): 


^flr(HF) __1_ 

^^.(MF) “ [1 + (27rfQnRk)^V^^ 


(3-12) 


where Rg is the parallel combination of Rgen, Ri, and /? 2 , and 


an = Cgs-\- Cgail - Av) 


(3-13) 


Cgs and Cgd are functions of Vqs and Vgd^ Therefore we must determine 
bias conditions as well as Ay to determine Qn. 

Junction capacitance Cj as a function of voltage has the form 


If Cj is known at one bias voltage Vja), it can be determined at another 
bias voltage Vj( 2 ) by 



(3-15) 


For an abrupt junction, k = 0.5; for a linearly graded junction, k = 
0.333. Most JFET gate junctions fall between these two conditions, so 
we will use k = 0.4. For silicon the “built-in” space-charge voltage Vm 
is about 0.6 V. The FET specification sheet will normally give the bias 
condition for the Cgs and Cgd specs. For the amplifier, Vgs is given by 
Eq. (3-4). By observation from Fig. 3-4 we can get 

- Vgd = Vdd -Vg- IdRd (3-16) 


3-6 CHOOSING THE FET—A DESIGN EXAMPLE 

We will use these equations in the design of the amplifier of Fig. 3-2. 
A point that should be emphasized is that not all JFET device types 
conform to the equations presented in Chapter 2 and in this chapter. 
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NC geometry 


NS geometry 



Vos^V 

(a) 



Vd,V Rl=30K 



Vd,V Rl=120K 
(e) 



Vd,V 



Vd,V Rl=30K 
(d) 



Vd,V Rl=120K 
(f) 


FIGURE 3-5 Comparison of short-channel FET (NC geometry) with long- 
channel FET. 


After a part number has been selected for the amplifier, its characteristics 
should be checked with the design operating conditions, for conformance 
with the design goals. For example, the output characteristics of two 
different FET geometries are given in Fig. 3-5. The active chip areas 
of these two geometries are approximately equal, and their Vcsioff) values 
are about the same. It can be seen, however, that the NC geometry 
has an loss about 10 times that of the NS geometry. This is due to 
the difference in the channel length and width of the two types, the 
shorter length of the NC channel resulting in a higher Inss and g/s per 
unit of channel width. It also results in a higher g/so/Qd ratio, which 
is an important factor for high-frequency amplifiers and for low-ON-resis- 
tance analog switches. The long-channel NS geometry, on the other 
hand, is good for low-noise performance at low frequencies where its 
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relatively low gfs/Cgd ratio is not so important as it is for high-frequency 
devices. Figure 3-5 compares the output characteristics of these two 
devices at various lu levels. 

The short-channel effect of the NC geometry is very noticeable at 
low-current-bias conditions. The high gos is apparent. It can also be 
seen, however, that when biased for the same Id condition, the gfs is 
much higher for the NC than for the NS. Even with the higher gos, the 
Av [Eq. (2-13)] for the NC unit can be greater than for the NS unit. 
These characteristics should point out the importance of not taking 
for granted all equation simplifications. Neglecting gos [Eq. (2-14)] to 
arrive at a simplified equation for Ay would cause little error for the 
NS geometry with the load lines shown in Fig. 3-5; however, it would 
result in a large error with the NC geometry. 

Deciding what FET type to use for a given application can be a prob¬ 
lem. There are several hundred part numbers listed in a typical FET 
catalog. Fortunately almost all these numbered types are made from 
just a few basic production designs. These designs are referred to as 
“geometries.” Within a given geometry the loss and Fcscoff) are related 
approximately as indicated by Eqs. (2-1) through (2-4). The major differ¬ 
ence between devices within a given geometry is the channel thickness, 
usually controlled by an epitaxial-layer thickness, ion implant depth, 
diffusion time, or a combination of these. Figure 3-6 shows the loss 



Forward transconductance gfs , mho 

FIGURE 3-6 loss and g/s versus VGs(om relationship of 
NC geometry. 
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versus Vcsioff) relationship of devices made from Siliconix Inc.’s “NC” 
geometry. About 40 “standard” part numbers are characterized from 
this one geometry. 

For our amplifier example we will utilize a “JFET geometry selector 
guide” as was shown in Fig. 2-17. Certain parts of this guide are repro¬ 
duced in Fig. 3>7 for convenience. The curves indicate a Vp range from 
about 0.2 to 10 V. With our knowledge that higher Ay can be achieved 
with lower Vo units (provided Id is adequate), we tend to favor these 
units for our design. Since 3 V is about the middle of the Vp range 
indicated, we will use this as a tentative value. 

Figure 3-4 shows the bias characteristics for the amplifier. The bias 
current Idu) can be calculated with Eq. (3-2); however, we must first 
set values for Rd and Vg. Our amplifier design called for eo to be 2 V 
rms, and we have assumed Vp = —3 V. The upper limit for Rd is deter¬ 
mined by the maximum permissible fall-off at high frequency as indicated 
by Eq. (3-11). The design goal called for less than 3 dB loss at 50 
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FIGURE 3-7 JFET geometry selector guide. 
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kHz. There will be some loss at the input due to Gin; however, we can’t 
determine Gn until we know the device we are going to use and the 
value of Rb> We will assume for the moment a 1.5-dB loss at the input 
and a 1.5-dB loss at the output. 

A loss of 1.5 dB is a voltage ratio of 0.841. Using this value we use 
Eq. (3-11) to obtain a value for Rq: 


Ro 


[(^q(MF)/^o(FH))^ ~ 1]^^^ 

2’ITfCL 


(3-17) 


With /= 50 kHz, Cl = 200 pF, and the 1.5-dB loss indicated above, 
we get with Eq. (3-17) a value of Ro = 10,239 fl. Ro is the parallel 
combination of Rd, Rl, and l/gos- In our example Rl = I Mfl, so it 
can be neglected. Figure 3-5 shows that gos is a function of the FET 
geometry, so we cannot get its value until we select the device type. 
For the moment we will assume that \/gos » i?^and let Ri = Ro- 
We will modify this after we determine the approximate gos for the se¬ 
lected device type. 

The best value for Vg will be a function of the geometry; for now 
we will assume a value of 3 V so that we can proceed with estimating 
an Idu) value. Using Eq. (3-2) we get 


fz)(i) ■ 


30-3-3-2.8 

10,239 


2 mA 


Minimum loss of the selected FET should allow for a peak signal current 
above the Idu) value. 


tDimax) ^Dil) T 


V2 Co 
Rd 


(3-18) 


If iDssimm) is lower than loimax), then the gate will become forward-biased 
on positive input peaks. Typically Idss will decrease as temperature in¬ 
creases, so this must be taken into account. The maximum temperature 
coefficient for loss is approximately ^-(o.oo6)At assume a maximum 

operating temperature of 75°C, then the 25°C value of Idss should be 


lDSSi25°)— lDSSi75°)^ (0.006)(25 75) __ 1 .35/dsS(75°) 


With /d(i) = 2 mA, /odnax) per Eq. (3-18) will be 


iDimax) 2 T 


(1.414)(2) 

10.239 


2.28 mA 


and Idss( 25 °) — (1.351)(2.28) = 3.08 mA (min). 

Looking at the selector guide in Fig. 3-7 we tabulate in Table 3-1 
FET geometries having loss > 3 mA. We have added to this table the 
approximate Vp, BVgss, and capacitance values. 
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TABLE 3-1 SELECTED FET GEOMETRIES HAVING /dss > 3 mA 


Geometry 

Approximate — Vp 
for Idss = 3 mA 

BVgss range 

At Vds= 10 V and Vos = 0 

Ciss Crss 

Crss 

NS 

2.7 V 

>40 V 

10 pF 

4 pF 

NFA 

3.3 

>40 

3.5 

0.8 

NP 

2.3 

>40 

3.5 

1.6 

NRL 

1.5 

>40 

4 

1 

NH 

1.3 

30-10 

2 

0.6 

NZF 

0.9 

30-40 

5 

1 

NC 

<0.5 

>40 

10 

3 

NZA 

«0.5 

25-35 

8 

2 

NVA 

<0.5 

25-35 

160 

— 


note: NQT, NQP, NNP, and NNR geometries are dual FETs and so they are not considered for this 
application. 


High gain at midfrequency could be achieved with the NVA geometry; 
however, because of its large capacitance values, the high gain would 
probably have to be sacrificed to get the desired high-frequency corner. 
Also there are no standard devices from NVA geometry having a Vdg 
rating of 30 V or greater, so we will not evaluate this geometry further. 

The NC geometry is next in line with respect to loss/Vp ratio. It 
has a high BVgss and reasonably low Qss and Crss- There are several 
devices using this geometry that have low Vp specs of —0.5 to —3 V. 
We will select the 2N4393 for further evaluation. 

The NZF geometry has lower Qss and Qss than the NC; however, 
there are no standard device types with BVgss of 30 V or greater. 

The low-capacity NH geometry should be further evaluated and com¬ 
pared with the device selected from the NC geometry. We find that 
the FET type 2N4416 has a 5-mA loss minimum, and also has a 30-V 
BVgss minimum, so we select it for evaluation. The other geometries 
in Table 3-1 have higher Vp and higher Qss than the NH, so they will 
not perform as well. 

Table 3-2 is used to list the characteristics of the 2N4416 and the 
calculated amplifier-component values. In the “Note” column we indi¬ 
cate whether the listed characteristic is a data-sheet limit, a value esti¬ 
mated from the data-book curves, or a calculated value. We have a col¬ 
umn for the high-Fp unit (Qi in Fig. 3-4) and a column for the low-f^ 
unit {Qj 2 in Fig. 3-4). The performance curves will aid us in estimating 
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TABLE 3-2 DEVICE TYPE 2N4416 (SILICONIX NH GEOMETRY) 


Characteristic 

Value for 

Q.1 (high Vp) 

Value for 

0.2 (loro Vp) 

Unit 

Note 

^DSS 

15 

5 

mA 

1 


6 

2.5 

V 

1 

^gs 

3.2 

3.2 

pF 

^=0 

^gd 

0.8 

0.8 

pF 

Fy^=-15 V 

Idss 

15 


mA 

1 

loss 


6 

mA 

2 

f'p 

4.8 


V 

2 

f^p 


2.5 

V 

1 

gos 

0.013 

0.007 

mmho 

2 

Rd 

12 

12 

m 

Eq. (3-17) 

Ro 

10.4 

11 

kn 

Eq. (3-10) 

Id 

1.5 

1.02 

mA 

Eqs. (3-2), (3-3) 

Vsa 

3.28 

1.47 

V 

Eq. (3-4) 

Rs 

3.77 

3.77 

ka 

Eq. (3-5) 

Vg 

2.38 

2.38 

V 

Eq. (3-6) 

gfi 

3 

3 

mmho 

2 


31.2 

33 


gfsRo 

Vdg 

9.62 

15.38 

V 

Eq. (3-16) 

CgS 

1.55 

1.95 

pF 

Eq. (3-15) 

Cgd 

0.95 

0.8 

pF 

Eq. (3-15) 

«0(HP)/«0(MF) 

0.837 

0.823 


Eq. (3-11) 

%(HP)/%(MP) 

0.957 

0.965 

— 

Eq. (3-11) 

^(HP)/^9(MF) 

0.801 

0.794 

— 


20 log [eo(HF)/« 9 (MP)] 

-1.93 

-2.0 

dB 


Cl 

0.03 


IxF 

Eq. (3-20) 

Ck 

0.03 


IxF 

Eq. (3-20) 

Q 

33 


fxF 

Eq. (3-20) 

Ri 

12 


ma 

Eq. (3-21) 

R2 

1 


ma 

Eq. (3-21) 


notes: 

1. Data-sheet limit. 

2. Estimated from curves. 

3. Calculated with equation. 
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the interrelation of the various characteristics. For example, we note 
that the typical lossimax) unit of the 2N4416 (NH geometry) has a 1^ of 
about —4.8 V instead of the —6~V limit permitted by the specification 
sheet. 

Also the typical Pp(min) unit has an loss of about 6 mA instead of 
the data-sheet limit of 5 mA. 

In calculating Idu) we will use —6 V for Vp because this will ensure 
that a data-sheet-limit unit will not result in output clipping at maximum 
eo. For calculating Id( 2 ), however, we will use the relationships indicated 
by the performance curve. This should result in better selection of the 
proper Rs for g/s control. 

We proceed with the calculations and fill in Table 3-2. In arriving 
at the first approximation for /o(i), gos was neglected. Now that we have 
Id, we can estimate from the performance curves gos for the two devices. 
For the NH with high Vp we get gos ~ 0.013 mmho. 

The calculated value of g/s is 1.98 mmhos. The gfs versus Id perform¬ 
ance curve in the data book indicates that gfs is closer to 3 mmhos for 
this device. The error in the equation is probably due to the short- 
channel effect in the NH geometry. We used the higher of the two 
values in Table 3-2. 

The midfrequency gain (eo/cg) is slightly higher for the low-f^ unit 
because the lower Id gives a lower gos. This could be compensated by 
lowering /z)( 2 ) to reduce g/s( 2 )- 

The high-frequency loss is only 2 dB because the Qn loss is less 
than we initially allowed for. Figure 3-3(2 shows the low-frequency equiva¬ 
lent circuit. Response will be determined by the input and output cou¬ 
pling capacitors, and by the source-bypass capacitor. The low-frequency 
transfer function of a simple RC high-pass filter is 


Rlf 


_ 1 _ 

{1 + [l/(27r/C/?)]2}i/2 


(3-19) 


We have three RC networks to consider: (1) the input, consisting of 
C\, /?gen, and R^; (2) the output, consisting of C 2 , Rd, gos, and Rz\ and 
(3) the source circuit, consisting of Cs, Rs, and gfs. 

We let the attenuation resulting from these three RC networks be 
—3 dB, i.e., the product of the three Klf factors be 0.708. Since the 
input and output Rs are much larger than the equivalent source resis¬ 
tance, Cl and C 2 can be much smaller than Cs. If we let Klf associated 
with Cl and C 2 each = 0,95, then Klf associated with Cs will be 


Ks 


0.708 

(0.95) (0.95) 


= 0.784 
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where Ks is low-frequency attenuation resulting from imperfect source 
bypassing. For both the input and the output, R is approximately 10® 
n. Assuming K= 0.95 at/— 20 Hz, 

C= [27rfR{KL^- l)i/2]-i (3.20) 

Using the above values we get Ci and C 2 = 0.0242 /xF. We will use 
0.03 fxF. 

For the source circuit, the equivalent R is Rs in parallel with gfs"^ 
Using Eq. (3-20) and letting K = 0.784, we get Cs = 33 jxF. The voltage 
across Cs will not exceed Rs/(Rd Rs) (Vdd)^ A 10-V rating for Cs is 
used. 

We have assumed the parallel combination of Rgi and Rg 2 — 10® 
fl. The ratio is set by Vdd and Vg. 


Since we want 


and 


R 


G2 


Vg 


Rgi~V Rg 2 Vdd 


\^:.Rc 


Rgi Rg2 


-10® a 


(3-21) 


Rg2 ^-Fg^2.38 
Rgi + Rg2 Vdd 30 

i?G(i) = (10«)(^)=12.6 Ma 

Use 12 MO. Then 


Rg2 — 
Rg2 — 


2.38 

30 

2.38 

30 


(Rgi + Rg2) 

^ / 2.38\-i= 1.03 Ma 


Use 1 Ma. 

The completed amplifier design is shown in Fig. 3-8. 


3-7 CONSTANT CURRENT-SOURCE BIAS 

Replacing Rs in Fig. 3-8 with a current source results in the circuit 
and bias conditions shown in Fig. 3-9. The value of the current source 



76 


DESIGNING WITH FIELD EFFECT TRANSISTORS 


■►30 V 




FIGURE 3-8 Completed 
amplifier schematic. 


Is determines the value of Id. If Is is constant, then Idu) = Id( 2 )- Id does 
not change from device to device. From a practical standpoint a FET 
current-limited diode, such as the Siliconix type CRIOO, can be used. 
By setting Fg to -h 2 V, the CRIOO operates well into its saturated region, 
so that its effective output resistance is greater than 180 kfl. Hence, a 
VsG change of 2 V results in a less than 12-jitA change in Id. However, 
we must take into account the current-source tolerance. If we assume 
a ±10 percent tolerance, for example, then the Idq range would be 
0.9 to 1.1 mA. As with the source resistance example, the current source 
must be bypassed with Cs of essentially the same value. 

An advantage of the constant current source over the large source 
resistor is the improvement in current stability. The drain current is 
essentially independent of the Idss and Vp of the FET (within limits). 
As shown in Fig. 3.9, Idu) and /z)( 2 ) are equal to the current of the regulator 
CRIOO. With CRIOO limits of 0.9 and 1.1 mA, Vd would be 

Fzxhigh) = 30 V - (0.9 mA)(12 kft) = 19.2 V 
Fd( 1 ow) = 30 V-(L1 mA)(12 kH) = 16.8 V 



FIGURE 3-9 Characteristics with constant current bias. 
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Maximum output voltage without clipping would be 

^o(high) max ==30- 19.2= 10.8 V 
19.2-6= 13.6 V 
^o(low) max = 30 - 16.8 = 13.2 V 
16.8-6 = 10.2 V 

For the worst case, 


^o(peak) 10.2 V 

An important application of the current regulator (or “current 
source”) is in differential amplifiers. The high output resistance of the 
current source enhances the common-mode rejection. 


3-8 CASCODE CIRCUITS 

The term “Cascode” describes an amplifier stage consisting of a com¬ 
mon-source (or emitter or cathode) stage, followed by a common-gate 
(or base or grid) stage. This circuit configuration was originally devel¬ 
oped to achieve improved high-frequency performance in vacuum tube 
amplifiers. The Cascode configuration not only improved the output- 
to-input isolation; it also greatly improved the high-frequency amplifier 
stability by reducing the feedback capacitance within the amplifier stage. 
In this section Cascode circuit advantages in dc and low-frequency ampli¬ 
fier circuits are covered. High-frequency circuits are discussed in Chapter 
4. 

3-8-1 Increasing Junction-FET-Amplifier Input 
Resistance by Using Cascode Circuits 

The gate-leakage current Iq as a function of drain-to-gate voltage Vdg 
discussed in Chapter 2 increases rapidly once the 1g breakpoint voltage 
is exceeded (Fig. 2Ad). Cascode circuits are useful in amplifier applica¬ 
tions requiring high input resistance over a wide input-voltage range; 
for example, source followers and differential amplifiers. Before discuss¬ 
ing the circuits, let’s look a little closer at the 1g breakpoint mechanism. 

3-8-2 Ig Breakpoint Mechanism 

The gate current Ig of an n-channel JFET is a function of gate-source 
voltage Vgs, gate-drain voltage Fgd, drain current Id, and temperature. 
Figure 3-lOflf shows a typical family of /c-versus- Fdg characteristics, with 
Id as a parameter. At a fixed value of Id, Ig is a slowly varying function 
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(c ) Input (d) Reverse transconductance 


FIGURE 3-10 Characteristics of n-channel JFET. 

of Fdg until the Ig breakpoint is reached. The breakpoint is a function 
of /d. Beyond the breakpoint, Ig is an exponential function of Fdg and 
a linear function of Id. 

An understanding of the /g- versus- Fdg characteristics is aided by consid¬ 
ering the equivalent circuit shown in Fig. 3-11, which indicates that Ig 
is the sum of three components: 4, I 2 , and I 3 . h and h are simple 
leakage currents of reverse-biased gate-source and gate-drain p-n junc¬ 
tions. They are the result of thermal ionization of carriers within the 
junction depletion layers and will approximately double in magnitude 
for each 10°C increase injunction temperature. /i and I 2 are approxi¬ 
mately proportional to the square root of junction voltages Fdg and 
FsGy respectively. 

The h component results from carriers generated within the drain- 
gate space-charge region due to impact ionization by the drain-current 
carriers. Thus I 3 is a linear function of Id and an exponential function 
of Fdg- At low voltage the impact ionization rate is so low that the I 3 
component is undetectable in the presence of the thermally generated 
components h and I 2 . Impact ionization rate, however, is an exponential 
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FIGURE 3-11 Equivalent circuit of JFET to analyze gate 
current. 

function of electric field. Thus increasing Fog causes a rapid increase 
in the Is component. 

Impact ionization is also a function of carrier mobility. Since mobility 
has a negative temperature coefficient, I 3 decreases with increasing tem¬ 
perature. The broken-line curve in Fig. 3-10 shows Iq versus Vdg at a 
temperature of 125°C. It can be seen that the breakpoint caused by h 
occurs at a higher value of Vdg- 


3-8-3 Practical FET Cascode Circuits 

Operation at Vdg values below the Ig breakpoint is desirable for amplifier 
applications requiring very high input resistance. If a large input-voltage 
range is required, the circuits shown in Fig. 3-126 and d have been 
found to be useful. The circuits maintain a low Vdg on the input FET 
Qi; thus, the breakpoint of is not encountered, and the I 3 component 
is undetectable. Gate current of Q 2 increases as its Ig breakpoint is ex¬ 
ceeded; however, it does not contribute to input current and remains 
well below 0.1 percent of Id until avalanche breakdown is approached. 
The curves of Fig. 3-12 compare the Ig versus Vdg characteristics of 
the circuits shown. 

Another advantage of the Cascode circuit is a reduction in input capa¬ 
citance due to a decrease in the Miller effect. Figure 3-12 shows Gn 
versus Vdg for the amplifier circuits. The great reduction of Qn of the 
source follower of Fig. 3.12rf is caused by the “bootstrapping” of the 
drain to its source. Thus, both the drain and the source of Qi are 
forced to “follow” the gate, greatly reducing the effect of both Cga and 
Cgs upon Qn. 

Figure 3-13 shows the transconductance and static output characteris¬ 
tics of the Cascode circuit for comparison; the broken-line curves indicate 
the characteristics of the single device Qi. At the selected operating 
point (Id = 10 mA) the transconductance is approximately the same 



Input capacitance Cin, pF 
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Cascode 

connection 


as for the single device. The output conductance, however, is much 
lower for the Cascode connection. 

Figure 3-14 will aid in understanding the Cascode characteristics. 
Note that Vgs of Q 2 = Vds of Qi. The operating point for Qi will be at 
the intersection of the /^-versus- Vsg curve of Q 2 - The broken-line curve 
shows the approximate Vds at which Id saturation occurs for Qi. The 
optimum operating point for Qi is near its Id saturation. At lower values, 
transconductance begins to drop due to an increase in gas. Higher values 
will result in some increase in /q. 

The voltage at which drain current saturates is 

VDS=VGS-VGS(off) (3-22) 

VDG = -VGS(off) (3-23) 

To keep both Qi and Q 2 operating in drain-current saturation, the mini¬ 
mum drain-gate voltage of the Cascode connection should be 

FoGCmin) = ~ FGS(off)(l) ~ VGS(off)(2) (3-24) 

If Qi and Q 2 are matched units, then 

Fz>G(min) = -2FGS(off) (3-25) 

The Cascode FET pair, as shown in Fig. 3-15a, may be regarded as 
an active two-port. The midfrequency equivalent circuit shown in Fig. 
3-15 b may be reduced to the simplified circuit shown in Fig. 3-15c. The 
feedback capacitance Cgd and the output conductance gos are reduced 
by the ratio gds/gfs- 

The voltage gain (Ay) of the input stage of the Cascode is approxi- 
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Qgs 



(c) Equivalent Cascode pair circuit 


FIGURE 3-15 Cascode equivalent circuit. 

mately —1; therefore, the input capacitance (including the Miller effect) 
is 

Cin=Cgs-\-2Cgd (3-26) 

where Cgd and Cgs are values for the input FET. 

Output capacitance is approximately Cgd of the common-gate output 
stage. Forward transconductance g/s will be equal to the input-stage 
transconductance. 

At a given drain current level the effective “bottoming” voltage (mini¬ 
mum Vdg) for the Cascode is about twice that for a single device; thus 
the power efficiency is lower. For small-signal amplifiers, which are the 
major application of the Cascode, this is not important. A commonly 
used Cascode configuration for FM and TV front ends is the dual-gate 
MOSFET, which in effect is an integrated Cascode pair (shown in Fig. 
3-16). The 3N201 is an example of such a device. Its characteristics 
are discussed in Chapter 4. 


S Gi G2 D 



FIGURE 3-16 Dual-gate MOSFET. 
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The reduction of Ig and Gn by the use of the Cascode connection 
can be used to advantage in differential amplifiers. The common-mode 
voltage range can be greatly increased and the input bias current re¬ 
duced. The Cascode differential amplifier is further discussed in Sec. 
3-10. 


3-9 SOURCE FOLLOWER (COMMON-DRAIN AMPLIFIER) 

Too little knowledge of biasing methods for FET amplifiers sometimes 
keeps engineers from making maximum use of FETs in circuit designs. 
The common-drain ampliher, or source follower, is a particularly valua¬ 
ble configuration. Its high input impedance and low output impedance 
make it very useful for impedance transformations between FETs and 
bipolar transistors. 

Figure 3-17 shows 10 circuits, which represent virtually every source- 
follower configuration. Understanding these circuits will help the de¬ 
signer obtain consistent circuit performance despite wide device varia¬ 
tions. 

There are two basic connections for source followers: with and without 
gate feedback. Each connection comes in several variations. In Fig. 
3-17, circuits a through e have no gate feedback; their input resistances 
are approximately equal to Rq. Circuits f through k employ feedback 
to their gates to increase the input resistance above 

Before getting into the details of bias-circuit design, note several gen¬ 
eral observations that can be made. 

O Circuits a, d, and /can accept only positive and small nega¬ 
tive signals because these circuits have their source resistors 
connected to ground. A signal equal to Vcscoff) will cut off 
/d. The other circuits can handle large positive and negative 
signals limited only by the available supply voltages and 
device breakdown voltage. 

O Circuits c, d, e, h,j, and A employ current sources to improve 
drain-current (Id) stability and increase gain. 

O Circuits d, e, and k employ FETs as current sources. In 
circuit d, Q 2 must have a lower cutoff voltage Vcscoff) and 
a lower zero gate-voltage drain current loss than Qi. 

O Circuits e, g, h, and k employ a source resistor Rs which 
may be selected to set the quiescent output voltage equal 
to zero. 
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Circuits not using feedback; 

■fVoO '♦‘VOD 


♦Voo 


+ Vdo 


+Vdo 



FIGURE 3-17 Virtually every practical source-follower configuration is represented 
in this collection of 10 circuits. Configurations (a) through (e) do not employ gate 
feedback; the corresponding ones in the bottom row do. (Reprinted with permission 
from J. S. Sherwin, **Build Better Source Followers 10 Ways,” Electronic Design, Vol. 
18, No. 12, copyright Hayden Publishing Co., Inc., 1970.) 


O Circuits e and k use matched FETs. Rs is selected to set 
Id near the specified low-drift operating current. The input- 
output offset is zero if Rsi = Rs 2 and the FETs are matched. 


3-9-1 Biasing without Feedback Is Simple 

In Fig. 3-17, the no-feedback circuits a through e use simple biasing 
techniques. Circuit a is a self-bias configuration; the voltage drop across 
Rs biases the gate (which draws essentially zero current) through resistor 
/?G- Since no gate-to-source voltage Vqs can be developed when Id = 
0, the self-bias load line passes through the origin as shown in Fig. 
3-18. For the 2N4339 FET, whose limiting transfer characteristics are 
used as an example, the quiescent drain current is seen to lie between 
about 0.25 and 0.55 mA when a 1-kO source resistor is used. The quies¬ 
cent output voltage lies between +0.25 and +0.55 V. 

Circuit 3-17^ is another example of source-resistor biasing with a 
— Vss supply added. The advantage over circuit 3-17a is that the signal 
voltage can swing negative to approximately —Vss- Two bias lines are 
shown, one for Vss = “"15 V and the other for Vss = “1.6 V (see Fig. 
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Vgs.V 


■*■^00 



FIGURE 3-18 Self-biasing (Fig. 3-17a) uses the voltage 
dropped across the source resistor Rs to bias the gate. The 
load line passes through the origin and has a slope of — 1/ 
Rs. (Reprinted with permission from J. S. Sherwin, ^'Build 
Better Source Followers 10 Ways,” Electronic Design, Vol. 
18, No. 12, copyright Hayden Publishing Co., Inc., 1970.) 


3-19). For the first case, the quiescent output voltage lies between +0.18 
and +0.74 V. For the second, it lies between +0.3 and +0.82 V. 

The bias load line for circuit 3-17c is just a horizontal line {Id = 
constant). The quiescent output voltage is between +0.15 and 0.7 V 
for Id = 0.3 mA. 

Circuit 3-17cfis similar to 3-17c except that the Vqs — 0 output charac¬ 
teristic of FET Q 2 is used as a current source. As seen in Fig. 3-20, 



FIGURE 3-19 Adding a Vss supply to the self-bias circuit (Fig. 3-18) allows it to handle 
large negative signals. The load line’s intercept with the Vqs axis is at Fss- Bias lines 
are shown for Vss = ~15 V and Vss — ~1.6 V. (Reprinted with permission from J. S. 
Sherwin, ”Build Better Source Followers 10 Ways,” Electronic Design, Vol. 18, No. 12, 
copyright Hayden Publishing Co., Inc., 1970.) 
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Vgs,V 


+ Vdd 



FIGURE 3-20 FET Q 2 does not behave like an ideal 
current source when its Vos gets very small (Fig. 3-17d). 
Therefore, Qi should have a significantly larger Fcscoff) 
than Q 2 , (Reprinted with permission from J. S. Sherwin, 
"Build Better Source Followers 10 Ways,” Electronic 
Design, Vol. 18, No. 12, copyright Hayden Publishing 
Co., Inc., 1970.) 


Qji does not supply constant current when its Vds gets very small. This 
technique should, therefore, be used only to bias FETs whose Vqs at 
the desired Id is higher than the equivalent Fcsiofo of the current-source 
FET diode. 

A pair of matched FETs is used in the circuit of Fig. 3-17^, one as 
a source follower and the other as a current source. The operating 
drain current Idq is set by /?S 2 , as indicated by the load line of Fig. 
3-21. The drain current may be anywhere from 0.20 to 0.42 mA, as 
shown by the limiting transfer characteristic intercepts; however, Vgsi = 
Vgs 2 because the FETs are matched. 

Since Idi = Id 2 and Vgsi — Vgs 2 j choosing Rsi = Rs 2 will ensure that 
the voltage from point A to B equals the voltage from point C to D 
(Fig. 3-17^). This source follower, therefore, exhibits zero or near-zero 
offset. If the FETs are temperature-matched at the operating Id, the 
source follower will exhibit zero or near-zero temperature drift. 

3-9-2 Biasing with Feedback Increases Zin 

Each of the feedback-type source followers (Fig. 3-17/ through k) is 
biased by a method similar to that used with the nonfeedback circuit 
above it. However, in each case, Rg is returned to a point in the source 
circuit that provides almost unity positive feedback to the lower end 
of Rg- If Rs is chosen so that Rg is returned to zero dc volts (except 
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in circuits 3-17/and 7 ), then the input/output offset is zero. Ri is usually 
much larger than Rs. 

Circuit 3-17/is useful principally for ac-coupled circuits. Rs is usually 
much less than Ri to provide near-unity feedback. The bias load line 
is set by Rs (Fig. 3-22). The output load line, however, is determined 
by the sum of Rs Ri. The feedback voltage Vfb, measured at the 
junction of Rs and Ri, is determined by the intercept of the Rs + Ri 
load line with the Vgs axis. The quiescent output voltage Vs is Vfb ~~ 
Vgs- 

In the circuit of Fig. 3-17g, Rs can be trimmed to provide zero offset. 
As the curves of Fig. 3-23 show, Rs will be between 670 H and 2.5 
kn. Rs is much less than Ri. The source load line intercepts the Vgs 
axis at = —15 V. 

Circuit 3- 17/1 is almost the same as 3-17g; the difference is that resistor 
Ri is replaced by a current source. Since an ideal current source has 
infinite impedance, the bias curve of circuit 3-17/i differs from that of 
Fig. 3-17g (Fig. 3-24) in that the load line is perfectly flat. 

Circuit 3 -177 is similar to 3-l7h except that the output is taken from 
the top of Rs to reduce the output impedance. Rs must be trimmed if 
the circuit is to work at all properly. 

In Figure 3-24, the constant-current load line represents a 0.3-mA 
current source, and the effect of a 1-kfl source resistor is shown. The 
offset voltage is seen to lie between 0.2 and 0.75 V. The intercept of 



Vgs > V 


FIGURE 3-21 This load line is set by Rs 2 and Q 2 , which 
acts as a current source (Fig. 3-17 e). If its components 
are properly matched, the circuit will have zero or near¬ 
zero offset. (Reprinted with permission from J. S. 
Sherwin, ’'Build Better Source Followers 10 Ways,” 
Electronic Design, Vol. 18, No. 12, copyright Hayden 
Publishing Co., Inc., 1970.) 
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+Vdd 



FIGURE 3-22 The bias load line is set by Rsy but the output load line is 
determined by Rs + Ri when gate feedback is employed (Fig. 3-17/). The 
feedback Vfb is determined by the intercept of the Rs -h Ri load line and the 
Vgs axis (Vgs ~ Vfb ~ Vs )• (Reprinted with permission from J. S. Sherwin, "Build 
Better Source Followers 10 Ways,” Electronic Design, Vol. 18, No. 12, copyright 
Hayden Publishing Co., Inc., 1970.) 



Vgs.V 

FIGURE 3-23 Rs can be trimmed to provide zero offset at 
some point between 670 H and 2.5 kfl (Fig. 3-17g). The source 
load line intercepts the Vgs axis at Fss = ~Vgg — —15 V. Note 
that this load line is not perfectly flat. It has a slope of —1/ 
50 K, because the current source is not perfect; it has a 
resistance of 50 kfl. (Reprinted with permission from J. S. 
Sherwin, "Build Better Source Followers 10 Ways,” Electronic 
Design, Vol. 18, No. 12, copyright Hayden Publishing Co., Inc., 
1970.) 




LOW-FREQUENCY CIRCUITS 


89 


Vdd 



Vgs. V 

FIGURE 3-24 If Rs is not trimmed so that the load line 
passes through the origin, a voltage will appear at the gate, 
causing a reduction in dc input impedance. The incremental 
impedance will not be affected. (Reprinted with permission 
from J. S. Sherwin, "Build Better Source Followers 10 Ways,” 
Electronic Design, Vol. 18, No. 12, copyright Hayden 
Publishing Co., Inc., 1970.) 


the Rs load line and the Vqs axis sets the voltage at the junction of Rs 
and the current source (Vfb)^ For Rs= \ kfl, Vfb will be between —0.1 
and +0.45 V. Since Vfb appears at the gate, it must be zero if the dc 
input impedance of the circuit is to be preserved. This can be done 
by trimming Rs, as shown dashed in Fig. 3-24. The biasing then becomes 
the same as for circuit 3-17/i. 

Biasing for circuit 3-17^ is identical to that for circuit 3-17^ except 
that feedback is added to raise the input impedance. 

Figure 3-25 shows the general source-follower circuit, the equivalent 
small-signal, low-frequency equivalent circuit, and equations. 


3-10 DIFFERENTIAL AMPLIFIER 

A “differential amplifier” is one that provides an output proportional 
to the difference between the signals at the two input terminals while 
preventing an output occurring from a signal which is common to the 
two input terminals. The input terminals are “floating”—that is, neither 
input is grounded. The signal of interest is impressed between the two 
inputs. The output may be either a differential floating output or a 
single-ended output referenced to ground. 

Good dc amplifier operation depends upon low-drift design. A single- 
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FIGURE 3-25 Summary of equations of source-follower amplifier (low-frequency model). 
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ended transistor stage may have drift which exceeds the magnitude of 
the signal to be amplified. Taking advantage of a pair of matched transis¬ 
tors and a design which provides common-mode rejection, the differen¬ 
tial amplifier makes possible low-drift dc amplifiers. 


3-10-1 Basic Design 

Figure 3-26 shows a source-coupled pair of FETs. Assume that Qi and 
Q 2 are matched—that is, that they have identical transfer and output 
characteristics. With the input, eu at zero and ecm at zero, the current 
source 1$ will divide equally between Qi and Q 2 , so that Idi = Id 2 and 
Fdi — Fd 2 - The differential output voltage Co will be zero. A change in 
the value of Is or Vdd will not cause a differential output voltage. Now 
assume an input voltage et of +50 mV. This positive voltage tends to 
increase the current through Qi. Any increase in Im must be offset by 
a corresponding decrease in Im, since the total current is fixed at Is. If 
Vs were fixed, then A/di would be eig/s; however. Vs is not fixed. Since 
Aim must equal minus A/di, ^gs 2 must equal minus Vgsi (assuming that 
gfs of the two FETs is constant for small signals). Therefore, we can 
assume that 


^gsl ‘^gs2 (3-2.7) 

(This assumes that gfsi = g/s 2 .) 

The voltage changes at Di and at D 2 are 

~Vdi = VgsigfsRD = \eigfsRD (3-28) 

~ ygs2gfsRD ~ ^^ig/sRo (3-29) 

therefore eo = Vdi — Vd 2 ^ —^igfsRo (3-30) 


FIGURE 3-26 Differential amplifier 
(dual FET type U401). 


'^DD 
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Assume g/s = 10 ^ mho and Rd = 10 kfl. The output voltage with a 
50-mV input signal is 

= -0.05 X 10-3 X 10,000 = -0.5 V 

The voltage amplification of this differential stage is 


A^ = - = -gfsRD (3-31) 

It is the same as a single-stage common-source amplifier. [Output con¬ 
ductance gos is neglected in Eqs. (3-28) through (3-31).] 

A significant advantage of the differential amplifier is its ability to 
differentiate between common-mode input and differential input signals. 
Consider an input signal to be amplified ei and an undesired signal 
ecm to be rejected. The differential signal will result in an output voltage 
Co given by Eq. (3-30). The common-mode signal, however, is applied 
to both gates equally, and if the devices are matched, there will be no 
differential change in drain currents, and hence there will be no differen¬ 
tial output eo. 

The common source S of the two FETs will follow the common-mode 
voltage (offset by ~Vgs)i therefore Vos will change by the magnitude 
of the common-mode voltage. Vos should not be permitted to fall below 
the “pinchofF’ region of the FET output characteristics. This condition 
will be met if Vog ^ ~~VGs(offh therefore, in the positive direction, the 
common-mode voltage should not exceed 

^cm(max) Vo ~f~ VGSioff) 

= Vdd - IdRd + VosMt, 

(Note: VGSioff) for the n-channel FET is a negative number.) 

In the negative direction ecm should not cause Vs to drop below the 
value required for the current source Qs to maintain its function of 
supplying adequate source current Is. Other limits on ecm are imposed 
by the maximum Vog rating of the FETs and by the Vog that causes Ig 
to become excessive. 

The voltage-gain equation (3-31) shows that Ay is a linear function 
of /?D. For maximum gain a high value of Ro is desirable. Given a supply 
voltage, increasing the value of Ro decreases Vo, unless Is is decreased 
to keep RoId constant. The choice of Ro is affected by: 

1. Desired voltage gain Ay 

2. Available supply voltage Voo 

3. Maximum common-mode input voltage ^cm(max) 
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4. Maximum value of common-source current Isimax) 

5. Maximum differential input voltage ei 

6. High-frequency roll-off 

We will go through some of the design steps for the circuit shown 
in Fig. 3-26. The following assumptions are made: 

1. Common-mode voltage: ecm = — ^ V. 

2. Differential input voltage: et = ±0.05 V. 

3. Voltage amplification: Ay = as high as practical. 

4. Available supply voltages: Vdd = 15 V ±: 5%; Vss — 5 

V ± 5%. (Factors affecting the choice of the proper FET 
pair for Qi and Q 2 are discussed in Sec. 3-6. We will assume 
for this example that a general-purpose dual type has been 
selected.) 

5. Qi plus 0^ — dual FET type U401. (The matched character¬ 
istics of the U401 are specified at an operating Id of 200 
/xA; therefore, we will select a current source of approxi¬ 
mately twice this value.) 

6. 0^ — Current regulator diode type CR039. 

The maximum value of Rd is arrived at by solving for Rd in the equation 

^DDimin) lD(max)RD fz)(min) FcM(max) T Vi(max) 4“ VDG(min) (3-33) 

As a rule of thumb, to stay in the saturated current region of the 
FET output characteristics, Vdg should not fall below the value of 
“ FGs(off)(max) = 2.5 V; therefore, we set FoGimin) = 2.5 V. loimax) will occur 
when the differential input is at ^i(max) and is given by 

foCmax) ^ls(max) 4” ^^i(max)g/5(max) (3-34) 

From the data sheets for the CR039 and the U401, /s(max) = 1.1 X 0.390 
mA and gfs(max) =1.6 mmhos. Solving Eq. (3-33) for Rd yields 


P _ FpZ)(min) FcM(max) ^i(max) FoGCmin) 

■^Z)(iTiax) 1 / r I V 

2\ ^S(max) “r ^i(max)^/s(max)/ 

^ 2(14.25-8-0.05-2.5) 

D(max)- (1 i)(o.390)(10-3) + (0.05)(1.6)(10-®) 

^D(max) — 14,538 fl 


(3-35) 
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We will use a value of 14,000 fl for Rd and calculate the voltage 
gain using the data-sheet minimum value for gfs. 

Av = -gfsRD = -{lfi00){\0-^) X 14,000 = -14 

We will now consider ways in which Ay may be increased, while still 
adhering to assumptions 1 through 4 above. Equation (3-31) shows that 
to increase Ay, the g/sRu product must be increased. Other factors re¬ 
maining constant, if Rd is increased, then /ocmax) must be decreased to 
maintain the same minimum value for Fb. A decrease in Id will result 
in a decrease in gfs; however, as shown in Eq. (2-12) and Fig. 2-6, for 
a given FET the gfs decrease will be proportional to the square root 
of the Id decrease. Operating at a lower value of Id, with a given device, 
can result in a higher voltage gain. In this example, if we reduce the 
value of Is by a factor of 2, gfs will be reduced by a factor of only 
2^^^. Doubling Rd, then (to maintain the same IdRd), will increase Ay 
by a factor of 2^^^; thus the voltage gain would be increased from 14 
to 19.8. Because of the doubling of Rd, the output resistance would 
be increased and the high-frequency corner would be decreased. Also, 
if the FETs are not operated at the data-sheet-specified value of Id, 
the offset and drift specifications may not be met. Increasing the value 
of Vdd would also permit a higher value of Rd while maintaining the 
same /D(max). Care must be taken not to exceed the FoGCmax) voltage rating 
of the FET. 


3-10-2 Drift and Offset Compensation 

JFET differential inputs are often used in dc amplifiers because they 
provide high input impedance and operate with extremely low input 
bias current. To achieve accurate measurements, the input offset and 
equivalent input drift must be made small with respect to the signal 
being measured. Methods of nulling or minimizing input offset and drift 
and how this compensation affects the common-mode rejection ratio 
(CMRR) will be examined. 

An understanding of the effect of temperature changes upon the basic 
parameters of the FET aids in the application of temperature-induced 
drift compensation. For the purpose of this discussion, temperature drift 
is defined as the change in Vqs required to maintain a constant Id as 
the temperature is changed. For a typical JFET, operating with a Vdg 
greater than —Vp, the relationship between Id and Vqs was shown in 
Eq. (3-4). 

As pointed out in Chapter 1, Vp 'isdi function of the zero-bias depletion- 
layer width at the gate-channel p-n junction. The depletion width de¬ 
creases with increasing temperature, which results in an increase in chan- 
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nel width and therefore an increase in — Fp. The temperature coefficient 
of — fit) is about 2.2 mV/°C. This widening of the channel with increasing 
temperature tends to increase channel conduction; however, at the same 
time, increasing temperature causes a decrease in carrier mobility and 
thus in channel conductivity. Carrier mobility has a negative temperature 
coefficient of about 0.6%/^C. The positive channel-thickness coefficient 
and the negative mobility coefficient have opposite effects upon the tem¬ 
perature characteristic of Id and loss- In a thick-channel device (high 
Vosioff)) the mobility factor dominates and loss has a negative temperature 
coefficient. In a thin-channel unit the channel-thickness effect dominates 
and loss has a positive temperature coefficient. At a particular channel 
thickness the temperature coefficients exactly compensate and loss has 
a zero temperature coefficient. It has been shown that this particular 
thickness occurs in JFET devices having Vasioff) values of about —0.63 
V. Units having higher Vcsioff) values can be biased down to this critical 
channel dimension, so that Id has zero temperature drift. Mathematically 
the zero-drift drain current Idz is 



Operating at drain currents other than Idz will result in a drift in 
Fgs as given by the equation 

FGs(drift) 2.2 mV/°C [ 1 - (3-37) 


A plot of this characteristic is shown in Fig. 3-27. Differentiating Eq. 
(3-37) with respect to Id produces a value K for the amount of drift 
change per unit change of Id: 


dVcsidrift) _ ( I)(I^^)_.^ \r 

din ~(Io/IozV'^ ^ 


(3-38) 


FIGURE 3-27 Drift of gate-source 
voltage in a single JFET drops with 
increasing normalized drain current. 
The slope of this curve is useful in 
determining the size of differential 
source resistance needed to null a 
given drift. 



0.2 0.3 0.5 0.7 1 2 3 4 5 6 

at zero drift 
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FIGURE 3-28 Differential amplifier 
with offset and drift compensation. 


Ideally the differential amplifier produces an output only as a function 
of a differential input signal. If the temperature-induced drifts (dVcs/ 
dT) of the two FETs are equal, they appear to be a common-mode 
signal and do not produce an output. Unfortunately, few dual FETs 
have a perfect Vgs drift match; thus a differential offset will occur. 

Since Vgs drift depends upon the value of drain current, the differential 
drift d may be reduced or eliminated by unbalancing the two drain cur¬ 
rents by an amount A/o; 

A/« = | (3-39) 


where K is given by Eq. (3-38). 

With the input voltage Si held to zero, drain-current unbalance can 
be induced by adding unbalanced source resistors as shown in Fig. 
3-28. A potentiometer Rs is used so that the unbalance can be adjusted. 
The resistor unbalance is a function of g/s, Is, and the required current 
unbalance. 


A/z) = Id2 = hi = h[gfsh(Ra - Rb)] (3-40) 

Substituting Eq. (3-39) for A/© and solving for R, the value of the 
Rs necessary to null a given drift becomes 

Rs = Ra-Rb = ^^ (3-41) 

gfsIsK 

Minimum values of g/s, I, and Is are used to ensure an adequate 
value for Rs. 

Even if the FETs had no output initially, the introduction of the source 
resistance Rs would probably introduce an offset. This offset is due to 
the unbalanced current Ah flowing through the balanced load resistors 
Rd. In this case, output balance can be achieved by unbalancing the 
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load resistors Rd to compensate for the unbalance in Id- The potentiome¬ 
ter Rd in the drain circuit of Fig. 3-28 serves this function. Since the 
output offset will be Ay times the input offset, the drain-offset compensa¬ 
tion resistor will need to be Ay times the source-drift-compensating re¬ 
sistor Rs. 

Rdi — AyRs = gfsRoRs (3-42) 

The actual value of Rd should be greater than this so that any initial 
FET pair offset can be compensated for. The value that takes this into 
account is 

(3-4S) 

where Vgsi ~~ Vgs 2 — maximum specified offset of the FET pair. With 
the circuit shown in Fig. 3-28, hrst Rs would be adjusted for minimum 
drift with temperature, then Rd would be adjusted for zero offset. 

If the differential FET pair is used as the input stage of an operational 
amplifier (op amp), as shown in Fig. 3-29, the drift-adjusting procedure 
is modified. This occurs because with the feedback loop closed, the 
high-gain amplifier tends to force Vdi ~ Vd 2 to zero. Thus to introduce 
an unbalance in drain current the drain potentiometer is first 

adjusted. This causes an output offset which is then eliminated by adjust¬ 
ing the source potentiometer Rs. Assuming the amplifier offset is zero, 
the calculation of the value of Rd and Rs is the same as for the single- 
stage amplifier. Compensation of the op amp offset and drift can be 
achieved by modifying the calculations for Rdi and Rs. The amplifier 
drift divided by the input stage gain (g/sRD) should be added to the 
value d in Eq. (3-39). 


FIGURE 3-29 Differential FET in¬ 
put for operational amplifier. 





98 


DESIGNING WITH FIELD EFFECT TRANSISTORS 


The amplifier offset divided by the input stage gain should be added 
to the value Fgsi ~ Vgs2 in Eq. (3-43). Typically, this will change Rh 
and Rs by less than 10 percent. 

Additional A 2 offset and drift will result from A 2 input-current offset 
and drift times the value of Rh + 2Rd- Again, this is referred to the 
input by dividing by the voltage gain of the input stage. 


3-10-3 Common-Mode Errors 

In the ideal differential amplifier a common-mode voltage ecm would 
cause no differential output voltage The amplifier output would be 
a function only of the differential input et and would reject any common¬ 
mode input signal. In practice, this does not occur because nonideal 
conditions exist. One important figure of merit is a measure of the degree 
to which the differential amplifier rejects the common-mode signal in 
favor of the differential signal. This figure of merit is called the common¬ 
mode rejection ratio (CMRR). 

Common-mode input signals cause two types of output errors in dif¬ 
ferential amplifiers. One type of error is a differential output signal 
caused by the common-mode input; the other is a common-mode output 
signal where both outputs change equally and in the same direction. 
Since the op amp which follows the FET input stage will typically amplify 
the differential-mode error 80 dB more than the common-mode error 
(assuming its CMRR is 80 dB), the differential-mode error is by far 
the more important of the two. 

Differential-mode error is the result of unequal gain between the 
two sides of the differential amplifier. This can be caused by imprecise 
transconductance matching of the dual FETs, unbalanced drain resis¬ 
tances, unbalanced source resistances, imprecise output conductance 
matching of the FETs, or any combination of these factors. Thus, if 
the drain or source resistances are adjusted for drift or offset nulling, 
the differential output error will be increased and CMRR degraded. 

Consider the case where the differential amplifier has slightly unbal¬ 
anced gain. An equivalent circuit is shown in Fig. 3-30. 

A figure of merit CMRR can be derived for differential output errors: 

CMRR(diff) = (3-44) 

The differential-mode gain, assuming both halves of the differential 
amplifier are nearly equal, can be approximated as 
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FIGURE 3-30 Differential output equivalent circuit. 

for l/gos » Rs- For Rs « l/gfs and Rd ^/gos> this simplifies to 
the familiar expression 

Aam^g/sRu (3-46) 

If the circuit is balanced except for the drain resistors, the differential¬ 
mode error resulting from a common-mode input signal becomes 

Ai? 

^cm(diff) ^ (3-47) 

SO 

CMRR(aB) = 20 log gfsRo'j (3-48) 

Similarly, the error introduced by unbalanced transconductances is taken 
into account: 


CMRR(dB) = 20 log 2 ^gfsRcm (3-49) 

When unequal output conductances are taken into account, 

CMRR(dB) = 20 log (3-50) 

A/to 

and with unbalanced source resistors, 

CMRR(dB) = 20 log ^ (3-51) 

atCs 

assuming l/gfs » Rs- 

A more general equation, resulting from the combination of all the 
above factors, is 
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CMRR(dB) — 20 log 

r--1 (3.52) 

l(ARs+ l/Agfs)/( Rs + l/gfs) ± ARd/Rd ± ARo/RoI 

The other type of error, common-mode output voltage, is important 
when only one of the outputs of the differential stage is used, or when 
the following stage has a poor CMRR. Figure 3-31 shows how common¬ 
mode output error can be measured. If common-mode gain for common¬ 
mode output errors is defined as 



. Vdi Vd2 

^CM(cm) — 

Fgi rG2 

(3-53) 

then an expression may be found by noting that 



Vd — ~gfsyGsRD 

(3-54) 

However, 

Vgs=Vg-Vs 

(3-55) 

and 

~2 VdRcm 

(3-56) 

Thus, 

Vd — ~gfs VqRd ~ gfs^ Rcm Vd 

(3-57) 

and 

, Vd —gfsRn 

Acmcn,> 

(3-58) 



FIGURE 3-31 Common-mode output 
equivalent circuit. 


It, is common practice to assign a figure of merit to a differential 
amplifier. This figure of merit is “common-mode rejection ratio,” usually 
abbreviated as CMRR(cm). CMRR(cm) is defined as 
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CMRR(cm) 


^CAf(cm) 


(3-59) 


When Eqs. (3-31) and (3-58) are substituted into Eq. (3-59), it is 
apparent that the common-mode rejection ratio for common-mode out¬ 
put errors is 


CMRR(cm) 


_ ~~gfs^D _ 

~^/s/?/>/(! + 2gfsRcM) 


— 1 -h 2gfsRcM 


(3-60) 


Most op amps have single-ended outputs. In such cases, there can 
be only one result of a common-mode input signal: an error in the 
output. In a FET input op amp the total CMRR will be a function of 
the common-mode and differential output errors of the preampliher 
as well as the CMRR of the second stage. To calculate the combined 
CMRR of both stages of the FET input op amp, refer to Eq. (3-59), 
which is the definition of CMRR. 

A two-stage amplifier is shown in Fig. 3-32. CMRR in this circuit is 
calculated as follows: 


CMRR = 


ddiff 

^CM 


(3-61) 


_ (^diffl) (^diff2) _ 

(AcM(cm)) (dcM2) T (dcAf(diff)l) (ddiff2) 



FIGURE 3-32 Two-stage op amp CMRR 
model. 


Substituting Eq. (3-59) into Eq. (3-61), we have 


CMRRtotal — 


_ 1 _ 

l/(CMRR(cm)i) (CMRR 2 ) + l/(CMRR(diff)i 


(3-62) 


where CMRR(cm)i is the CMRR referred to in Eq. (3-60) for the FET 
preamplifier, CMRR 2 is the CMRR specification of the second stage, 
and CMRR(diff)i is the CMRR referred to in Eq. (3-52) for the FET 
preamplifier. 
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In a common-drain stage, the common-mode gain with respect to 
common-mode output error (AcM(cm)) is unity (when Aam =1). Hence, 
the entire output common-mode signal is passed along to the second 
stage. All the equations in this section, except for Eqs. (3-53), (3-58), 
and (3-60), apply equally to common-drain preamplifiers. 


3-10-4 Frequency Response 

The frequency response of a FET differential amplifier is determined 
by two time constants, one for the input and one for the output. 

The input time constant is formed by the generator impedance and 
the effective input capacitance Gn, where 

and 


An 


1 

27rGni?G 


(3-64) 


The output time constant is formed by the drain resistance and the 
output capacitance Cout, where 


fo 


1 


out ■ 


2ttCovaRd 


(3-65) 



FIGURE 3-33 Phase and gain Bode plots for 
typical FET preamplifier. 
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and 


Coni — Cgd + Cioad + Cstray (3-66) 

Equations (3-63) and (3-64) apply to common-drain preamplifiers 
as well as to common-source preamplifiers if Rd — 0. 

For the case of the output time constant for the common-drain pream¬ 
plifier, 


r _ 5/y 

/out o ^ 

aTT C<out 


where 


(3-67) 


Ciout Cgs 4“ Csd 4“ Qoad 4“ Cstrj 


(3-68) 


Typically, the Bode plot of a FET preamplifier will resemble that 
shown in Fig. 3-33. 


3-10-5 Stability and Phase Compensation 

The stability criterion for any closed-loop system, including an opera¬ 
tional amplifier, is that the phase shift around the loop must never reach 
360° for any frequency at which the gain is unity or greater. Since the 
feedback around an op amp is in the inverting input, there is an intrinsic 
180° phase shift. This dictates that the additional phase shift in the 
amplifier plus the phase shift of the feedback network must be less than 
180° for all frequencies where gain is unity or greater. 

Most commercially available operational amplifiers are compensated 
so that they have only 90° of phase shift where gain is unity or greater. 
This is demonstrated in Fig. 3-34. When a FET preamplifier is added 
ahead of an op amp, the total gain and phase response will be the 
sum of the response of the preamplifier and of the second stage. Often, 
this results in a phase shift of 180° or greater over much of the frequency 
range. An intolerable situation is thus created in that the total FET- 
input op amp will oscillate if the gain is set to a value where the phase 
shift is greater than 180°. 

As a rule of thumb, an op amp will not oscillate if the closed-loop 
gain is such that the slope of the rolloff is no greater than 20 dB/decade. 
This point corresponds to a worst-case phase shift of 135°. 


3-10-6 Selecting the Proper FET Pair 

FET differential pairs can be broken down into four general types, ac¬ 
cording to their intended application. These types include low-leakage, 
low-noise, high-frequency, and general-purpose FET duals. 
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Frequency, Hz 

FIGURE 3-34 Compensated phase shift in op amps. 

Low-leakage FETs generally have leakage currents in the range of 
0.1 to 1.0 pA at 25°C. To achieve this low leakage, the active area of 
the device is made small. This small active area produces low g/s and 
low capacitance. Although low-leakage FETs are preferred whenever 
low circuit leakage is the primary design criterion, the designer should 
consider using a general-purpose FET if slightly higher leakage can 
be tolerated. General-purpose devices offer better g/s, offset, drift, and 
en than do low-leakage devices. One feature of the low-leakage FET 
which is not often specified in data sheets, but which is important to 
actual circuit performance, is the Ig breakpoint, that is, the drain-to¬ 
ga te voltage at which the gate current rises rapidly. In practical circuits, 
the drain-to-gate voltage can reach 15 or 20 V, causing excessive leakage 
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for FETs with low Iq breakpoints. If a common-mode voltage range in 
excess of 10 to 15 V is required, a Cascode input stage should be consid¬ 
ered. 

Low-noise FETs are designed primarily for low ^n- They also have 
moderate gfs, low gbs, and moderate leakage and breakdown voltage. 
Low-noise devices tend to have better drift and CMRR characteristics 
than do other types of dual FETs. A low-noise FET can produce the 
lowest noise operation of any FET when the generator impedance is 
below 1 to 10 Mfl. For higher generator impedances, low-leakage FETs 
may well provide the lowest overall noise performance of any transistor, 
bipolar or JFET, because of their lower noise current. 

High-frequency dual FETs have very high gfs and low capacitance. 
To achieve these characteristic leakage currents, breakdown voltage and 
the Ig breakpoint must be sacrificed. Because of these performance trade¬ 
offs, high-frequency FETs should be used only when their high-gain 
bandwidth is a design requirement. Dual high-frequency FETs are usu¬ 
ally of hybrid (two-chip) construction rather than of a monolithic design 
because of the significantly lower capacitances between the two chips. 

General-purpose dual devices are often the best choice for FET input 
op-amp applications, since they exhibit good gfs and breakdown voltage 
and moderately low gos, leakage current, and capacitance. General-pur¬ 
pose dual FETs also tend to have low ^ and good CMRR and drift 
characteristics. 

Representative geometries of the four types of FETs just described 
are shown in Fig. 3-35 and provide a good insight into the relationship 
of device active area and performance characteristics. 

When selecting any dual FET, two factors which affect the overall 
performance of the devices should be considered. One is the maximum 
value of Fcsioffh a low maximum value of Foscoff) simplifies bias design 
and improves common-mode range, CMRR, offset, and drift. The other 
factor is the offset of the device. Although any value of offset can be 
nulled out of a circuit, the nulling process itself degrades CMRR and 
the drift performance of the circuit. 


3-10-7 Selecting the Op-Amp Integrated Circuit 

The monolithic IC op-amp portion of a FET input op-amp circuit either 
contributes to or solely determines five parameters of the complete cir¬ 
cuit. For three of the parameters—offset, drift, and noise—the contri¬ 
butions are diminished in the complete op-amp circuit by the gain of 
the FET differential amplifier. In many circuits, however, these parame¬ 
ters are still significant and should not be ignored. Whenever possible, 
an IC op-amp device should be chosen which specifies maximum values 
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(a) 1/2 dual FET low-leakage NQT 
geometry — gate also backside 
contact S and D are symetrical 



0.021 


I (0.533) n 

(c ) 1/2 dual FET high -frequency 
NZA geometry - gate also 
backside contact 



(b) 1/2 dual FET low-noise NS 
geometry - gate is backside 
contact S and D are symetrical 


0.004 



(d) Dual FET general purpose 
NNR geometry - backside 
junction isolated from active 
contacts 


FIGURE 3-35 Four FET geometries. [All dimensions are given in inches (milli¬ 
meters).] 


for Vosy losy fdrift, /drift, ^n, and in- Many IC op-amp data sheets will provide 
only typical values for these parameters. Typical values can be in error 
by an order of magnitude, and almost inevitably vary from lot to lot. 

One parameter which is usually ignored on IC op-amp data sheets 
is so-called popcorn noise. Even though this parameter is missing from 
the data sheet, it is usually present in the op-amp IC and can be quite 
troublesome in low-noise designs. If low noise is a prime design criterion, 
an op amp specified for low popcorn noise should be selected. 

Two other circuit parameters, output impedance and slew rate, are 
determined almost entirely by the IC op-amp portion of the circuit. 
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3-10-8 Design Example 

This section presents a typical FET input op-amp design example (Fig. 
3-36) using a Siliconix U401 n-channel junction FET. The U401 is de¬ 
signed to be operated with an Id of 200 /xA per device, or with an Iqm 
of 400 fxA. A general-purpose operational amplifier should have a large 
common-mode range and good CMRR. These two requirements dictate 
that an active current source be used, such as the Siliconix CR043 cur¬ 
rent-regulator diode. The CR043 is ideal for this purpose, since it has 
a nominal current value of 430 fxA ±10% and a low temperature coeffi¬ 
cient of less than 0.05%/°C typically, or 0.2 jliA/°C. 

Selection of drain resistor value involves a tradeoff between preampli¬ 
fier gain and common-mode range. Common-mode range decreases and 
gain increases proportionally to increased value of the drain resistor. If 
a voltage drop of 3 V across the drain resistors is permissible, then 
the value of the drain resistors can be found by applying Ohm’s law, 
as in 


Rd 


3 V 

200 juiA 


= 15 kft 


Gain of the preamplifier will be 


^diff- gfsRo (3-69) 

From the U401 data sheet, g/s at 200 /xA operating current varies 
from a minimum of 1000 jmmhos to a maximum of 1600 /xmhos. For a 
worst-case design, the minimum value should be used: 


^diff(min) (1 X 10-3) • (1.5 X 10^) = 15.0 


-15 V 



FIGURE 3-36 General-purpose design 
example circuit. 
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To keep the FETs in the current-saturated region of their output 
characteristics, Vbg should not fall below —Vosioff)- The maximum value 
of Vg then will be 

Vccmax) — VdD — IdV osioff) (3-70) 

Two factors must be considered in determining the minimum value 
for Fg- One is the maximum value of Vdg determined by either the Ig 
breakpoint or the maximum Vdg rating. The other factor is the minimum 
voltage needed across the CR043 to maintain it in a high-impedance 
mode. 

If VoGimax) is the limiting factor, then 

FG(min)l Vdd fzXmin) fz>G(max) (^"^I) 

If the minimum voltage Vcmmin) across CR043 is the limiting factor, 
then 


FG(min)2 Vss T fci?(min) V 5S(min) 


(3-72) 


Both FG(min)i and FG(min )2 should be computed and the most positive 
value used in the design. For our example the U401 data sheet Vdg = 
15 V for the Ig specification, so that will be the value used for FDG(max). 
The CR043 data sheet indicates that the minimum “knee impedance” 
is measured at a Ff of 6 V, so that will be the value used for Fcz?(min). 

The value of FGs(min) can be estimated by substituting the appropriate 
minimum and maximum values in the general FET Vgs equation: 


FGS(min) “ FGS(off)(min) 1 ~ (~ ^ 

\^DSS(min)/ 


(3-73) 


From the U401 data sheet, FGscoffXmin) and iDss(min) are —0.5 V and 0.5 
mA. Maximum If of the CR043 is 473 julA; therefore /©(max) is ( 5 ) (473) 
= 236.5 jJiA. Using these values in Eq. (3-73), we get 

FGS(min) = (-0.5) 1^ 1 - = -0156 V 

Then with Eqs. (3-70), (3-71), and (3-72) we get 


FG(max) = 15 - (0.2365)(15) + (-2.5) = 8.95 V 


Minimum If of the CR043 = 0.387 mA; therefore /©(min) = 0.1935 mA. 
FG(min)i= 15-(0.1935)(15)- 15 = -2.9 V 
FG(min)2 = “15 + 6 + (-0.156) = -9.156 V 

If the common-mode input drops below —2.9 V, Ig may become excessive 
because Vgd will exceed 15 V. The common-mode voltage range for 
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the amplifier then is from —2.9 to +8.95 V, if the Iq specification is 
not to be exceeded. If a higher Iq can be tolerated, then the common¬ 
mode range can go to —9.156 V. 

The offset will be 


Enn « Eosi + — + (3-74) 

gfs gfsRo 

From the U401 data sheet, Eosi = 5 mV, and g/simin) at Id = 200 jaA 
is 1000 jULmhos. From the fxA741 op-amp data sheet, /os(max) is given 
as 200 fxA. Therefore 


ETin(max) 5 X 


10-3 + 


2(2 X lQ-7) 
1 X 10-3 


+ 


5 X 10-3 

15.0 


«5.73 mV 


If both sides of Eq. (3-74) are divided by AT, then 


Erin 

AT 


10 X 


10-6 + 


2(6 X 10-10) 
9 X 10-^ 


1 X 10-5 
15.0 


or 


A Erin 
AT 


« 12 jLtV/^C 


worse case, assuming that the drain resistors 
are perfectly balanced 


For drain nulling, the value of the null potentiometer should be 


Ri 


_ 2T7^n(max)^/s(max)^D 

fcAf(min) 


(3-75) 


or 

2(5.8 X 10-3)(1.6 X 1Q-3)(T5 X IQ-^) 
3.87X10-^ 


or 


Rn=720 a 

However, to this approximation for Rn must be added the maximum 
drain resistor unbalance, which is 2 percent Rd for 1 percent tolerance 
resistors, or 300 a. Thus Rn ^ I ka. The output frequency of the 
preamplifier will be 


font 


1 


27r RnCout 


(3-76) 
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Frequency, Hz 


FIGURE 3-37 Bode plot of preamplifier 
and second stage. 


where 


Gout Cdg Gload Gst ray 


(3-77) 


or 


C;,ut«5 pF-t-2 pF-fS pF« 12 pF 

and thus 


(6.28)(1.5 X 10^)(1.2 X 10-“) 

The combined Bode plot of the preamplifier and the second stage is 
shown in Fig. 3-37. The Bode plot indicates that the op amp will be 
stable for any closed-loop gain of greater than 35 dB. For closed-loop 
gains of less than this value, one of the numerous forms of op-amp 
compensation must be used. 


3-10-9 Cascode Differential Amplifiers 

The common-mode voltage range of a FET differential amplifier can 
be increased by utilizing the Cascode configuration. Consider the differ¬ 
ential stage shown in Fig. 3-38. The dual FET type U421 was chosen 
because of its low gate operating current Iq, which is specified as 0.1 
pA maximum at Vdg = 10 V and Id = 30 juiA. An examination of the 
typical performance curves for the U421 reveals that the Ig breakpoint 
for this device is about 10 V Vdg> as shown in Fig. 3-39. This means 
that even with ideal bias conditions the common-mode voltage range 
cannot exceed 10 V without an appreciable increase in Ig occurring. 
Actually the maximum specified value of — Foscoff) must be subtracted 
from the 10 V, leaving a common-mode range of 8 V. A further reduction 
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FIGURE 3-38 FET differential amplifier. 



0 10 20 30 40 50 

Drain-gate voltage Vqg ,\/ 


FIGURE 3-39 Leakage currents 
vs. drain-gate voltage. 


must be allowed for (1 — Av)/2 times the maximum differential signal. 
Thus, even though the U421 has a maximum gate-drain and gate-source 
voltage rating of ~40 V, operating gate current will start to increase 
appreciably when Vog exceeds about 10 V. 

Common-mode voltage range, common-mode input resistance, and 
common-mode rejection ratio can be improved by the addition of an¬ 
other pair of FETs connected Cascode, as shown in Fig. 3-40. In the 
example, we utilize the Siliconix type U401 for the common-gate pair 
and still use the U421 for the common-source input pair. From a study 
of the characteristic curves for the U421, we conclude that a minimum 


Vdd +30 V 



FIGURE 3-40 Cascode differential 
amplifier. 


Vss -20 V 
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Vds of 1 V should be allowed to ensure that it operates in drain-current 
saturation. This means that the minimum Vgs for the U401 at the operat¬ 
ing Id of 30 juiA should be 1 V, and therefore a selection may be called 
for. Since the maximum Fgs( off) for the U401 is specified as 2.5 V, the 
range of Vds for the U421 will be 1 V to slightly less than 2.5 V. Vgs 
at Id = 30 jjlA is specified as —1.8 V maximum for the U421; therefore, 
the maximum Vdg of the U421 for this circuit will be about 4.3 V. This 
is well below the Ig breakpoint. The common-mode voltage range is 
now limited by the breakdown rating of the U401, which is specified 
as 50 V. Although 50 V exceeds the Ig breakpoint of the U401, its Ig 
is still typically less than 10 nA; since this current is supplied by the 
common-source current supply, it does not contribute to input leakage. 
The input bias current is virtually independent of the common-mode 
voltage because the Vdg of the input FETs does not change with common¬ 
mode voltage. 


3-11 DISTORTION IN FET AMPLIFIERS 

Harmonic distortion in any amplifier stage is principally the result of 
a nonlinear input-output transfer characteristic plus the effect of non¬ 
linear loading on the signal source. As the transfer curves of most ampli¬ 
fying devices are nonlinear, a certain amount of distortion will be gener¬ 
ated by any amplifier, whether it employs a vacuum tube, transistor, 
or FET. Linearity is affected by bias, operating voltage, load impedance, 
signal level, and device characteristics. Input-impedance variations may 
also have an effect under certain operating conditions. Distortion may 
be minimized in any application by operating the device under the most 
advantageous bias and load conditions. 


3-11-1 Mathematical Analysis 

As certain types of distortion are more detrimental than others in any 
given application, an understanding of the types and causes of distortion 
is desirable. The type and amount of distortion observed is a function 
of the extent to which the transfer curve departs from a straight line. 
Neglecting the effects of supply voltage (except for the vacuum-tube 
triode) and assuming neither load-current cutoff nor saturation, transfer 
curves of the several amplifier devices are closely approximated as fol¬ 
lows: 


1. Triode (vacuum tube) 



3 i 

( VpV'^ 

(Fg + -^) 

gm = -Kl\ 

yo-h-] 

\ /lA/ 


{ ]i-) 


(3-78) 
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2. Pentode (vacuum tube) 



4. Bipolar transistor 

Ic =J <4 (e^^BE-l) = ^be 


(3-79) 


(3-80) 

(3-81) 


At the time of this writing, VMOS power FETs are available 
with a very linear region in their transfer characteristic. Al¬ 
though not designed for low-power small-signal amplifiers, 
they can be used for making low-distortion amplifiers if oper¬ 
ated with a bias current in excess of 400 mA. This type 
2N6659, for example, has a transfer curve of approximately 

5. VMOS lu ^ K, (Vgs - Vth' ) gm- (3-82) 

Kb for the 2N6659 is approximately 0.25 mho at values of 
Id in the 400-mA to 1-A range. Below 400 mA the 2N6659 
tends to follow Eq. (3-80). 


To determine the degree of distortion, the transfer curves may be 
expressed as a power series where each term individually represents 
the fundamental or a distortion term. For example, the small-signal 
transfer function evaluated at a given set of dc operating conditions 
may be written as 


ip - gmeg + ^ — 


. + 1 ^ 

2!SFg“® 3! 8F2 


m 


is^ 


(3-83) 


Note that each term includes a derivative of the transconductance 
term gVn- The first term represents the desired fundamental. The second 
represents a constant plus second harmonic, and the third represents 
the first and third harmonics. The first harmonic component of the 
third term adds to the fundamental, causing a loss in proportionality 
between input and output. The third-harmonic component causes cross¬ 
modulation and intermodulation distortion when two or more signals 
are present at the input. 

With FETs, the second- and higher-order derivatives of gm are zero; 
therefore, only a second harmonic is present and cross-modulation prod¬ 
ucts are extremely low. In the case of vacuum tubes, fourth- and higher- 
order terms are negligible. However, the series does not converge so 
rapidly for the transistor; hence fourth- and higher-order harmonic dis- 
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tortion may be significant, and cross-modulation is more serious than 
with the vacuum tube. 

As the second term of the series is proportional to curvature in the 
transfer characteristic, second-harmonic distortion may be minimized 
by operating on the most linear portion of the transfer curve. 

The third term is proportional to rate of change of curvature, therefore 
third-harmonic and cross-modulation may be minimized in the same 
manner. 

Although the FET promises to generate only second-harmonic distor¬ 
tion, the operating point must be carefully controlled for minimum dis¬ 
tortion. Calculations made from an idealized or measured transfer curve 
may not necessarily tell the entire story. For example, the dc transfer 
curve of Fig. 3-1, normally plotted at a constant Fds, does not take 
into account the effect of Vds varying with signal or of gos varying with 
Id. Figure 3-5 shows both of these effects. 


3-11-2 Sources of Distortion 

Figure 3-41 shows a FET amplifier stage. Variations in ^ig, Vgs> Rl, 
Vcsioff), gos, and g/s will have an effect on distortion. For low distortion, 
it is desirable to operate with small input signals near zero bias. Both 
Rl and Vdd should be high, and Vds should be sufficiently above the 
knee of the output-characteristic curves but no greater than necessary. 
Also avoid the region near drain-to-gate breakdown to prevent the flow 
of gate current on signal peaks. Furthermore, certain FET geometries 
are preferred over others. 


3-11-3 Transfer Curve and Output Conductance 

Follow the instantaneous operating point up and left along the load 
line in Fig. 3-42. Note that g/s increases as Vgs approaches zero. This 
causes second-harmonic distortion due to curvature of the transfer curve. 
What is not so apparent is that nonlinearities exist due to decreasing 
gos, as Id decreases. This effect is visible in the stylized sets of constant 



Bout 


“Vgg 


s_ 


FIGURE 3-41 RC 
amplifier. 
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FIGURE 3-42 FET output characteristics. 


gfs output characteristics of Fig. 3-43. Set a exhibits constant g/s and 
constant gos, and set b exhibits a slight nonlinear change in gos with Id. 
Set b indicates an increase in gain as the operating point moves down 
and right along the load line. Reference to the gain equation indicates 
that the effect of decreasing gos is less for large Gl, as expected from 
graphical analysis of Fig. 3-42. g/s decreases with increasing Fgs- The 
decrease in gos tends to offset the distortion produced by the nonlinear 
transfer curve. Thus at a certain operating point the two distortion 
sources nearly cancel to produce a point of minimum distortion. 


^0 ^ gfs 
ei l/Rh + gos 


(3-84) 














— 

nT 
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If—^ 




If ^1 



y ^1 


r N ] 


Drain-source voltage Vqs ,V 


(a) Constant g^ 5 , constant Qjjg 


(b) Constant gfs, non constant gos 


FIGURE 3-43 Idealized FET output characteristics: (a) 
constant g/s, constant gos; (b) constant g/sy nonconstant gos- 
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Expanding the power series transfer function of Eq. (3-83) for the 
FET gives the expression 

2IdSS rr ‘ 2o)t\ 

= (Vp- VGs)Ea sin o>t-— - - - j--. (3-85) 

where Ea = peak signal amplitude. 

Taking the ratio of the amplitude of the second harmonic to the 
fundamental, the following expression for percent second-harmonic dis¬ 
tortion is derived: 


% 2d harmonic distortion = - (3-86) 

Vp~ Vgs 

This expression is valid for small-signal distortion due only to transfer 
characteristic curvature. Required conditions are that the drain-voltage 
saturation region is avoided and that drain current flows during all por¬ 
tions of the cycle. Measurements of FET distortion confirm the expected 
results and, indeed, indicate close agreement with the distortion as calcu¬ 
lated from Eq. (3-23). 


3-11-4 Gate Bias and Signal Level 

According to Eq. (3-86), small-signal distortion is directly proportional 
to signal level. The plot of total harmonic distortion vs. input signal 
of Fig. 3-44 provides verification, indicating that distortion increases 
linearly with input signal level. Although Fig. 3-44 was generated from 
data taken at zero gate bias, the distortion level is unaffected by the 
slight forward gate biasing on negative signal peaks because the gate 
input impedance stays high for low values of forward bias. 

Input circuit distortion does not become measurable until the rms 
input signal level exceeds 100 mV. This is borne out by Fig. 3-45, which 
plots input distortion vs. input signal for gate-circuit time constants of 
10 to 1000 ms. The reason for increasing distortion with input signal 

1.4 
1.2 

^ 1.0 
c 0.8 

o 

% 0-6 

f 0.4 
b 

0.2 

0 

10 20 30 40 50 60 70 80 90 100 
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FIGURE 3-44 Distortion vs. input 
signal level. 
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FIGURE 3-45 Distortion vs. input 
voltage and time constant. 
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is that the gate draws current from the signal source on input peaks; 
distortion is reduced by employing the equivalent of grid-leak bias. In 
this manner, the direct current drawn through the gate-return resistor 
develops a gate bias approximately equal to the peak forward signal 
voltage. So long as the input capacitor remains charged, the gate ceases 
to draw current on signal peaks. Thus distortion becomes a function 
of frequency, e.g., reducing the frequency to 100 Hz will have the same 
effect as reducing T— RC by a factor of 10. Figure 3-45 indicates that 
for low distortion when the gate conducts on signal peaks, RC must 
be about 1000 times the period of the lowest frequency to be handled. 
If the generator impedance is quite low, say a few hundred ohms, the 
input distortion will be reduced considerably. However, as this is not 
a normal operating condition, the gate should be operated at a bias 
level sufficient to ensure that signal peaks will not forward-bias the gate 
by more than 100 to 200 mV. 

Further reference to Eq. (3-86) indicates that distortion increases as 
Vgs approaches Vp, or that for Vgs — 0, distortion is inversely proportional 
to Vp, Distortion versus Vgs is plotted in Fig. 3-46 for two values of 
input signal for a device with Vcsiofo = 2.3 V. Figure 3-47 plots distortion 
against Vp for Vgs — 0. Rather close agreement with calculated values 
in evident in both plots. 


3-11-5 Drain Voltage 

The effects of V^s and gos on distortion are illustrated in Fig. 3-48. The 
Vds effect is in reality a gos effect, as may be seen from reference to 
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FIGURE 3-46 Distortion versus Vgs- 


the versus-Fz)s curves of Fig. 3-49. Distortion due to gos becomes 
large at low Vds due to the very high value of gos, while the distortion 
at high Vds is principally due to the variation in g/g. As Vds is decreased, 
the gos-induced distortion increases and, as previously pointed out, acts 
to counteract the g/s-induced distortion. At a specific and fairly low Vds 
the two out-of-phase distortions nearly cancel to produce a minimum 
in the distortion curve. Operation at the point of minimum distortion 
is not particularly recommended, since its location is uncertain and very 
near a region of excessive distortion. 

Operation below the point of minimum distortion at low Vds results 
in a significant increase in nonlinear distortion due to drain saturation. 
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FIGURE 3-48 Distortion versus gos- 
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reflected in a rapidly increasing gos- This effect is also visible in Fig. 
3-42 as the operating point moves up and to the left along the load 
line approaching the knee of the output curves. 


3-11-6 FET Geometry 

Physical geometry of the FET has an effect on distortion, as shown in 
Fig. 3-48, where two devices of approximately equal Vcsiom generate 
significantly different distortion levels. These distortion levels are due 
to different gate lengths, which affect the value of gos and the rapidity 
with which device output characteristics shift from triode to pentode 
type as Vos increases. Figures 3-50 and 3-51 show the output characteris¬ 
tics of the two devices. The differing values of gos are apparent. 

The 2N4867 is a very long-channel device and exhibits the lowest 
value of gos. The Id transition from unsaturated to saturated is quite 
rapid, as shown in Fig. 3-50. Distortion is high because the low gos only 
slightly reduces that induced by g/s. On the other hand, distortion at 
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FIGURE 3-49 gos versus Vds. 
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FIGURE 3-50 2N4867 output 
characteristics. 
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FIGURE 3-51 2N4339 output 

characteristics. 


low Vds is low. Where drain-supply voltages are limited, the long-gate 
device is preferred over other FET types because the operating point 
may be closer to the knee of the output curve. 

The 2N4339 is a short-channel device exhibiting rather high gos and 
a poorly defined transition region from high gos to low gos, as shown 
in Fig. 3-52. The high gos results in a fairly low distortion so long as 
adequate drain voltage is available. The short-gate device is probably 
the best choice where minimum distortion is a requirement if supply 
voltage is not severely limited. 


3-11-7 Load Resistance 

The load resistance also affects distortion level. The effect is again a 
function of gos- Figure 3-52 shows how distortion decreases with increas¬ 
ing Rl- The improvement is greater for short- than for long-channel 
devices, as gos is greater for the former. The reason for an improvement 
with increasing /?l is that the gos-induced distortion has a greater oppor¬ 
tunity to counteract g/s distortion as the load line becomes more nearly 
horizontal. Consider, for example, that gos effects are zero when Rl = 
0 and the load line is vertical. Conversely, g/s effects are near zero when 
Rl = ^ and the load line is horizontal. At some point with high Rl, ^ 
distortion minimum will occur beyond which gos distortion is greater 
than gfs distortion. 
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FIGURE 3-52 Distortion vs. load. 
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3-11-8 Rules for Low Distortion 

From the preceding discussion, it follows that FET amplifiers may be 
operated at very low levels of distortion. However, close attention must 
be given to the dc operating point, bias level, load resistance, and FET 
characteristics. The rules to follow, listed in descending order of impor¬ 
tance, are: 


1. Maintain Fds high enough that peak output signal swing 
will not reduce Fds below 2 to 4 times — kbscoff)* 

2. Maintain Vgs at such a point that peak input signal swing 
will not forward-bias the gate junction by more than 200 
mV. 

3. Do not operate near drain-gate breakdown voltage unless 
utilizing a low signal source impedance. 

4. Maintain a minimum Vgs consistent with other circuit re¬ 
quirements. More properly, maximize Vgs ~ Vgs^ 

5. Minimize input signal level. 

6. Use a high value of load impedance. 

7. Maintain Vos at the lowest value consistent with rules 1 
and 3. 


Note that rules 4 and 6 indicate operation at the highest practical 
gain commensurate with power-supply and frequency-response limita¬ 
tions. 

A particularly practical viewpoint is to consider distortion as a percent¬ 
age of output voltage rather than of signal voltage as represented by 
Eq. (3-86). The combined effects of FET parameters kbscoff), loss, gm, 
and stage gain may then be determined. 

Consider the stage gain expressed in Eq. (3-84) simplified to 


— = gniRh 


(3-87) 


Combine this with Eq. (3-86) to obtain distortion in terms of output 
voltage. 

% distortion = —(3-88) 
gmRhiVp ~ Vgs) 

If Rl is related to supply voltage and FET characteristics as follows: 



Vdd-2Vp 

2Id 


(3-89) 
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For maximum output signal swing, the FET characteristic equations 


Vgs)^ 

VI 

_^^DSS ,rr rr . 

” (Vp— Vgs) 

VI 


(3-90) 


(3-91) 


may be used with Eqs. (3-88) and (3-89) to find output distortion. 

25gQ(pfc; 


% distortion = 


Vdd-2V. 


(3-92) 


Equation (3-92) shows that FET amplifier distortion for a given output 
voltage is independent of loss and g/s. Rules 4 and 5 above become of 
little importance for the case where is small and Rl may be increased 
without regard to bandwidth or other design considerations. High Vdd 
and low Vcsioff) allow high high gain, and thus low esig to produce 
a given eo. Thus distortion is minimized due not only to the low signal 
required, but also to the advantages of high Ri already discussed but 
not expressed in Eq. (3-92). 

For lowest distortion the FET selection will depend upon the available 
input signal, supply voltage, and required bandwidth. For large input 
signal and large bandwidth, a high Vcsioft) is desired unless source degen¬ 
eration is applied. For small input signal or low Vdd, a low Vcsioff) unit 
is desired. The choice will depend upon the specific conditions of applica¬ 
tion. In any case, a FET exhibiting high goss is desired. This characteristic 
may be evaluated by reference to the output characteristic curves for 
any particular FET. Output characteristic curves with large slope mean 
high goss. 

Note that no attempt has been made to play off one characteristic 
against another. For example, a low Foscom unit from any one given 
geometry will exhibit a slightly higher g/s at a given drain current than 
will the high Vcsioff) unit of the same family. This means that the device 
may be operated at low Id for higher gain g/s than is attainable with 
the high Vp unit. Few of these tradeoffs can improve the distortion level. 


3-12 AUDIO-FREQUENCY NOISE CHARACTERISTICS 

The purpose of this section is to identify and characterize audio-fre¬ 
quency noise in junction field-effect transistors. Emphasis is placed on 
basic device characteristics rather than on end applications, since it is 
important for the circuit designer to know the salient noise behavior 
of the FET, and how those characteristics may be specified by production- 
oriented test parameters. 
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3-12-1 Defining FET Noise Figure 

For analysis, it is convenient to represent noise in a FET by assuming 
that an ideal noise-free device has two external noise sources, Cn and 
in. These noise sources are chosen to have the same output as would 
an actual noisy FET. An equivalent circuit is shown in Fig. 3-53. 


FIGURE 3-53 Representing noise in an 
ideal FET. 



A noise factor F is a figure of merit of a device with respect to the 
resistance of a generator. To calculate a noise factor, a source resistor 
Rcy with a thermal noise voltage is added to the circuit. A noise 
factor F may be defined as 

^ _ ^ , noise power of FET referred to input /o r^ox 

F— 1 H-^----—-- (3-93) 

noise power due to Fg 


The thermal noise voltage across Rq is 

eT={4kTRGBy/^ (3-94) 


where k= 1.380 X 10—J/K (Boltzmann’s constant) 
T= temperature in Kelvins 
B = bandwidth in hertz 
Therefore noise power due to Rg is 


e% _ 4:kTRGB 
Rg Rg 


4kTB 


The noise power of the FET referred to the input is 



Rg 


(3-95) 


(3-96) 


When expressions for the noise power of both the FET and Rg are 
substituted, the noise factor becomes 


1 I T in Rg 

^ AkTRoB 


(3-97) 


A noise figure NF expressed in decibels indicates the presence of added 
noise power from the FET or another active device. The noise figure 
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is always given with reference to a standard, specifically the generator 
resistance Rg' 

NF=10 1ogF (3-98) 

The noise figure of the FET is 

When junction FET noise is expressed in terms of the noise figure NF, 
an inherent disadvantage arises in that the noise figure is dependent 
upon the value of the generator resistance /?g- Therefore, the en, in 
method remains as the best way to quantitatively express the noise char¬ 
acteristics of the FET itself. 


3-12-2 Describing Junction FET Noise Characteristics 

Junction FET en and in characteristics are frequency-dependent within 
the audio noise spectrum, and take a form as shown in Fig. 3-54. en, 
the equivalent short-circuit input noise voltage (with the exception of 
the 1//" region), is defined as 

en = V^kTRNB (3-100) 

where Rn = 0.67/gfs, the equivalent resistance for noise. The en, except 



10 ' 


10 ' 


-H 


CL 

Cl N1 

■ 1 ^ 


10 " 


10 " 


10 


100 


1K 

Frequency f, Hz 


10 K 


100 K 


FIGURE 3-54 Characteristics of junction FET noise. 
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in the 1//” region, closely approximates the equivalent thermal noise 
voltage of the channel resistance. 

In the so-called 1//” region, en is expressed as 

(3-101) 

where n varies between 1 and 2 and is device- and lot-oriented. 

The characteristic bulge in Cn in the 1//” region has been observed 
to some extent in all junction FETs submitted to test. The breakpoint 
or corner frequency shown as /i in Fig. 3-54 is lot- and device-design- 
oriented, and varies from about 100 Hz to 1 kHz. 

As indicated in Eqs. (3-100) and (3-101), 4 is inversely proportional 
to the square root of the transconductance of the FET (en ^ ^/y/gfs)- 
en can be lowered by a factor of l/^/iV if A devices with matched electrical 
characteristics are connected parallel. For example, when 



N=2 

(3-102) 

let 

^nl ^2 

(3-103) 

and let 

gM — gfs2 

(3-104) 

Thus, 

^/s(total) = 2gfsi or 2gfs2 

(3-105) 

From Eq. (3-100) 





(3-106) 

and 





(3-107) 

Thus, 

1 

^n(total) 

(3-108) 


A second way to achieve low Sn is to use a device with a large gate 
area. Empirically, Cn is inversely proportional to the square of the gate 
area (en ^ 1/^g)» independent of g/s. This large gate area philosophy 
has been followed in the design of the Siliconix 2N4867A FET, and 



126 


DESIGNING WITH FIELD EFFECT TRANSISTORS 


noise performance of the device is discussed later. A major advantage 
of this type of design is that Sn is significantly lowered, in also remains 
at a low value. 

The equivalent open-circuit input noise current iny except in the shot 
noise region shown in Fig. 3-54, is due to thermally generated reverse 
current in the gate-channel junction. It is defined as 

4 = (3-109) 

where 1.602 X 10“^^ C (the magnitude of the electron charge) 

Ig — measured dc operating gate current in amperes 
5 = bandwidth in hertz 

The expression is accurate only when the measured gate current is the 
result of bulk device conductance. It is possible for the measured gate 
current to be due to conductance stemming from contamination across 
the leads of the semiconductor package. 

At higher frequencies, as in the shot-noise region shown in Fig. 
3-54, in can be approximated as being equal to the Nyquist thermal 
noise current generated by a resistor: 

^ = (3-110) 

where Rp is the real part of the gate-to-source input impedance. The 
breakpoint of corner frequency ^ in Fig. 3-54 is lot- and device-design- 
oriented. It usually is between 5 and 50 kHz. 

Another form of noise found injunction FETs is known as “popcorn” 
or burst noise; the term popcorn noise was originated in the hearing 
aid industry because of noise or level shifts which are present in input 
stages and which resemble the sound of corn popping. Popcorn noise 
is a form of random burst input noise current which remains at the 
same amplitude and which is confined to frequencies of 10 Hz or lower. 
The suitability of a FET device is dependent on the amplitude of the 
burst, its duration, and its repetition rate. The origins of popcorn noise 
are not completely identified, but it is believed to be caused by intermit¬ 
tent contact in aluminum-silicon interfaces and by contamination in the 
oxidation process. 

A test circuit to measure popcorn noise in differential junction FET 
amplifiers is shown in Fig. 3-55. In practice, popcorn noise is evaluated 
on an engineering basis, not on a production-line basis. There is no 
apparent correlation between 1//" noise at 10 Hz and popcorn noise. 
However, if the amplitude of the burst is large and occurs frequently, 
then 1//” noise voltage (en) is masked and difficult to evaluate at 10 
Hz. The graph in Fig. 3-56 shows “moderate” burst noise observed in 
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FIGURE 3-55 Test circuit to measure popcorn noise. 


a group of junction FET differential amplifiers which were measured 
in the test circuit. 


3-12-3 Operating-Point Considerations 

Unlike bipolar transistors, where en and in characteristics vary directly 
with change in collector current /c, similar characteristics in junction 
FETs will vary only slightly as drain current Id is varied. This is true 
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FIGURE 3-56 Popcorn noise in differential amplifiers. 
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SO long as the FET is biased so that the drain-source gate is greater 
than the pinchofF voltage (Vdg^ Voscoff))- 

The Bn injunction FETs will be lowest when the devices are operated 
at Vgs = 0(Id— loss), where transconductance g/s is at its highest value. 
This will be true only if device dissipation is maintained very low in 
relation to the total dissipation capability of the FET. 

The curves in Fig. 3-57 illustrate changes in Cn as the operating drain 
current Id is varied. Note that the lowest 4 did not occur at Vqs = 0, 
because of high power dissipation and a resultant rise in junction tem¬ 
perature at the operating point. 

The optimum (lowest) in in depletion-mode junction FETs should 
occur at Vgs = 0(Id = loss)- In practice, very little change will be seen 
in in when the operating point is changed, provided that the drain-gate 
voltage is maintained below the Ig breakpoint and power dissipation 
is kept at a low level. The curves in Fig. 3-58 illustrate in characteristics 
as a function of drain-gate voltage at points below, on, and above the 
Ig breakpoint voltage. 

To minimize Ig under operating conditions, particular attention must 
be paid to Vdg^ The critical drain-gate voltage (Ig breakpoint voltage) 
can be anywhere from 8 to 40 V, depending on device design. 

Gate operating current Ig should not be considered equal to gate 
Igss in linear amplifier applications. Igss is the reverse-biased gate-junc¬ 
tion leakage current with Vos “ 0. The curves in Fig. 3-59 show how 
Ig breakpoint is related to basic device design. Device designs with a 
high gfs/Qss ratio typically have low breakpoint voltages, at Vdg =10 
V, whereas high-jut devices (jut = rds • g/s) have much higher Ig breakpoints, 
typically Vdg = 20 to 30 V. 

Three equations presented earlier show that Sn and in are proportional 



FIGURE 3-57 en changes versus Id 
variations. 


FIGURE 3-58 in characteristics as a 
function of drain-gate voltage. 
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FIGURE 3-59 Gate operating current vs. drain-gate voltage. 


to Both will be reduced if the temperature is lowered. In Eq. 

(3-109), in is proportional to V%. If /g is below its breakpoint, Ig will 
halve for each temperature drop of 10 to 11°C. en is also proportional 
to \/Rn, where Rn = 0.67/^/s. Thus when g/s is increased, which is 
typical of junction FETs operating at low temperature, 4 will also be 
reduced. 

Fig. 3-60 shows g/s versus temperature for a silicon junction FET. 
Performance improves with decreasing temperature until about 100 K 
is reached. Below 100 K g/s drops rapidly. 

In connection with the plot of g/s versus temperature, note that the 
relationship can vary from approximately 0.2 to 1 percent per degree 
Celsius. The g/s slope depends upon the basic design of the FET and 
upon the proximity of the drain-current operating point to Idz, the zero 
temperature coefficient point. 



Temperature T, K 


FIGURE 3-60 gfs versus temperature. 
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The major application for junction FETs at low temperature is in 
charge-sensitive amplifiers. For best performance in this type of applica¬ 
tion, a high gfs/Ciss ratio is required. Recommended Siliconix FET types 
for such applications are the 2N4416 (NH geometry) and the U311 
(NZA geometry). 


3-12-4 Test Measurements 

By definition, ^ and in are referred to the input of the device under 
test. To measure in, the test circuit shown in Fig. 3-61 is useful. 

The following procedure should be used to make the in test: 


1. Set tunable filter to required^ow and^igh- Adjust oscillator 
to mean center frequency 

l^ean = (flow " ^igh)^^^] 

2. Set Fosc to 100 mV with switch 1 in position 1. Compute 

= 10-‘ X= 10-5 V = 10 juuV 


3. Measure Fouti- Compute overall gain as 


. fouti fouti 
Av = -=- 

Vinl 10 jUlV 

4. Set switch 1 to position 2 and measure Fout 2 - Compute 
Fin 2 , the equivalent short-circuit input noise voltage in, 
using Av from Step 3. 


Fin2 


fout2 



in volts over bandwidth fow to jhigh- 


Vdd 



FIGURE 3-61 Test circuit to measure en. 
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An alternative method of performing the above test is to use a Quan- 
Tech Transistor Noise Analyzer consisting of a Model 2173 Control 
Unit and a Model 2181 Filter. The analyzer has provision for measuring 
Sn and determining NF with various values of /?g in FET and bipolar 
devices with selectable test conditions. The measuring system has a con¬ 
stant gain of 10,000. The analyzer records output noise at selected fre¬ 
quencies between 10 and 100 Hz in the device under test, with the 
scale shown as the actual output divided by 10,000. This is then the 
output noise referred to the input. The equivalent bandwidth for testing 
is 1 Hz. 

There are certain instances where the test circuit or the Transistor 
Noise Analyzer is not adequate to measure en at certain frequencies 
over certain bandwidths in the 1//” region. The rms noise over a band¬ 
width from fiovf to ^igh, where there is a \/f^ characteristic over the 
entire range, can be computed as 

en = {en known) j^^nown • In j (3T 11) 

Figure 3-62 represents this equation graphically. For example, en known 
= 70 X 10 ® V/\/Hz at 10 Hz. How much noise is in the band from 
4.5 to 5.5 Hz? The noise has a 1//^ characteristic over the entire range. 
Thus 


en = (70 X 10-«) [ 10 • In V (3-112) 

or 

4 = 99.16 X 10-9 V/VHi @ 4.975 Hz (3-113) 

4.975 Hz is the mean center frequency where ^ean = (flow * fhighV^^- 
in measurements are difficult to implement at best. At frequencies 
below ^ in Fig. 3-55, in is assumed to have a constant level or “white” 


FIGURE 3-62 Computing rms 
noise over a bandwidth. 
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noise characteristic which may be correlated with gate current /g. From 
Eq. (3-109) Ig is established as the measured bulk gate current. Because 
measured gate current Ig is the result of all conductances at the gate, 
the resultant gate current and the computed in due to bulk material 
can be assumed to be this value or less. The total equivalent input 
noise of the FET can be approximated by 

eli = e%+el +il Rl (3-114) 

er — thermal noise of the generator resistance Rg 
eni — total FET noise referred to the input 
This approximation assumes that the equivalent noise voltage and the 
current generators vary independently. Equation (3-114) implies that in 
can be calculated if en, er, and total noise eni are known. The difficulty 
here is that in MOS or junction FETs, the Rg must be very large to 
detect the anticipated small value of 4- However, when Rg is very large, 
Bt is much greater than For example, over a 1-Hz bandwidth 

at 25°C, if Rg is equal to 100 Mil, then 

e^T = ^kTRG = 4X 1.38 X lO'^a X 2.95 X 10^ X lO® 

= 1.63X 10-12 v/VHi 

Anticipated in is 

In =- 10-15 A/VHJ 

and 

i^=10-3OA/VH5 

Thus 

ll^ Rl= 10-30 . 1010= 10-14 V/VhJ 

Therefore, • R% is much less than e^, which renders this method of 
finding in impractical for most common MOSFETs or junction FETs. 

An improved method of measuring is to substitute a low-loss mica 
capacitor for resistor Rg. The mica capacitor by definition does not 
have an equivalent thermal noise voltage, and thus Eq. (3-114) becomes 

= + XI 

where Xc = capacitive reactance 
or . 

Xc 

When a 10-pF mica capacitor was used in the evaluation circuit (up to 
a frequency of 100 Hz), a correlation of from 80 to 90 percent was 
obtained when compared with in computed from measured gate current 


(3-115) 

(3-116) 
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readings. At frequencies above 100 Hz direct computation of in via the 
capacitor method becomes unwieldy because of the rapid decrease in 
capacitor reactance at these frequencies. 

In calculating in at higher frequencies, an alternative method is to 
measure Rp, the real part of the gate-source impedance of the FET. 
When Rp is measured at various frequencies, the equivalent short-circuit 
input noise current in can be computed as a function of frequency. [See 
Eq. (3-110).] A convenient instrument for measuring Rp is the Hewlett- 
Packard Type 250A Rx meter or equivalent. The Type 250A Rx meter 
can measure Rp accurately up to 200 kft. As is shown in Fig. 3-63, 
this establishes the low-frequency limit of 20 MHz for in computed via 
direct measurement of Rp for the Siliconix FET Type 2N4117A. For 
frequencies between 100 Hz and 20 MHz, in must be extrapolated, as 
is shown in Figs. 3-63 and 3-64. For FET types with lower Rp (such as 
the Siliconix 2N4393), in can be computed down to 2 MHz, and hence 
extrapolated in between 100 Hz and 100 kHz is more accurate. 

Figure 3-65 shows representative en, in curves for Siliconix JFET prod¬ 
ucts. Of particular importance is the geometry which by its design gov¬ 
erns the basic noise characteristics of product types derived from it. 


3-12-5 Conclusion 

Contemporary junction FETs have noise voltages in equal to those found 
in low-noise bipolar transistors. These two device types have different 
operating mechanisms: the FET is voltage-actuated, while the bipolar 
transistor is current-actuated. Hence, FETs have an inherently lower 
noise current in and are preferred over bipolar devices in most audio¬ 
frequency applications where low-noise performance is a design require¬ 
ment. 

When bias points are properly selected, as described in this chapter. 
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FIGURE 3-64 Extrapolated in versus 
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the excellent low-noise characteristics of high-g/s junction FETs can be 
realized. 

The curves shown in Fig. 3-65 are representatives of en and in 
performance of Siliconix junction FETs. Of particular importance in 
these curves is the process geometry by which the basic design of the 
FET governs the noise characteristics of product types derived from 
it. Readers are invited to refer to the Siliconix FET catalog for full 
geometry performance data and for specific part numbers stemming 
from the generic process geometries. 

In the measurement section, it was shown that direct Sn measurements 
can readily be made, in can be guaranteed at frequencies below 100 
Hz by measuring the dc operating gate current /g. When Ig is known, 
in can be extrapolated from frequencies below 100 Hz to predict noise 
performance at frequencies to 100 kHz. 
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4-1 High-Frequency Techniques 
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4-1 HIGH-FREQUENCY TECHNIQUES 

Field-effect transistors suitable for high-frequency applications have be¬ 
come aggressive competitors to bipolar transistors for both small-signal 
and power applications. 

The first popular small-signal JFET suitable for VHF performance 
was the n-channel 2N3823 introduced by Texas Instruments in 1965. 
This device was characterized through 100 MHz. When Union Carbide 
(now Solitron) introduced their 2N4416 a year later, characterized 
through 400 MHz, it became the favorite for the remainder of the decade. 
It too had its faults, and although it maintained a lead position among 
high-frequency JFETs, it was not the panacea for trouble-free perfor¬ 
mance. It was close, but it missed the mark, and so there was room 
for the introduction of the MOSFET. 

RCA introduced the first dual-gate MOSFET, the 3N140, in 1968, 
but not until their 3N187 came along two years later did the MOSFET 
become widely used in the TV and FM industry. 
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Both the n-channel JFET and the dual-gate MOSFET have become 
standard components in TV, FM, auto radios, guided missiles, radars, 
and wherever high-performance, high-frequency communications is 
found. Features and applications of some of the more prominent devices 
will be discussed further in this chapter. 

In small-signal high-frequency applications the FET has several inher¬ 
ent advantages over the bipolar transistor, such as: 

O Square-law transfer characteristics which give at least a ten¬ 
fold increase in input voltage handling capability with less 
spurious signal generation. 

O Good low-noise performance over the whole frequency 
range. This performance is especially noticeable in oscilla¬ 
tors where low phase noise is of paramount importance. 

O Reduced sensitivity of input admittance to shifts in the oper¬ 
ating point caused by AGC action, thus effecting less detun¬ 
ing of tuned circuits. The prime device for such applications 
is the dual-gate MOSFET, where 50 dB AGC can be 
achieved with insignificant detuning of high-Q tank circuits. 

O A high input resistance, in the common-source configura¬ 
tion, reduces the loading effects on input circuits, helping, 
among other things, to maintain high-selectivity tuned cir¬ 
cuits. 

O Linear group delay over appreciable bandwidths and under 
varying AGC. Parasitic FET reactances are voltage-depen¬ 
dent and not generally affected by input signals. 

For power FETs there are other advantages which are usually over¬ 
looked in small-signal FETs. The absence of minority-carrier storage 
time and of secondary breakdown is inherent in both JFETs and 
MOSFETs. For most bias conditions the drain current has a negative 
temperature coefficient; thus thermal runaway is not a likely problem. 
This latter characteristic simplifies the paralleling of power FETs to 
increase drain-current capabilities; “current hogging'’ does not occur. 
Their high-speed switching capabilities permit increased operating effi¬ 
ciencies in high-frequency switch-mode operation (classes D, E, and F). 
Their high-frequency characteristics also offer freedom from load mis¬ 
matches (infinite VSWR* capabilities). 

FETs made with gallium arsenide have made sizable encroachments 


VSWR = voltage standing wave ratio. 
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into the microwave bipolar transistor market. Recently developed power 
FETs such as the vertical-channel MOS (VMOS) will replace power bipo¬ 
lar transistors in many applications. 


4-2 THE PROBLEM OF HIGH-FREQUENCY AMPLIFICATION 

It was not until the manufacturers had refined their processes to achieve 
FETs with high transconductances and low interelectrode and parasitic 
capacitances that there emerged a suitable high-frequency device. 

As the operating frequency is increased, the effects of parasitic capaci¬ 
tances become the fundamental restriction upon the FET—in particular, 
the effect on its input impedance. In the common-source stage, the 
Miller effect becomes the dominant capacitance. Input impedance is 
largely a reactance of Gn: 


Xin 


27r/Ci, 


(4-1) 


where Cin Ciss ^vCrss 

For the common-source amplifier the quantity Ay is negative (due to 
the phase reversal); therefore 


Ci„ 


Ciss 

— Cgs "I" Cgd “1“ 


(4-2) 


The reverse capacitance Crss of a FET, in addition to raising the input 
capacitance through the Miller effect, feeds back signals from the output 
to the input, contributing to possible instability—especially if the load 
itself is reactive. 

Much of the design effort in high-frequency amplifiers is directed 
toward reduction of the effects of the feedback capacitance. Although 
the common-gate amplifier has lower power gain than the common- 
source type, it is widely used at high frequencies because of its much 
lower feedback capacitance. The magnitude of the voltage gain for these 
two types of amplifiers may be comparable; however, in the common- 
source stage, Cgd is the feedback capacitor, while in the common-gate 
stage it is Cds- Also Ay for the common gate is positive; thus, for the 
common gate, 

Cin= Cgs-^ Cds-\Ay\Cds (4-3) 


For many device types Cds is an order of magnitude lower than Qd. 
The resulting reduction in the feedback capacitance makes the common- 
gate amplifier attractive despite its lower power gain. Other advantages 
will be examined in this chapter. 



140 


DESIGNING WITH FIELD EFFECT TRANSISTORS 


A common figure of merit used to compare high-frequency perfor¬ 
mance of FETs is 


Figure of merit (FM) = — (4-4) 

277 Cin 

and for the popular w-channel JFET, the U310, this figure equates to 
600 MHz. To illustrate the improvement in n-channel JFETs over the 
period of 1965 to 1976, the following should be of interest: 


Type 

FM relative 
to 2N4416 

2N3823 

0.6 

2N4416 

1.0 

2N5397 

1.3 

U310 

2.1 


There are expressions of high-frequency performance other than the 
classic figure of merit [Eq. (4-4)] that should be considered. Although 
perhaps not immediately apparent, a “quality factor” expression 

QF = ^* (4-5) 

gis 

becomes especially important in the selection of JFETs suitable for ultra¬ 
broadband transmission-line (distribution) amplifiers. 


DESIGN PRIORITIES FOR HIGH-FREQUENCY AMPLIFIERS 


Amplification 

of 

Analog 
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Digital 
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Small signal 

High intercept 

Flat group delay 


Low crossmods 

High intercept 


Low noise figure 

Low crossmods 


Sufficient gain 

Low noise figure 


AGC 

Sufficient gain 
AGC 

Large signal 

Linear 

Low spurious 



Low sideband noise 
Overload protected 
Mismatched loading 

Same 
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In small-signal amplifiers an equally important ratio is that of forward 
transconductance to output conductance, more properly identified as 
mu. 


mu = — (4-6) 

gos 

Each of these quality factors may serve as a guide in the selection of 
the proper transistor for a given application. Seldom does one achieve 
the perfect FET. What a “perfect” FET might be will be reviewed later 
in this chapter. Design priorities for high-frequency amplifiers can be 
outlined according to applications (see table on page 140). 

FETs more closely meet these design objectives than do any other 
known active semiconductor. This chapter will continue to examine these 
priorities as they are applied to amplifiers, mixers, and oscillators. 


4-3 THE 'TERFECT” HIGH-FREQUENCY FET 

There is no “perfect” high-frequency FET, nor is there likely to be 
one. Factors that inhibit optimum high-frequency gain and noise figure 
are: (1) feedback capacitance Cga; (2) shunting input conductance gis; 
and (3) output conductance gos^ High forward transconductance g/s is 
of paramount importance, and its magnitude is directly affected by the 
magnitude of both the input and output conductances. 

In the common-source amplifier the input conductance gis poses a 
mixed problem. Although a very low input conductance raises the quality 
factor (gfs/gis), which is desirable, a more debilitating effect occurs. A 
very low conductance (a high input resistance) infers high input Q, and 
effective coupling from the input circuitry may well result in excessive 
losses and increased overall noise figure in wideband circuits. 

Output conductance gos, on the other hand, directly affects the forward 
gain of the FET. Maximum available voltage gain is fundamentally related 
to the ratio 


gos 

An appreciation of how g/s must be improved to overcome the debilitat¬ 
ing effects of both the shunting effects of increasing gis and the reduced 
mu caused by the increasing gos is provided in Fig. 4-1. 

The chart in Fig. 4-1 is interpreted as follows: Pgu is unilateralized 
power gain expressed in decibels. But note carefully that each value is 
underlined. For example, 10 dB (solid underline) and 15 dB (dashed 
underline). 
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0.1 1_ I _ I _ \ _ I_I_ I _^_I _ I _ L_ _^_L_ I _I 

0 0.04 0.08 0.12 0.16 0.20 0.24 0.28 


Qos, mmhos 

FIGURE 4-1 Projected UHF FET transconductance as a function of gis, gos, 
and gain. Unilateralized power gain common source (F 12 = 0). 


The value of gis (right vertical axis) ranges from 0.1 to 0.6 mmho 
and is repeated five times. Again, note that each time a value of gis is 
repeated, it is to identify a different coded graph that corresponds to 
the underlined value of Pgu- 

For example, assume we desire a unilateralized power gain Pqu of 
20 dB. We have a value of gis of 0.4 mmho and a value of gos of 0.12 
mmho. From this chart we determine that we need a value of | F 21 I of 
4.3 mmhos. 

Feedback affects circuit stability, complicates circuit design, and re¬ 
duces performance. Manufacturers reduce Cgd by careful attention to 
the metalizations and diffusions in the design of the FET chip as well 
as in chip packaging. 


4-4 STABILITY 

A very important consideration in the design of a small-signal, high- 
frequency amplifier is its stability, its freedom from a tendency to oscil¬ 
late. Amplifier “stability factors” have been derived by LinvilF and by 





HIGH-FREQUENCY CIRCUITS 


143 


Stern.^ Linvill assumes that the amplifier stage has infinite source and 
load impedance, which are the worst-case stability conditions. Stern takes 
into account not only the transistor, but also the source and load im¬ 
pedances. 

The Linvill stability factor C is expressed as 


2ReFiReKo-Refr/Fr) 


(4-7) 


If C is less than 1, the transistor is considered to be unconditionally 
stable. If C is greater than 1, oscillation is possible if the transistor is 
presented with some specific source and load impedance; it is considered 
to be only conditionally stable. Unconditional stability assures that any 
positive real impedance presented to the transistor will not cause it to 
oscillate. This assumes no external feedback. 

The Stern stability factor K is 


K= ^(gll+gsXg22 + gl) 


(4-8) 


In this expression it is assumed that the input and output matching 
networks are simultaneously tuned to the same frequency. The Stern 
solution defines i^> 1 as being unconditionally stable. If gs and gi (source 
and load conductance) are set equal to zero, the result is the reciprocal 
of the Linvill stability factor! 

There are many ways to ensure stability in an amplifier. From the 
equations for the Linvill stability factor the following equations can be 
derived: 


ginput loading 


goutput loading 


\YiiYi2\/C+Ke(Y2iYi2) 

2g22 

|>^2iKi2|/C-l-Re(F2iFi2) 

2gii 



(4-9) 

~ g22 

(4-10) 

1- 

—•—O Out 


In o- 


T—n 

|gin 


* Qout 


FIGURE 4-2 Two-port with con¬ 
ductance loading. 


ginput loading and/or goutput loading are those values of conductance which 
must be added to the transistor externally, as in Fig. 4-2, to obtain 
the desired stability factor C. 

In many cases it is not desirable to use these techniques to stabilize 
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a transistor. Some of the power which would ordinarily be delivered 
to the load is now dissipated in the stabilizing resistors. 

Stern developed a technique in which the input and output could 
be mismatched by equal amounts to assure stability of the amplifier. 
This technique causes a mismatched input and output as the price for 
circuit stability. In this case one establishes the Stern stability factor 
and then calculates by an iterative process the values for bin and 6 out- 


II II 

-CL 

/A:0i^2iKi2| + Re(r2iKi2)] , 

fgii 

g22 

2 V 

IK[\ Y 21 Yi2 

| + RefF2iKi2;] 

g22 

' g22 

gn 

2 ^ 


(4-11) 

(4-12) 


where one can solve for both bui and bout (the susceptance values of Fm 
and Fout) by 


and 


Fi„ = 

Fn- 

F2I Fi 2 

F22+F1 

(4-13) 

Fout = 

F22- 

F21 Fi2 

(4-14) 

Fn + F, 


A third method of ensuring stability is by neutralization or unilateraliza¬ 
tion. Neutralization is a technique used to set 612 or the reactive compo¬ 
nent of the feedback yi 2 equal to zero. In most instances this would 
be equivalent to adding, between the input and output of the transistor, 
an inductor whose reactance is equal in magnitude to the reactance of 
the transistor feedback capacitance (Crssh This is equivalent to placing 
a parallel tuned trap between the input and output matching networks. 


cp 


O — * »| I r—i ■ O 

i 

FIGURE 4-3 A two-port with unilateri- 
zation feedback. 


Unilateralization is that technique in which gi 2 and 612 are set to zero. 
This might be implemented as shown in Fig. 4.3, by using a 1 ’ I phase- 
inverting transformer at the input or output with a resistor and capacitor 
equal to gu and 612 tied back across the transistor. 

The advantages of neutralization and unilateralization are that the 
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input and output are effectively isolated from each other and maximum 
stable gain results. The disadvantage is that in most instances (among 
small-signal amplifiers) the operating Q is increased, forcing a decrease 
in bandwidth. 

Most JFETs and single-gate MOSFETs, when operating in their com¬ 
mon-source configuration, are only conditionally stable ( C> 1). Because 
they are conditionally stable, the precautions for stability must be ob¬ 
served. Alternatives to the common-source configuration are the com¬ 
mon-gate and the Cascode configurations. When a JFET is operated in 
the common-source configuration, there is a relatively large intrinsic 
capacitance Cga between input and output. However, when the JFET 
is used common-gate, Cga is shunted to ground, and capacitance between 
input and output is the relatively small drain-to-source capacitance, gen¬ 
erally in femtofarads. 

An effective Cascode arrangement is the popular dual-gate MOSFET, 
where the isolation between input and output can reach 50 dB, thus 
affording considerable stability. 


4-5 POWER GAIN 

Power gain may be defined as the ratio of power delivered to the load 
to power absorbed at the input of the amplifier. Therefore, the power 
gain of a JFET common-source amplifier should be very high, as the 
input resistance is high, thus absorbing little power. Conversely, one 
can expect the common-gate amplifier to have reduced gain compared 
with its common-source counterpart. However, in the common-source 
configuration, because of stability requirements, the gain of the common- 
source JFET amplifier must be reduced. 

There are many things to consider when designing an amplifier for 
a specific power gain. More often than not, system gain requirements 
may be less than the gain capability of the transistor. For example, a 
required stage gain of 10 dB is needed from a JFET that could easily 
offer 15 dB. 

Given the expression for transducer gain^ 

4gllg22|y21p 

' |( Fii + F,) (F22 + Fi) - Fi2 F21P 

the power gain of an amplifier can be determined. Gt (transducer power 
gain) is the gain of an amplifier when the input and output matching 
networks, as well as the transistor, are considered. In general, gain can 
be reduced by lowering the transconductance of the FET, or the load 
impedance or the source impedance. 
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FET gain is generally attributed to its forward transconductance. As 
mentioned in earlier chapters, a FET has two fundamental operating 
areas: the triode area, where rosion) predominates, and the pentode area 
of current saturation. Controlling transconductance by the manipulation 
of current is tedious and not recommended. When the need to lower 
the gain arises, it is often beneficial to manipulate the input impedance 
to bring it closer to the source impedance and thus provide a better 
match. 

If the transistor is unconditionally stable, maximum available gain 
(MAG) is 


MAG 


l^21P 

A^{A^~\Y^2Y2ifY'^ 


(4-16) 


where A = 2giig22 “ Re( Y 21 F 12 ) 

To obtain MAG both the input and output must be a conjugate match. 
For these conditions. 



g. = ^{A^-\Y2iYx^y<^ 

(4-17) 


, .Im(F2iri2) 

Os = hx A- 

2g22 

(4-18) 


^ 1 =-^(^=*-1^21^1212)1/2 

(4-19) 

and 

. . ,Im(F2iFi2) 

Ol— 022 1 Ci 

2gn 

(4-20) 


where A = 2giig22 — Re( F 21 F 12 ) 

There are many situations where Gmax is greater than it is required 
to be. In such cases. Stern offers a technique by which the input and 
output are equally mismatched to obtain a desired stability factor and 
a gain less than MAG. Linvill has described a technique where only 
the output is mismatched and the input is conjugately matched. Both 
Stern and Linvill lend themselves to graphical solutions. 


4-6 TWO-PORT TRANSISTOR PARAMETERS 
4-6-1 Z, F, //, and S Parameters 

Transistors are characterized at high frequency using one of four possible 
parameter sets. Z (impedance) parameters correspond to open-circuit 
constraints on the unexcited terminal pair. F (admittance) parameters 
correspond to a short circuit at the unexcited terminal pair. 
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H (hybrid) parameters are a mixture of Z and Y parameters. The H 
parameter set is popular for bipolar transistor characterization because 
of the widely divergent impedances of bipolar transistors. In particular, 
for the common-base and common-emitter configurations, it is impracti¬ 
cal to characterize the transistor with either Z or F parameters. Conse¬ 
quently, H parameters have different dimensions. 

5 (scattering) parameters suggest that an incident signal impinging 
upon a mismatched load scatters into different components. If so, then 
S parameters provide a measure of this separation of scattered elements. 
Recently high-frequency design has focused heavily on 5 parameters 
rather than the formerly popular Y parameters. Both S and F will be 
briefly discussed in this chapter. Zparameters and //parameters, which 
are more popular among bipolar transistor designers, will be omitted. 


4-6-2 F Parameters 

Short-circuit admittances are still widely used in high-frequency calcula¬ 
tions. The equations describing the common-source equivalent circuit 
of Fig. 4-4 are 


/in YisEixi T YrsEoxxi 

(4-21) 

/out YfsEixi T YosEoni 

(4-22) 

where Em and /m are the input signal voltage and 
/out are the output signal voltage and current. 

current and £out and 

^in 

lout 



FIGURE 4-4 High-frequency admittance parameter 
JFET model. 


Short-circuiting the output (£out = 0) yields 



(4-23) 


and 




4>ut 



(4-24) 
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Short-circuiting the input (£in = 0) yields 




II 

/in 

Eout 

(4-25) 

and 


Fo* = 

Zout 

Eout 

(4-26) 

thus 


Yis Yrs 
Yfs Y„s 

= YisYos 

(4-27) 

since 

4n ^ 4)ut _ 

^in £out 

4)ut ^ 4n 

Ein Eout 

(4-28) 

then 


YisYos- F„F/* = 0 



Figure 4-5 shows a neutralizing path added to the FET. Adding this 
to the FET V parameters, we arrive at 


Yts 

Yfs 



Yis+ Yn 
Yfs- Yn 


Yrs - Yn 

Yos+ Yn 


SO ('Fis+ Y„)(Yos+ Y„)= (Yrs- Yn)(Yfs- Yn) (4-29) 

and /in = (Fi* -I- F„ j£i„ + (F„- FnjEout (4-30) 

/out = (Yfs - Yn)Ein + (F„, + Yn)Eont (4-31) 

Since in neutralizing we equate Y^ = Yn, then 

/in = ('Fi*-|-F„)£i„ + 0 (4-32) 

/out = (Yfs - F„)£i„ + (Y„s + Yrs)Eout (4-33) 


Since Im is unaffected by Tout, neutralizing is effective in cancelling all 
feedback effects. In practice, Yrs is largely capacitive, making the neutral- 



FIGURE 4-5 Basic two-port with feedback neutral¬ 
ization. 





HIGH-FREQUENCY CIRCUITS 


149 


izing path largely inductive. Both paths—through the FET and through 
the neutralizing path—must have the same reactance at the frequency 
for which the amplifier is to be designed. That is, 


27rJL = 


1 

27r fCgd 


(4-34) 


or 


1 

47r2/2Q^ 


(4-35) 


Each Y parameter is a complex quantity and may be derived from a 
“physical” equivalent circuit somewhat more comprehensive than that 
shown for low frequencies. 

Y parameters are functions of frequency and are so described in most 
high-frequency data sheets. Typical of such graphs are those of Fig. 
4-6, which relate to the Siliconix U310 JFET. Notice that each Y parame¬ 
ter is specified in terms of its real and imaginary components. Such 
data are most useful for computer-aided design (CAD). 

Many FET data sheets show Y parameters extending to 1 GHz. How¬ 
ever, in the conventional T046, 52, or 72 package, performance above 
600 MHz is limited because of the package capacitances and internal 
lead-bond inductances. 


4-6-3 5 Parameters 

Scattering or S parameters are receiving increased attention in the char¬ 
acterization of devices and the design of high-frequency circuits. Mod¬ 
ern computer-aided design (CAD) optimization programs, such as 
COMPACT,* rely upon the designer “inputting” S-parameter data. 
Some simplified 5-parameter designs have omitted the important reverse 
transfer parameter 5i2 by equating it to zero (5i2 = 0); although this 
greatly simplifies the “number crunching” of two-port network design, 
the results often have little utility. 

When either the input scattering parameter 5ii or the output scattering 
parameter ^22 is displayed graphically, frequently superimposed on a 
Smith chart, one must be careful to remember that these scattering 
parameters are reflection coefl[icients, not impedance. Although both reflec¬ 
tion coefficients and impedances can be plotted on a Smith chart, they 
are by no means the same. 

Since the basic 5 parameter is derived from either voltage or current, 

* COMPACT = Computerized Optimization of Microwave fkssive and /Active CircuiTs, 
Compact Engineering, Inc., Los Altos, CA 94022. 
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FIGURE 4-6 Typical admittance parameters for the U310 JFET. 
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it is correct to identify power parameters as the square of the 5 parameter. 
Consequently, for symmetrical networks the following identifications are 


noteworthy. 

% power reflected = |5iip X 100 (4-36) 

% power transmitted = |S 2 ip X 100 (4-37) 

% power dissipated = (1 — |Siip — \S 2 i^) X 100 (4-38) 

A logical step shows that the forward power gain of a transistor is 

G(ciB)=10 1og|52ip (4-39) 

The forward operating power gain, taking into account reflections from 
the input port, is 

Gp«m) = 10 log (4-40) 


Because of the increasing popularity and growing importance of 5 param¬ 
eters, it is advisable for the reader to consult the massive literature on 
this subject. 


4-7 AMPLIFIERS 

The requirement for low cross modulation and intermodulation prod¬ 
ucts makes the FET a practical necessity in solid-state RF circuitry. Recent 
improvements in the design of gallium arsenide FETs have extended 
their useful operating frequency into the gigahertz region, and the more 
conventional silicon JFETs to above 500 MHz. The Y parameters given 
in Fig. 4-6 are indicative of modern JFET performance at VHF/UHF. 

The JFET can offer noise performance superior to many other forms 
of active amplifying elements, particularly at low frequencies. Of special 
interest is the effect of l//noise as related to RF amplifiers, which results 
in low phase jitter and low AM noise sidebands. 

JFET amplifier design may use any of several possible configurations. 
The common source, the common gate, and the common drain (source 
follower) are the most universal. Each has its advantages and disadvan¬ 
tages. The Cascode design, being a combination of both the common 
source and common gate, offers distinct advantages. Each will be covered 
in this section. 

4-7-1 The Common-Source Amplifier 

In the common-source configuration (Fig. 4-7), the JFET exhibits several 
advantages, such as high input impedance, which, in turn, contributes 
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FIGURE 4-7 450-MHz neutralized CS amplifier 
(Ci- 4 —0.8- to 12-pF Johanson type 2950; C 5 —40-pF 
DM5 silver mica; Q-g—1000-pF Allen-Bradley type 
FA5C; Li—1.4 in long, 22 gauge enamel, spaced 0.1 
in from L 2 ; L 2 — 1.1 in long, 16 gauge solid copper; 
I 3 —1.3 in long, 16 gauge solid copper; —1.4 in 
long, 22 gauge enamel, spaced 0.3 in from £ 3 ; 
RFCi, 2 —0.15-juiH Delevan type 1537-00; turns 

22 gauge enamel, 0.25 in ceramic former, aluminum 
slug). 


to high gain. A low noise figure is achieved with a noise-impedance 
match nearly equal to the power-gain impedance match. The major dis¬ 
advantage of this common-source amplifier is that it is often potentially 
unstable, thus requiring special design precautions (see the section on 
stability). 

An additional disadvantage of using the common-source configuration 
is its susceptibility to cross-modulation products which are voltage-de¬ 
pendent. Since the input impedance of the common-source amplifier 
is high, a signal of known input power will produce a high voltage on 
the gate, giving rise to potentially serious cross-modulation products. 

The high input impedance of the common-source configuration allows 
a voltage step-up transformer to be used between the low-impedance 
line and the input to the JFET gate. Gain due to this voltage transforma¬ 
tion may be expressed 

(4-41) 

^ rigen 

If care is not taken, the low noise figure that may be expected in this 
circuit configuration will be lost due to the insertion loss inherent in 
the input network. A ratio of unloaded Q to loaded Q should be greater 
than 10*1 to minimize this loss. 
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Insertion loss (dB) = —20 log 1 ~(4-42) 

In Fig. 4-7 both the input and output circuits are capacitively tuned. 
At the input the interelectrode capacitance Qss contributes significantly 
to the tuned network. 

There are practical difficulties involved with neutralizing. Each circuit 
must be carefully adjusted for maximum gain at the desired frequency, 
and during the neutralizing procedure the signal fed back into the output 
port must be of a comparable magnitude, as will be anticipated in the 
output circuit during normal operation. Each amplifier must be individu¬ 
ally neutralized for the specific JFET, as generally no two are alike. 
Shielding between input and output must be used for optimum perfor¬ 
mance. Quite often the success of the common-source neutralized ampli¬ 
fier hangs on the placement of this shielding! 


4-7-2 The Common-Gate Amplifier 

The common-gate amplifier is the most popular high-frequency JFET 
amplifier because: 

O The low input resistance (l/gm) together with the low input 
capacitance offers convenient matching to transmission 
lines and other low-impedance sources. 

O The low input resistance offers excellent immunity to cross 
modulation. 

O It is unconditionally stable, generally through UHF, due 
to low feedback. 

Yet there are disadvantages; for example, 

O Optimum noise impedance match does not offer optimum 
power gain. 

O It cannot accept AGC without severe output-circuit detun¬ 
ing (not much different than any other JFET configuration). 

O It has lower power gain than common source. 

In many situations the JFET used in the common-gate (CG) configuration 
is unconditionally stable even at rather high frequencies (Fig. 4-8). How¬ 
ever, care must be exercised in the design and layout of the CG amplifier; 
in particular, shielding between source and drain loads is critical. A 
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1. 

Socket* 

Augat 

8060-1G9 

2. 

ULa** 

NIBCO 

Copper coupling 
600, 1 in 

3. 

Cl C 2 C4 

Johanson 

Manufacturing 

0.8-10 pF, 5200 

4. 

C3 C5 

Allen 

Bradley 

1000-pF 

feedthrough 

5. 

Q 

Erie 

0.25-1.5 pF, 530- 
000 

6 . 

RF connector (two) 

King 

UG-1094 

7. 

U 


14 awg bare copper, 
2.8 in long with %- 
in diameter bend, 
uniform lead 
length. 

8. 

Chassis 

BUD 

CU234 


* Socket was divided to accept a copper foil shield soldered directly to both the gate lead and ground. 
** Center conductor is Vi-in diameter copper tubing. 


FIGURE 4-8 Test fixture U310/NZA—450 MHz. 


JFET showing complete stability can become an oscillator if, for example, 
a low-loss socket is used without interelectrode shielding being main¬ 
tained within the socket itself! A few femtofarads of coupling between socket 
pins can bring instability to an otherwise unconditionally stable amplifier. 

The common-gate and common-source configurations have a com¬ 
mon fault: their high drain impedance, which severely limits their per¬ 
formance over wide band widths. There are several solutions to achieve 
wide bandwidths, but none that does not limit the overall stage gain 
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of the JFET amplifier. One easy solution is to load the drain circuit 
either by mismatch or by resistive loading; another means used in multi¬ 
stage amplifiers is stagger tuning; still another, but of little practical 
application in modern design, is the distributed amplifier design. 

The common-gate amplifier, shown in Fig. 4-8, not having a fre¬ 
quency-dependent neutralization path, not only is free from the relevant 
adjustment problems, but is effective as a wideband amplifier. However, 
because of the lower input impedance, it does not offer the power gain 
of the common-source amplifier. 


4-7-3 Common-Drain Amplifier (Source Follower) 

The common-drain amplifier (sometimes called the source follower or 
voltage follower) characteristically has high input and low output im¬ 
pedances. It is frequently used to couple high-impedance video lines 
to low-impedance loads and is typically used at frequencies below 100 
MHz. 

The real part of the output impedance is (gfs)~^, which is generally 
independent of frequency. If the load resistance is greater than {g/s 
then Qn is also independent of frequency. 

The high-frequency corner (where the response is down 3 dB) is 
an inverse function of the input time constant RgQxi. 


where 


/a 


RgCin 


(4-43) 


Qn — Cgd + Qs(l — Av) + Cstray (4-44) 

and Rg is the input signal source resistance. Examples of how the signal 
source resistance affects bandwidth is shown in Fig. 4-9. 

The voltage gain of the source follower is slightly less than unity 
and is given by 

A — 

1 + gfsRs 

From this we observe that the voltage gain 
Rs when the g/sRs product is large. 

The output resistance of the FET, is 
resistor Rs. Therefore, Rq of the amplifier is 

Rs 

1 + gfsRs 




is nearly independent of 
in parallel with the source 


Ro = 


(4-46) 
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FIGURE 4-9 Effect of source impedance on bandwidth of a video 
amplifier. 


4-7-4 The Cascode Amplifier 

The FET Cascode circuit shown in Fig. 4-10 brings to solid-state amplifi¬ 
ers the high-frequency characteristics of the pentode vacuum tube, that 
is, reduced Miller effect resulting in improved stability and bandwidth. 
Although JFETs may be used in Cascode circuits, they have pretty much 
given way to the more popular dual-gate MOSFET, which is a monolithic 
Cascode element. 

The Cascode amplifier, whether it is constructed using a pair of JFETs 
or a single dual-gate MOSFET, provides a tenfold reduction in feedback 
capacitance compared with a simple single-stage common-source JFET 
amplifier. 

Practical advantages of this reduced Miller effect can be demonstrated 
in the gain-bandwidth calculations for an /?C-coupled video amplifier. 
The gain-bandwidth product (GBW) is defined by 


GBW = 


gfs 

27r(Gn + Cout) 


(4-47) 


For the single common-source JFET, Gn may be calculated: 

Gn ^ Cgs “h Gzfif(l ^v) 

and 

G)ut ” Cdg 


(4-48) 

(4-49) 


Here the Miller-effect capacitance, (1 — Av)Cdg, places a shunting input 
capacitance proportional to the stage gain. This limits high-frequency 
performance. In the Cascode amplifier stage the effective loading of 
the second stage upon the drain connection of the first stage limits 
the first stage gain to near unity (—1) and thereby forces the input capaci¬ 
tance Gn to be 
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Qn=Cgs+2Cdg (4-50) 

Ciss is Cgs + Cdg; consequently, Qn — Ciss + Cdg^ The improvement of 
the gain-bandwidth product between a JFET and a dual-gate MOSFET 
can be most effectively shown by comparing the Siliconix U311 with 
the 3N201, both exhibiting near-equal forward transconductance g/s. 


In 


FIGURE 4-10 Basic Cas- 
code configuration. 



Operating the U311 in the common-source conhguration, the typical 
parameters are: 

g/i = 14 mmhos 
Q, = 3.2 pF 
Cgd = 1.2 pF 


The 3N201 parameters are: 

g/s = 14 mmhos 
Cgs = 4 pF 

Cgd = 0.2 pF (including strays) 
Beginning with the U311 with a load resistance of 2000 fl, 


Av = gfsRi = 14 X 10-3 X 2 X 103 = 28 

On = Cgs+ Cgd{l-\-Av) = 5.2 X 10-13-1-(1.2 X 10-13)(1-h28) = 38 pF 
Cout = Cgd= 1.2 X 10-13 F 
From Eq. (4-47), 


GBW = 


_ 14 X 10-3 _ 

6.28(38 X 10-13+ 1.2 X 10-13) 


= 56.8 MHz 


For the dual-gate MOSFET 3N201, 

Av — g/sRi — 28 

Gn = Cgs + 2Cgd = 4 X 10-13 + 2(0.2 x lO-i*) = 4.4 pF 
Coat=Cgd = 0.2 X 10-13 

_ 14 X 10-3 _ 

6.28(4.4 X 10-13 + 0.2 X 10-i3) 


GBW = 


485 MHz 
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FIGURE 4-11 Amplifier re¬ 
sponse: (a) without feedback 
and (h) with inverse feedback. 


The contrast is unmistakably in favor of the dual-gate MOSFET when 
GBW is of paramount importance. An additional benefit when using 
the dual-gate MOSFET is the simplicity of applying AGC by varying 
the bias on the second gate. Where this would severely modify the para¬ 
sitic capacitances of a simple JFET, the dual-gate MOSFET, because 
of its greatly reduced feedback capacitance (and thus lower Miller effect), 
maintains a near-constant capacitance, thus reducing any detuning effects 
that would naturally occur with AGC control on the simple JFET. 

Gain-bandwidth product can also be improved by the use of inverse 
feedback that is a maximum at band center and drops off toward the 
edges of the band. As shown in Fig. 4-11, a flattening of the response 
curve of the amplifier with a consequent increase in the bandwidth re¬ 
sults. If the increase in bandwidth is greater than the decrease in gain, 
the GBW is increased. 

4-7-5 The Broadband Amplifier 

Undoubtedly the fundamental shortcoming of FETs as amplifiers has 
been their high output resistance (low output conductance), which has 
limited their application in broadband applications. The video source- 
follower amplifier is the notable exception since, being a source follower, 
its output impedance is effectively l/g> in parallel with the source resistor 
Rs. However, the other amplifier configurations, common source, com¬ 
mon gate, and Cascode, are generally plagued with a high drain im¬ 
pedance. 

Yet there are solutions. Perhaps the simplest that offers increased 
high-frequency response, particularly in video amplifier applications, is 
the shunt peaking technique, where a small inductor is placed in series 
with the load resistor. The value of inductance for maximum flat-gain 
response may be calculated 


/?l(an+Cout) 
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Generally broadband techniques, other than the shunt-peaking method, 
involve Q manipulation of the output tuned circuit. This becomes espe¬ 
cially critical when multistage amplifiers are built simply because of the 
bandwidth shrinking effect common to synchronously tuned stages: 

BWoverall = BWonestage[\/(21'”” 1)] (4-52) 

Perhaps the easiest and most popular method of improving bandwidth 
of the common-gate amplifier is to load the output to reduce Q. Once 
the overall gain and bandwidth have been established, the number of 
stages can be closely approximated and calculations made to determine 
the proper loading. 


4-7-6 Amplifier Design Example 


The following example should be of benefit to the reader in understand¬ 
ing the procedure. 

Let an amplifier be designed for a 225-MHz center frequency with 
a 1-dB bandwidth of 50 MHz and 24 dB power gain using the Siliconix 
U310 JFET. Some familiarity with the U310 suggests that three stages 
are necessary. Solving for a single-stage bandwidth using the bandwidth 
shrinking formula, Eq. (4-52), the single-stage bandwidth for 50 MHz, 
1 dB passband is 98 MHz. To achieve this bandwidth requires a loaded 
tuned circuit in the drain of each FET. The required Q determined 
by 


BW 

fo 



(4-53) 


Solving for Q gives 


a-1.15 


Referring to the admittance parameters of the U310 for a center fre¬ 
quency of 225 MHz, a close estimate of the drain load admittance equates 
to a drain output impedance of 3700 fi shunted by approximately 2.5 
pF (includes some stray capacitance). To achieve the required single- 
stage bandwidth, 

Q= o)CRt (4-54) 


where Rt is that value of load impedance required to achieve the single- 
stage bandwidth. 


Rt = 


1.15 


1.415 X 109 X 2.5 X 10-12 


330 D 


(4-55) 


Since the JFET itself exhibits a drain load resistance of 3700 ft, the 
net resistance that must be placed across the tank circuit is about 365 
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In 

7511 


RFCi 


RFCa 


6 

Vd=+20V 



FIGURE 4-12 Schematic of a three-stage synchronously tuned bandpass am¬ 
plifier (CijCiyCVjCg = 68 pF; C^jCs = 500 pF; CsjCbjQ = 1000 pF; Qi,Q2j(23 ~ 
SUiconix U310; LuLs,U = 120 nH; L 2 yU,Le = 222 nH; RFCi,RFC 2 = 2.2 juiH; 
~ 51 fl). 


ft. This, of course, can be made a part of the tank circuit design. The 
circuit shown in Fig. 4-12 exhibits the response shown in Fig. 4-13. 

Although this procedure (and those to follow) suggests that band- 
widths can be achieved with FETs, one must not forget the limiting 
gain-bandwidth product (GBW), which remains inviolable. Conse¬ 
quently, there is a maximum bandwidth possible at a given overall gain. 
For synchronously tuned stages, shown in the example, maximum band¬ 
width occurs when the stage gain reduces to 4.34 dB (10 log e). 

Other broadbanding schemes are available, and most are affected 
in some manner by bandwidth shrinking when multiple stages are used. 
It is, however, possible to reduce or even to eliminate bandwidth shrink¬ 
age by using over- and undercoupled multi tuned circuits, which have 
been well covered in the literature. 

Another less popular method of improving bandwidth is the distrib¬ 
uted amplifier. Early in the CATV era this had some popularity, but 
now it appears to be relegated to a few wideband oscilloscopes. In the 
distributed ampliher, rather than terminating the drain in a tank circuit, 
the parasitic capacitances of the FET contribute to the necessary shunting 
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FIGURE 4-13 Passband response of a syncronously 
tuned bandpass amplifier. 
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transmission-line capacitance of the common-drain output network. 
Wide bandwidths are possible; however, the complexity of the design 
negates its popularity. One of the most debilitating effects for GBW is 
the gate conductance at high frequencies [or quality factor—see Eq. 
(4-5)]. 


4-8 MIXERS 

There has been a great deal of interest in JFET mixers because they 
offer the opportunity of both high dynamic range and conversion gain. 
At one time it was thought that lower noise figures could also be attained, 
but experience has shown that with commercially available JFETs a noise 
figure comparable to that of the Schottky-barrier diode is, at best, diffi¬ 
cult. 

Perhaps the most favorable aspect of mixer design using JFETs is 
the square-law transfer characteristic. The JFET mixer has lower inter¬ 
modulation and harmonic products than does a comparable bipolar or 
diode mixer. Active JFET mixers operating at high levels outperform 
passive mixers in terms of dynamic range and large signal-handling capa¬ 
bilities.* 

Additionally, the active mixers offer improved conversion efficiencies 
over their passive counterparts. This permits relaxation of the IF ampli¬ 
fier gain requirements and in some cases the elimination of the RF 
preamplifier. The basic large-signal model, shown in Fig. 4-14, is consid¬ 
ered to have an ideal square-law transfer characteristic, with a parasitic 
resistor Rs, in series with the source. The shunting capacitances are 
shown to be equal, as most FETs are closely symmetrical with respect 
to their gate. 

To incorporate the effect of noise into the FET model, it is necessary 
to identify the sources of noise. Van der Ziel has shown that the primary 
sources of noise in a FET are bulk resistance in series with the drain 
and source, and channel-width modulation by thermal noise in the con¬ 
ducting channel; thus 

tl = 4KTBygfs (4-56) 

where y = 0.6 

A mixer circuit accepts a high-frequency modulated input signal, mixes 
it with a high-frequency unmodulated signal from a local oscillator, and 
produces a series of frequencies which are functions of the original 

* It is also true that Cascoding diode sets has produced outstanding dynamic range and 
signal handling, but at the expense of vastly increased local oscillator power. 
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Source Source 


FIGURE 4-14 FET large-signal model {Cgs = Cgd = Co/[l + 

Cgs = Co/{d + Vgs)<^; Cgd = Co/{d + a = law of 

capacitance variation for junctions; cf = work voltage for junction, 
usually 0.75 V; C, = junction capacitance at 0 V; Idds — drain 
current for e = 0; Vr = gate-to-source voltage for drain-Gscom 
current equal to 1 fiA), (Reprinted with permission from D. M. 

Hodson, **UHF Fet Mixer of High Dynamic Range,” U.S. Army 
ECOM Research and Development Technical Report #ECOM- 
0503-P005-G821, December 1969.) 

two. One of these, usually the difference frequency, is selected by tuned 
circuits and is referred to as the “intermediate frequency” (IF). The 
IF, which is modulated with the same waveform as the incoming signal, 
is then amplified and the modulation extracted for whatever use the 
system requires. Mixers are generally used for frequency conversion, 
generally to a lower frequency for more effective handling, but quite 
often to higher frequencies where filtering can be more effective in re¬ 
moving unwanted sidebands (or images). 

Initial evaluation of the active JFET mixer compared to bipolar mixers 
will imply a disadvantage because of local oscillator drive requirements; 
bipolar devices in low-level mixers require very little drive power. How¬ 
ever, in high-level mixing this disadvantage is overcome because drive 
requirements are generally about equal. 

Since JFETs have transfer characteristics approximating a square-law 
response, their third-order intermodulation distortion products are gen¬ 
erally much smaller than those of bipolar transistors. Harmonic distor¬ 
tion and cross-modulation effects are third-order-dependent, and thus 
are greatly reduced when FETs are used in active balanced mixers. 

A secondary advantage derives from available conversion gain, so 
that the FET mixer becomes simultaneously equivalent to both a con¬ 
verter and a preamplifier. 

Design criteria, in order of priority, include the following: 

1. Intermodulation and cross modulation 

2. Conversion gain 
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3. Noise figure 

4. Selecting the proper FET 

5. Local oscillator injection 

6. Designing the input transformer 

7. Designing the IF network 


4-8-1 Intermodulation and Cross Modulation 

A basic aim in mixer design is to avoid the effects of intermodulation 
product distortion and cross modulation. Part of the problem may be 
resolved by using a balanced mixer circuit. 

The active transfer function of the FET is represented by a voltage- 
controlled current source. For both cross modulation and intermodula¬ 
tion, the amount of distortion is proportional to the amplitude of the 
gate-source voltage. Since input power is proportional to input voltage 
and inversely proportional to input impedance, the best FET IM and 
cross-modulation performance is obtained in the common-gate configu¬ 
ration, where the impedance is lowest. 

When JFETs are used as active mixer elements, it is important that 
the devices be operated in their square-law region. Operation in the 
FET square-law region will occur with the device in the depletion mode. 
Considerable distortion will result if the JFET is operated in the enhance¬ 
ment mode (positive Vgs for an n-channelJFET). The problems encoun¬ 
tered are similar to those which arise when positive drive is placed on 
the grid of a vacuum tube. 

Square-law-region operation emphasizes the importance of establish¬ 
ing proper drive levels for both quiescent bias and the local oscillator. 
The maximum conversion transconductance gc is achieved at about 80 
percent of the FET gate cutoff voltage Vcsiofo, and amounts to about 
25 percent of the forward transconductance g/s of the FET when used 
as an amplifier. Since conversion gain (or loss) must be considered, it 
is common to equate voltage gain Ay as 

Av=gcRL (4-57) 

where gc is the conversion transconductance and Rl is the FET drain 
load. 

An attempt to achieve maximum conversion gain by indiscriminately 
increasing the drain-load resistance will adversely affect any design prior¬ 
ity concerning distortion—particularly intermodulation-product distor¬ 
tion. 

Distortion takes different forms in mixers. Most obvious is that distor- 
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tion which will occur if the FET is driven into the enhancement mode, 
as noted earlier. Finally, there is the so-called varactor effect. 

The most frequent cause of poor mixer performance stems from signal 
overloading in the drain circuit. Excessive drain-load impedance de¬ 
grades the intermodulation characteristics and produces unwanted cross¬ 
modulation signals. 

A characteristic of the FET balanced mixer is that the correct drain¬ 
load impedance is inversely proportional to the value of the conversion 
transconductance. Figure 4-15 shows the improvement in IM characteris¬ 
tics obtained in the prototype mixer with the drain-load impedance re¬ 
duced to 1700 fl from 5000 ft. Specifically, the dynamic load line must 
be plotted so that the signal peaks of the instantaneous peak-to-peak 
output voltage are not permitted to enter into the nonsaturated region 
of the FET. Suitable and unsuitable drain-load lines are shown in Fig. 
4-16. Load impedance selection is quantified in Eqs. (4-72) through 
(4-74). 

Distortion from the varactor effect is of secondary importance; it arises 
from an excessive peak voltage signal swing, where the changing drain- 
to-source voltage can cause a change in parasitic capacitance Crss and 
give rise to harmonics. 

A FET tends to be voltage-dependent when the drain voltage falls 
appreciably below 6 V. If the source voltage (from the power supply) 
is also low and the drain-load impedance is high, then distortion will 
develop. However, if proper steps are taken to prevent drain-load distor¬ 
tion, the varactor effect will also be inhibited. 


Source injected mixer L 0 8 signal 
\ Frequency L0 = 120 MHz; power L0:+17dBm 
Frequency signal = 150 MHz - 1+44 

.^L\ Drain impedance: 1700*0,- 
5000*0,- 



FIGURE 4-15 Comparison of mixer 
IM characteristics. 
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FIGURE 4-16 Plotting drain load lines. 


Unsa1-u rated 
region 



Vds 


4-8-2 Conversion Gain 

In a FET, forward transconductance is defined as 

dlo 

dvGS 

and conversion transconductance is defined as 


(4-58) 


gc = 


dlpiai) 

dVoSioir) 


(4-59) 


where intermediate frequency 

cor = signal frequency 

The effects of time-varying local oscillator voltage V 2 and the much 
smaller signal voltage Vi must be considered: 

vgs = vi cos oyit-\r V 2 cos (x) 2 t (4-60) 

For square-law operation, 

V2+VGS^VGSiotf) (4-61) 

Drain current is approximately defined by 

Id ~ ^Dss (1 ^ (4-62) 

\ yasioff)/ 


or 


or 




g/soVoSioft) 

2 





Vosioff)/ 


(4-63) 



gfso 

2 Vosioff) 


(Vosiotf) Vgs)^ 


(4-64) 
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FIGURE 4-17 Normalized gc/gfs versus 
Vos/Vas^otf)- (Reprinted with permission 
from S.-P. Kwok, "Field Effect Transistor 
RF Mixer Design Techniques,” 
WESCON/67 Convention Record, Session 
8 .) 


0 0.2 0.4 0.6 0.8 1.0 1.2 1.4 1.6 1.8 2.0 

Vgo/VGs(off) 


then 


/z) ^ ^ (complex Taylor expansion) 

2 Vcscoff) 

(4-65) 

which can be reduced to 


^D(IF) cyrz ^2 COS (cOi 0 ) 2 ) t 

2 rGSioff) 

(4-66) 

and the conversion transconductance is 


gc- \V 2 \ 

0 ^ or/ 1 1 

2 rosioff) 

(4-67) 

Equation (4-67) suggests that gc increases without limit as F 2 increases 
without limit. However, to avoid operation of the FET in the unsaturated 
region, the peak-to-peak swing of F 2 should not exceed Vcsioff)^ Thus 

2 V 2 peak Vosiott) 

(4-68) 

or 


F.peak^^" 

(4-69) 


Figure 4-17 shows plots of normalized conversion transconductance, 
gc/gfs, versus normalized quiescent bias, Vos/Vosiotf), for different oscilla¬ 
tor injections. 


4-8-3 Noise Figure 

Like the common-gate FET amplifier, the common-gate FET balanced 
mixer is sensitive to generator resistance Rg. A change of a decade in 
Rg can produce a noise-figure variation of as much as 3 dB. 
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4-8-4 How to Select the Proper FET 

Conversion efficiency is determined by conversion transconductance gc, 
which in turn is directly related to zero-bias saturation current loss and 
the gate cutoff voltage Vcsiofth 


gc = 


^DSS 

VosCoff)^ 


\V2\ 


(4-70) 


Equation (4-71) appears to indicate that FETs with high loss are to be 
preferred. However, loss and Vcsioff) are related, and Figs. 4-18a and b 
show that devices from a family selected for high loss do not provide 
high conversion transconductance, but actually produce a lower value 
of gc. 

Basic considerations in selecting FETs for this application are gate 
cutoff voltage Vcsioff) for good conversion transconductance, and zero- 
bias saturation current loss for dynamic range. Among currently available 
devices, the U310 offers excellent performance in both categories. 

There is, of course, the possibility that FET cost is a major consider¬ 
ation in evaluating the active balanced mixer approach—the familiar 
price/performance tradeoff. If this is the case, there are a number of 
other FETs which will provide suitable alternatives to the U310. Remem¬ 
ber, however, that conversion transconductance gc can never be more 
than 25 percent of forward transconductance. Thus, as tradeoff consider¬ 
ations begin, the first sacrifice to be made will be the degree of achievable 
conversion gain. Intermodulation performance will follow, with the third 
tradeoff being available noise figure. Table 4-1 lists a number of possible 
alternatives to the U310. 



(a) (b) 

FIGURE 4-18 Relationship of loss and Vgs io«)> 





168 


DESIGNING WITH FIELD EFFECT TRANSISTORS 


TABLE 4-1 COMPARISON OF JFET PARAMETERS 
CRITICAL TO MIXER PERFORMANCE 


Typical 

characteristic 


Device type 


U310 

2N4416 

2N3823 

gm 

14 kn 

5kn 

3.5 kD 

loss 

40 mA 

10 mA 

10 mA 


4-8-5 Designing the IF Network 

The IF network performs two important functions in the FET mixer 
circuit. It provides for optimum match between the FET and the IF 
amplifier at the IF frequency, and it effectively bypasses signal and local 
oscillator frequencies. 

In network design, it is essential that the RF and local oscillator signals 
be sufficiently isolated from the intermediate-frequency signal to main¬ 
tain rejection levels of at least 20 dB. If this isolation is not maintained, 
conversion gain and noise figure are degraded. 

A first-order approximation to establish the proper load impedance 
may be obtained when 


Rl 


VpD ~ 2 Fpsioff) 
id 


(4-72) 


where 


id — loss ^ 1 


y 

Vcsiotf)/ 


(4-73) 


and 


Vgs = Vgs + Vi sin o)it (4-74) 

For the U310 FET, the optimum drain-load impedance is established 
at slightly less than 2000 ft, with sufficient local oscillator drive and 
gate bias determined from the conversion transconductance curve in 
Fig. 4-17. 


4-9 BALANCED MIXERS 

When high-performance, high-frequency junction FETs are used in ac¬ 
tive balanced mixers, the performance is superior to that obtained with 
hot-carrier diodes. Several types of mixers are compared in Table 4-2. 
The advantages and disadvantages of semiconductor devices currently 
used in various mixer circuits are shown in Table 4-3. 
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TABLE 4-2 COMPARISON OF MIXER TYPES 


Mixer type 


Characteristic 

Single- 

ended 

Single- 

balanced 

Double- 

balanced 

Bandwidth 

Several 

decades 

possible 

Decade 

Decade 

Relative IM density 

1.0 

0.5 

0.25 

Interport isolation 

Little 

10-20 dB 

>30 dB 

Relative LO power 

0 dB 

+3 dB 

+6 dB 


TABLE 4-3 COMPARISON OF SEMICONDUCTOR DEVICES FOR MIXERS 


Device 

Advantages 

Disadvantages 

Bipolar transistor 

Low noise figure 

High gain 

Low dc power 

High IM 

Easy overload 

Subject to burnout 

Diode 

Low noise figure 

High power handling 

High burnout level 

High LO drive 

Interface to IF 

Conversion loss 

JFET 

Low noise figure 
Conversion gain 

Excellent IM products 
Square-law characteristic 
Excellent overload 

High burnout level 

Optimum conversion gain 
not possible at optimum 
square-law response level 
High LO power 

Dual-Gate MOSFET 

Low IM distortion 

AGC 

Square-law characteristic 

High noise figure 

Poor burnout level 
Unstable 


4-9-1 Why FETs for Balanced Mixers? 

Modern communication systems have the stringent requirements of wide 
dynamic range, suppressed of intermodulation products, and low cross 
modulation. These parameters must be considered before noise figure 
and gain are taken into account. 

4-9-2 First-Order Single Balanced Mixer Theory 

Essential details of balanced mixer operation, including signal conver¬ 
sion and local oscillator noise rejection, are best illustrated by signal- 
flow vector diagrams (Fig. 4-19). 
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FIGURE 4-19 Signal and noise 
vectors. 


Energy conversion into the intermediate-frequency (IF) passband is 
the major concern in mixer operation. In the following analysis, both 
the signal and noise vectors are shown progressing (rotating) at the 
IF rate (coj/f); the resulting wave occurs through vector addition. 

The analysis of local oscillator noise rejection (Fig. 4-19) assumes, 
for simplicity of explanation, that noise is coherent. Thus at some point 
in time 4 the noise component Cn is “in phase” with the local oscillator 
vector eio, and FET A (the rectifying element) is on; the JFET mixer 
acts as a switch, with the local oscillator acting as the switch drive signal. 
One-half cycle later, at time 4, the signal flow is reversed for both the 
local oscillator vector and the noise component; FET A is off and FET 
B is ON. Moving ahead an additional one-half of the IF cycle, FET A is 
again on, but the noise component has advanced 180° (coi/f) through 
the coupling structure, and is now “out of phase.” The process continu¬ 
ally repeats itself. 

The end result of this averaging (detection) is the cancellation of 
the noise which originated in the local oscillator, provided that the mixer 
balance is precise. 

The analysis of the conversion of the signal to the IF passband is 
similar, but the signal is injected into the coupling structure at the equi- 
potential tap. Thus at time 4, the signal vector Cs is “out of phase” 
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FIGURE 4-20 Prototype active balanced mixer [Ci,Cb—0.01 /xF; Cb,C 4 —1 to 
10 pFy C^—1000 pFj CejC^—30 pF, 68 pF; Cio—0.1 /xFj jLi,JL2f——1.3 /xH, 

gj,(j^U310 (2) or U430; Ti—RELCOM BT-9]. 

with the local oscillator vector eio. The resulting envelope develops a 
cyclic progression at the IF rate, since the signal is “demodulated” by 
the mixing action of the FETs. 

A schematic of a prototype balanced mixer is shown in Fig. 4-20. In 
the design of the prototype FET active balanced mixer, the generator 
resistance of the FETs is established by the hybrid coupling transformer. 
Two important criteria for the FETs in the circuit are high forward 
transconductance and a value of power-match source admittance gigs 
which closely matches the output admittance of the coupling transformer. 
In the common-gate configuration, match points for optimum power 
gain and noise do not occur at the same value of generator resistance, 
as shown in Fig. 4-21. Optimum noise match can only be achieved at 
the sacrifice of bandwidth. 

Best mixer performance is achieved with “matched pairs” of JFETs. 
Basic considerations in selecting FETs for this application are gate cutoff 
voltage Vcsioff) for good conversion transconductance, and zero-bias satu¬ 
ration current loss for dynamic range. A match to 10 percent is generally 
adequate. Among currently available devices, the Siliconix U310 and 
the dual U431 offer excellent performance in both categories; common- 



FIGURE 4-21 Power gain and 
noise matching. 


o 


Generator resistance,vTl 
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gate forward transconductance is 20,000 jLimhos max at Vds = 10 V, 
Id = 10 mA, and /= 1 kHz. 


4-9-3 Local Oscillator Injection 

Low IM distortion products and noise figure, plus best conversion gain, 
will be achieved if the voltage swing of the local oscillator across the 
gate-to-source junction is held to the values presented in Fig. 4-17. 
Vlo is expressed in terms of peak-to-peak voltage, while Vosiott) is a dc 
voltage. 

Local oscillator injection can be made either through a brute-force 
drive into the JFET source through the hybrid input transformer, or 
through a direct-coupled circuit to the JFET gates, where less drive 
will be required for the desired voltage swing. Two circuits to obtain 
direct gate coupling are shown in Fig. 4-22. 

The source-injection method is used in the design of the present 
mixer to maintain the inherent stability of a common-gate circuit. A 
minor disadvantage with the direct-drive method is that the required 
gate-to-source voltage swing requires considerable local-oscillator input 
power. For source injection through the transformer, best mixer per¬ 
formance is obtained with a local-oscillator drive level of +12 to +17 
dBm across a 50-fl load. 

Direct coupling to the FET gates would occur at a higher impedance 
level, which would result in less local oscillator drive power. However, 
when the gates are tied together, shunt susceptance requires some form 
of conjugate matching. This brings about an undesirable reduction of 
instantaneous mixer bandwidth. 

The performance of the active mixer is clearly superior to that of 
diode mixers, as shown in Fig. 4-23 and Table 4-4; it contributes to 



(a) Gates tied in parallel; L2 
resonates with Cg 



(b) Gates driven push-pull; 
sources tied together 


FIGURE 4-22 Alternate forms of LO injection. 
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FIGURE 4-23 Comparison of third-order IM products. 


overall system gain in areas critical to telecommunications practice and 
reduces associated amplifier requirements. 


4-10 DOUBLE-BALANCED MIXERS 

The comparison in Table 4-2 clearly shows those performance character¬ 
istics of the double-balanced mixer which have made it the most popular 
of all mixer types. Among these attributes are greatly improved interport 
isolation and a significant degree of rejection of local oscillator carrier 
amplitude modulation. 

Passive devices, however, such as Schottky-barrier (hot-carrier) 
diodes, have certain fundamental shortcomings, such as high conversion 


TABLE 4-4 50 TO 250-MHz MIXER PERFORMANCE COMPARISON 


Characteristic 

JFET 

Schottky 

Bipolar 

Intermodulation intercept point 

+32 dBm 

+28 

dBm 

+12 dBm* 

Dynamic range 

100 dB 

100 

dB 

80 dB* 

Desensitization level 
(the level for an unwanted 
signal when the desired signal 
first experiences compression) 

+8.5 dBm 

+3 

dBm 

+ 1 dBm* 

Conversion gain 

+2.5 dBt 

-6 

dB 

+18 dB 

Single-sideband noise figure @ 

50 MHz 

7.2 dB 

6.5 dB 

6.0 dB 


* Estimated. 

t Conservative minimum. 
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loss and high local oscillator drive requirements. The active balanced 
mixer which employes FETs is a welcome innovation. Conversion gain 
and improved intermodulation distortion characteristics alone place the 
FET double-balanced mixer far ahead of its passive counterparts. The 
high saturation levels possible with modest local oscillator power make 
such a mixer useful for mixing both small and large signals. 

Double-balanced mixers using MOSFETs have been considered; how¬ 
ever, the MOSFETs were used solely as switching devices, requiring 
no external dc power. As a result, MOSFET mixers have exhibited high 
conversion loss and require considerable local oscillator drive power. 


4-10-1 First-Order Double-Balanced Mixer Theory 

In either single- or double-balanced mixer design, the prime requirement 
is that when the mixer is excited by the local oscillator carrier, the circuit 
must be capable of rejecting the amplitude-modulated wave which exists 
about the LO. Also, the mixer must reject any AM signal entering from 
the local oscillator port. (This signal rejection is usually known as AM 
local oscillator noise cancellation.) 

A second requirement for balanced mixers is the establishment of 
interport isolation between the signal, local oscillator, and IF ports. A 
third desirable characteristic is the reduction of intermodulation distor¬ 
tion products. Careful attention to the design of double-balanced mixers 
will satisfy the foregoing criteria. 

Figure 4-24 shows the schematic of a JFET double-balanced mixer. 
The four high-performance junction FETs are chosen for closely 
matched characteristics. The significance of the quad-FET configuration 
will be dealt with later. 





T4-relcom 
BT -9 _P 



Li.L2-1.3/xHy 
C1-O.OI fiF 
C2.C7-O.IO/LtF 
C 3 ,C 4-30 pF 
C5 ,C6 ~68 pF 


Local osc 


FIGURE 4-24 Double-balanced mixer. 
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(c) 

FIGURE 4-25 Double-balanced mixer analysis. 


The schematic of Fig. 4-25a is simplified to show only the local oscilla¬ 
tor circuit so that the rejection mechanism of AM signals, either on 
the LO carrier or entering through the local oscillator port, is easier 
to understand. Likewise, the equivalent circuit in Fig. 4-256 demonstrates 
how the signal is enhanced at the IF output. Local oscillator AM cancella¬ 
tion and signal enhancement are dependent upon the precise balance 
of the IF transformer, as well as on the match of the four FETs which 
make up the quad network. In Figure 4-25c, the schematic has been 
rearranged to show both the local oscillator and the signal input trans¬ 
formers; the mechanics of interport isolation may be easily visualized. 
Signal excitation provides an equipotential at the junctions of the local 
oscillator transformer and FET pairs AB and CD; in the same manner, 
excitation of the local oscillator produces an equipotential balance at 
the junctions of the signal transformer and FET pairs AC and BD. 

Harmonic distortion products are reduced by the balance between 
the signal and local oscillator (inputs) and the IF (output), where even- 
integer harmonics of the signal and local oscillator frequencies are effec¬ 
tively cancelled. A sixth-order summary of such products in both single- 
and double-balanced mixers is shown in Table 4-5. Note how the relative 
densities agree with Table 4-2. The effects of harmonic distortion can 
be reduced by a judicious selection of the IF passband response. Third- 
order IMD (intermodulation distortion) products are reduced by virtue 
of the characteristics of junction FETs, which approximate a square- 
law response. Care must be taken in FET operation, however, to avoid 











176 


DESIGNING WITH FIELD EFFECT TRANSISTORS 


TABLE 4-5 COMPARISON OF MODULATION 
PRODUCTS IN SINGLE- AND DOUBLE- BAL¬ 
ANCED MIXERS TO SIXTH ORDER 


Single-balanced 

Double-balanced 

fs 


3/, 


5/« 


fo ^fs 

fo±fs 

fo±Sfs 

fo±% 

fo±5fs 

/o±5/s 

2fo±f. 


2/o±3/s 


3/o±/, 

3/o±/» 

3/„±3/» 

3/o±3/, 

4/o±/» 


5fo±fs 

^fo±fs 


driving the device into forward conductance by the application of too 
much local oscillator power. 


4-10-2 Harmonic Distortion, Intermodulation 
Products, and Cross Modulation 

Spurious output signals in mixers fall into three categories: 

1. Spurious mixer products derived from harmonic mixing 
of the signal and local oscillator frequencies 

2. m-Tone, w-order intermodulation products 

3. ‘‘Chirping,” which arises from undesired mixing frequen¬ 
cies falling in the IF passband 

The harmonics of a single-signal frequency, when mixed with the har¬ 
monics of the local oscillator, produce spurious outputs which are level- 
dependent on the signal amplitude. These products are greatly reduced 
by the double-balanced mixer, where the even harmonics are effectively 
cancelled; when FETs are used, the Taylor-series power expansion falls 
quickly to zero above the second order. 

However, modulation products of a similar nature will arise if the 
broadband down-converting mixer is not preceded by signal preselec¬ 
tion, because of the mixer’s equal response to the “image” frequency. 
Here, perfectly valid signals will mix with the local oscillator, producing 
interfering IF signals whose only difference, when compared to the de- 
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sired IF signal, is that they move counter to the desired IF signal when 
the local oscillator is shifted. 

Two-tone, odd-order IM products differ markedly from other spurious 
signals. This form of harmonic distortion consists of interactions between 
two or more input signals and their respective harmonics. In turn, these 
products are mixed with the fundamental and harmonics of the local 
oscillator, generating spurious products which may fall within the IF 
passband, on or very near to the desired signal. 

Cross modulation in the active JFET balanced mixer does not pose 
a serious problem provided the signal input is maintained at a high 
conductance, which will occur with source injection. Cross modulation 
is very dependent on and directly related to the impedance across which 
the signal is impressed. In the active JFET double-balanced mixer this 
impedance is very low, typically 35 ft. Consequently, the effects of cross 
modulation may be disregarded. 

In the mixing process of any active device, the value of the FET 
drain current may be derived from a knowledge of the transconductance 
of the device and the impressed signal voltage eg. This is obtained from 
the Taylor-series power expansion: 


kl ~ gm^g 


+ 


1 9gm , ^ 1 


2! bVa 


3! bVl 




1 

n! bV^^ ' 


(4-75) 


which can be broken down into the components shown in Table 4-6. 

In FET theory, the second- and higher-order derivatives of gm are 
absent, and the device thus offers a considerable reduction of both in¬ 
termodulation products and higher-order harmonics. In the double- 
balanced mixer, where FI ± F2 is the desired result, it is well to manipu¬ 
late mixer design and bias conditions to render dgm/^Vc as large as 
possible, simultaneously reducing all other terms. 


TABLE 4-6 ELEMENTS OF THE TAYLOR POWER SERIES 


Term 

Output 

Transfer 

characteristic 

gmeg 

FI, F2 

Linear 

2! bVc 

2F1, 2F2 

FI ±F2 

Second-order 

square-law 

1 ^ 3 

3! an ^ 

3F1, 3F2 

2F1 ±F2 
2F2±F1 

Third-order 
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4-10-3 Local Oscillator Injection 

Local oscillator drive for active FET mixers, either balanced or unbal¬ 
anced, differs from the drive characteristics of passive diode mixers. 
In the switching mode, the diode mixer requires sufficient local oscillator 
drive to swing the diodes from a hard on state to a hard off state. 
For best IMD performance, the gate of the FET must never be driven 
positive with respect to the source—a case equivalent to the hard on 
condition of the diode. Consequently, local oscillator drive for the bal¬ 
anced mixer is less than that required for a passive balanced mixer 
with comparable performance characteristics. 

The double-balanced mixer relies on balanced drive from both the 
local oscillator and the signal source. Since conversion efficiency, opti¬ 
mum noise figure, and good cross-modulation effects can best be served 
with the signal entering through the common quad JFET source, the 
local oscillator excitation may be applied directly at the gates of the 
FET array. 


4-10-4 AM Local Oscillator Noise Rejection 

Originally, balanced mixers were used for the specific purpose of cancel¬ 
ling spurious AM signals existing on or about the local oscillator carrier 
(the function of the mixer in establishing good interport isolation was 
a side effect). These signals could be either spurious AM signals gener¬ 
ated on or about the carrier (Fig. 4-26) or actual signals existing at 
the signal frequency. In the latter case, the signals enter the mixer 
through the local oscillator, having found their way in through some 
leakage coupling phenomenon. 

Regardless of the type or source of AM signals entering through 
the local oscillator port, the balanced mixer should effectively reject 
these signals so that their products do not occur at the intermediate 



FIGURE 4-26 Generation of spurious AM signals. 
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FIGURE 4-27 AM noise rejection in 
double-balanced mixer. 



50 70 100 200 250 

Frequency, MHz 


frequency. In the early days of balanced mixers, a 20-dB rejection of 
AM noise was considered good; today’s sophisticated techniques for 
selection of dynamically matched semiconductors can provide AM rejec¬ 
tion in excess of 30 dB. Figure 4-27 provides an insight into the degree 
of AM noise rejection available in the double-balanced mixer. (Insofar 
as FM noise is concerned, it should be noted that no mixer is capable 
of rejecting frequency-modulated signals entering through the local os¬ 
cillator.) 

An interesting point not generally considered in discussions of bal¬ 
anced mixers is that the dynamic range of the mixer is limited by the 
conversion of local oscillator noise into the intermediate frequency. This 
blanks out a weak signal and places a bottom on sensitivity. 


4-10-5 Interport Isolation 

Like AM noise rejection and dynamic unbalance, interport isolation is 
very dependent on mixer balance (symmetry). Matching aspects of the 
JFET quad array and the phase/amplitude balance of the signal input 
and local oscillator input transformers play important roles in achieving 
interport isolation. Capacitive and magnetic coupling between the trans¬ 
formers add to problems of interport isolation in balanced mixers. 

Interport isolation was enhanced in the prototype mixer through care¬ 
ful parts layout. As a measure of the overall effects of unbalance, a 
quantitative measurement of interport isolation vs. dynamic unbalance 
is made in Fig. 4-28. Dynamic unbalance may be regarded as another 
expression for AM noise rejection, except that the latter does not provide 
a ready insight into the effects of symmetry, balance, and quad match. 

In Fig. 4-29, the interport isolation between the local oscillator and 
signal input ports is shown to be 35 dB typically. 
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0 0.2 0.4 0.6 0.8 1.0 50 70 100 200 250 


Dynamic unbalance,dB Frequency,MHz 

FIGURE 4-28 Interport isolation vs. FIGURE 4-29 Interport isolation, 
dynamic unbalance. 

Selection of the dynamic drain impedance in the IF network is a 
critical point in the design. Both IM product distortion and cross modula¬ 
tion will be affected by the instantaneous peak-to-peak voltage of the 
FETs if the dynamic drain impedance allows the signal peaks to enter 
either the pinchoff or breakdown-voltage regions of the transistors. Here 
another design tradeoff must be considered. If the impedance is too 
high, the dynamic range of the mixer will be limited; if the impedance 
is too low, useful conversion gain will be sacrificed, as shown in Fig. 
4-30. 



6 8 10 12 14 16 18 20 

Plo » 


FIGURE 4-30 Gain and IMD vs. local oscillator 
drive. 
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4-10-6 Mixer Performance 

Quad FET arrays with both high and low pinchofF-voltage levels were 
used in evaluation of the active double-balanced mixer; the mixer exhib¬ 
ited clearly superior characteristics, compared to equivalent small-signal 
passive double-balanced mixers. The low- to medium-pinchoff-voltage 
FET array performed slightly better than the high-pinchoff devices solely 
because of a limitation in available local oscillator power. 


4-11 OSCILLATORS 

FETs have some fundamental advantages over bipolar transistors in 
oscillators. An outstanding advantage is their very low sideband noise. 
In addition, they may be designed so that the frequency of oscillation 
is relatively independent of bias current. This reduces the effects of 
drift during temperature fluctuations. The parasitic capacitances of FETs 
are known to be voltage-dependent, and this can be turned to great 
advantage since it makes possible easily designed VTOs (voltage-tuned 
oscillators). 

Although noise is often difficult to characterize because of its random 
or nondeterministic nature, it is possible to differentiate various forms 
of noise through an understanding of the gaussian distribution of noise 
about an RF carrier. The three major forms of noise are (1) low-frequency 
noise (1//), (2) thermal noise {4ikTBR), and (3) shot noise (in). These 
types of noise can be identified from their relationship to the main RF 
carrier. For example, low-frequency noise predominates very close to 
the carrier and falls to insignificant levels when it is displaced more 
than 250 Hz from the carrier. Thermal noise plays the dominant role 
in the midfrequency region from the \/f noise decay point to approxi¬ 
mately 20 kHz from the carrier. It is commonly associated with equivalent 
resistance where the rms value of noise voltage of the Thevenin genera¬ 
tor becomes the classic \^4kTBR. Noise appearing beyond 20 kHz is 
known as shot noise, and is directly attributed to noise current. Because 
of the typically uniform distribution of shot noise, it is often referred 
to as “white noise.” 

Generally oscillators are represented as narrowband circuits; conse¬ 
quently most interest in noise centers about a reasonably narrow band. 
The voltage that results when white noise is passed through any relatively 
narrow bandpass may be described by 

v(t)= xi(t) cos (Oot + X 2 (t) sin o)ot (4-76) 

where co© is the midband angular frequency and Xx{t) and X 2 (t) are uncor- 
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related functions of time which vary slowly and randomly about zero 
in a manner described by the gaussian probability density. 


4-11-1 Origins of Oscillator AM Noise 

Although an oscillator tends to produce a wave that is nearly sinusoidal, 
there are other fluctuations present. When the energy in the frequency 
domain close to the carrier is observed on a spectrum analyzer, noise 
appears as a modulation phenomenon. This observation would be greatly 
enhanced if the noise contribution were coherent and consisted of dis¬ 
crete sideband frequencies. The major component of AM noise is low- 
frequency noise (1//). Both thermal and shot noise are relatively insignif¬ 
icant segments of AM noise compared with 1// A graph of AM noise 
vs. frequency removed from the carrier is shown in Fig. 4-31. 


4-11-2 Design of a VHF Oscillator 

Important design considerations for best oscillator performance include 
using a FET with high forward transconductance (g/sh maintaining the 
gate at ground potential, and keeping a high unloaded tank Q. The 
gfs reduces the effective noise resistance. The grounded gate reduces 
the noise voltage resulting from the product of the gate leakage current 
and the series gate resistance. The high tank-circuit Q serves as an effec¬ 
tive filter for the sideband noise energy. 

The example used to illustrate an ultra-low-noise design is somewhat 
extraordinary for a circuit employing a FET. The FET chosen was the 
Siliconix U310, which has a forward transconductance value higher than 
18 mmhos at zero bias (Vgs = 0). The oscillator basically consists of 
two coaxial resonators, one for the FET source and the other for the 
drain. Oscillation is established by capacity coupling between the two 
resonators; output coupling is derived from the magnetic coupling which 



60 Hz 500Hz ikHz 


2 kHz 3 kHz 4 kHz 
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5 kHz 


FIGURE 4-31 AM noise vs. frequency removed from the carrier. 
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FIGURE 4-32 Oscillator circuit. 



exists at the open ends of the resonators. Optimum resonator Q is 
achieved by designing the coaxial resonators for a characteristic impe¬ 
dance of 75 fl. The oscillator circuit is shown in Fig. 4-32. 

The technique to establish the proper resonator length for the desired 
frequency requires a first-order approximation of the anticipated capaci¬ 
tive fringing which derives from both the FET and the feedback network. 
A short-circuited coaxial transmission line is theoretically resonant at 
a quarter-wavelength of the resonating frequency, except for the effects 
of fringe field capacitance. At resonance, 

X^=Xc (4-77) 

If the fringe capacitance is known, Xc can be calculated as 

V -JL (4-78) 

From this, the resonator length can be determined as 

Xc = tani8/ (4-79) 

In making these calculations, a Smith chart is invaluable, as is shown 
in the following illustration: 

Frequency of oscillation =760 MHz 

FET bigs (from data sheet) =16 mmhos 

Capacitance from bigsi Qs=3.4 pF 

Allow for stray capacitance 

and the feedback network: Cs= 1.5 pF 

4.9 pF 

Thus Xc = 70.57 (normalized to 75 ft) 
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Locate 0.57 on the Smith chart. The wavelength toward the load = 
0.08IX. Since a wavelength at 760 MHz is 39.5 cm, the resonator cavity 
length is simply 

39.5 X 0.081 = 3.20 cm (1.26 in) (4-80) 

In the completed FET coaxial oscillator circuit, the output-coupling loop 
consists of a single turn made fast to the cavity by the BNC flange 
and the FET itself. 


4-11-3 Conclusions 

Measured performance of the oscillator is shown in Table 4-7A; AM 
noise measurements in a 10-Hz bandwidth are shown in Table 4-7B. 


TABLE 4-7A OSCILLATOR MEASURED PERFORMANCE AT 25°C 


Fdd (V) 

+10 

+15 

+20 

+25 

Id (mA) 

15 

16.2 

18.2 

21 

Pout (dBm) 

+6.6 

+15.2 

+18.3 

+20 

Frequency (MHz) 

725 

742.7 

754.7 

762.9 


TABLE 4-7B AM NOISE MEASURMENT 


Frequency displaced from carrier 

dBc 

50 Hz 

-130 

500 Hz 

-139 

1 kHz 

-143.5 

5 kHz 

-146 


The Reike diagram shown in Figure 4-33 makes possible the accurate 
prediction of expected power output and operating frequency and the 
oscillator feeding directly into a mismatched load. Expansion of the 
Reike diagram to show frequency vs. transmission-line length (in de¬ 
grees) will allow prediction of the long-line effect on oscillator stability. 


4-12 THE HIGH-FREQUENCY POWER FET 

In the early 1960s a fever spread among many laboratories throughout 
the world to develop a high-frequency power FET, but although many 
attempts were made, none really ever became successful to the point 
of offering a commercial product. The first attempt is believed to have 
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FIGURE 4-33 Reike diagram. 


been in the U.K. Soon after, however, Teszner of France made some 
outstanding contributions in FET design and predicted high-frequency 
performance. In the mid-1960s, he coauthored a paper on the “Grid- 
istor,” which promised high-frequency performance. The U.S. Signal 
Corp financed R.C.A. in the development of the first successful RF 
MOSFET. An output of 14 W at 10 MHz was reported. About the same 
time (1968) Japanese researchers published a brief report describing a 
radically new structure called “VMOS.” Although it was not specifically 
mentioned as having high-frequency capabilities, this VMOS structure 
has become one of the dominant technologies for high-frequency power. 
Soon after reporting on this VMOS, the Japanese followed with their 
“static induction transistor” using the modified JFET approach of Tesz¬ 
ner, Zuleeg, and Nishizawa. They have made some very impressive gains 
in offering power through the UHF spectrum; however, this work has 
been limited to the laboratory at the time of this writing. In mid-1973 
the Russians announced a high-frequency power MOSFET, the Kn901A 
series, purported to be commercially available and offering upwards 
of 10 W through 100 MHz. 

Since about 1970 DMOS (double-diffused MOS) has been the pre¬ 
dominant technology in high-frequency MOS, and is slowly finding appli¬ 
cation in medium-power RF designs; VMOS has taken a very definite 
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lead in high-frequency power. VMOS possesses all the attributes of any 
majority-carrier FET; when it is used as a power device at high frequency, 
these advantages manifest themselves by giving it the ability to withstand 
any mismatch without fear of burn-out. 

An additional advantage of VMOS at high frequency is its higher 
input, or gate, impedance. Typically it is an order of magnitude greater 
than an equivalent-powered high-frequency bipolar. A higher input im¬ 
pedance allows easier broadband matching. The V-MOSFET also offers 
outstanding forward gain and high reverse isolation, almost to the point 
of offering truly unilateral amplifiers when properly neutralized. 

Being a majority-carrier transistor, VMOS offers exceptionally high¬ 
speed switching characteristics and becomes especially suited for high- 
class amplifier service, such as class D, E, or F, where very high efficiencies 
are possible. 

Unlike many high-frequency bipolar transistors, VMOS also offers 
outstandingly low noise both as a small-signal RF amplifier and, more 
importantly, as a power amplifier. A broadband VMOS amplifier contains 
far less AM sideband noise than does any power-comparable bipolar 
transistor. 

Figure 4-34 illustrates the simplicity of designing a broadband ampli¬ 
fier. A Siliconix type VMP4 is the VMOS device. Although not well 
matched to the 50-fl input (a VSWR running to 2.5-1), the balun trans¬ 
former represents an easy solution for a near decade bandwidth ampli¬ 
fier. 



FIGURE 4-34 Broadband amplifier using VMOS 
transistor. 


Output 
50 A 


power 
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The output circuitry is more conventional, based on the formula estab¬ 
lished for most power designs: 


Rl = 


(Vdd- Vsat)^ 

2P 


(4-81) 


4-12-1 Power FETs in Switch-Mode Amplifiers 

VMOS has many advantages over its bipolar counterpart for both class 
B and clsss D RF power amplification. In particular, 

1. The high input impedance and the negative temperature 
coefficient of the FET make complicated bias supply un¬ 
necessary. 

2. Drive power is reduced by the high input impedance. 

3. Input matching is simplified by the high input impedance 
of the gate. 

4. Second breakdown is inhibited because of the negative 
temperature characteristic; hence the FETs can withstand 
reactive loads in class B operation. 

5. The absence of storage time facilitates rapid switching 
in class D service. 

6. The absence of storage time eliminates the possibility 
of subharmonic oscillation in either class D or saturated 
class B operation. 

7. The ability of MOSFETs to pass current in both directions 
allows them to operate in class D with reactive loads with¬ 
out diode protection. This is especially significant since 
such diodes are not generally available. 

8. The saturation resistance of a FET (in contrast to the 
saturation voltage of a bipolar transistor) allows the effi¬ 
ciency in class D operation to remain high even at low 
power levels. This is significant since SSB voice signals 
consist mainly of low amplitudes. 

9. The low gate-drain capacitance reduces feedback, making 
the amplifier easy to stabilize. 

10. The low gate-drain capacitance also reduces feedthrough. 

This improves linearity when supply-voltage modulation 
is used in class D service. 
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FIGURE 4-35 Class D amplification—FETs are switches. 


11. The essentially constant gain of the VMOS over the entire 
HF band eliminates the need for gain-leveling circuitry. 

Class D switching amplifiers are controlled by the driving signal to cause 
the FETs to act as switches. The voltage-switching configuration shown 
in Fig. 4-35 has a square-wave drain voltage produced by the alternate 
switching of the two FETs. The series-tuned output circuit passes current 
only at the fundamental (switching) frequency, and the sinusoidal output 
voltage is equal to the fundamental frequency component of the square 
wave on the transformer secondary winding. Alternate half-cycles of 
the transformed output current flow through each FET. The amplitude 
of the output is a function of the supply voltage and is not affected by 
the amplitude of the driving signal if it is sufficient to cause switching. 
Bias is useful simply to reduce the amplitude of the driving signal. A 
class D amplifier can ideally achieve 100 percent efficiency at all output 
levels; in practice, its efficiency is greater than that of a class B amplifier, 
especially at lower output levels. 

Linear amplitude modulation is readily accomplished by variation of 
the drain-supply voltage. Single-sideband signals may be amplified 
through the envelope elimination and restoration technique, which uses 
amplitude modulation to restore the envelope of the SSB signal and a 
limiter to ensure adequate drive for the power amplifier. 


4-13 NOISE TEMPERATURE AND NOISE FIGURE 

Johnson noise, defined as a nonperiodic ac voltage fluctuation, places 
a limit on the sensitivity of amplifiers and mixers. All high-frequency 
transistors, from audio frequencies up, whether FETs or bipolars, as 
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well as all passive elements, reach a well-defined limit of performance 
based on Johnson noise. 

Historically, active transistors have been categorized by their noise 
figure; the lower the value, the better the device. Perhaps two decades 
ago, hidden within the confining technology of ultra-low-noise para¬ 
metric amplifiers and hydrogen masers, was a unique term of perfor¬ 
mance called noise temperature. Now this ‘‘new'’ term noise temperature 
is emerging and finding increasingly wider acceptance in the trade. 

Since Johnson noise is an effect of electron agitation, it is reasonable 
to assume that at absolute zero (—273.18^0) Brownian movement, and 
hence electron agitation, ceases. Consequently, since our standard oper¬ 
ating temperature is generally regarded as 20°C, the standard noise 
temperature To of a passive device, such as a resistor, would be 293 
K. By universal scientific consent, and for convenience in mathematical 
analysis, Tq has been established at 290 K. 

Again, since Johnson noise is electron agitation, it is temperature- 
dependent. However, it must be understood and appreciated that active 
components, such as transistors, can exhibit noise temperatures differing 
from their operating temperatures as well as their ambient temperatures! 
This exhibited noise temperature is the “effective input noise tempera¬ 
ture” Te of the active device. 

Many readers may be aware of the term “input available noise power” 
as P = kTB, where k is Boltzman’s constant, B is bandwidth in hertz, 
and T is temperature. The noise output of an active transistor is the 
sum of the input noise and the noise contributed by the device: 

A/power = GkB( Tin + Te) (4-82) 


where G is the gain and Te is that term defined above as effective input 
noise temperature. 

The definition of “noise figure” is the ratio of the total noise power 
delivered when the noise temperature at its input is 290 K to that of 
the input. In other words, by formula: 


NF 


A4>ower 

G^P(290) 


(4-83) 


Combining Eqs. (4-82) and (4-83), we obtain 


NF=l-f 


290 


(4-84) 


Since NF is generally identified in decibels, the above formula (4-84) 
may be expanded to 


NF.-101„g(l+^) 


( 4 - 85 ) 
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or 


Te = 290 [^analog“ 1 ] K (4-86) 

For example, the U310/NZA has a noise figure of 2.7 dB at 450 MHz. 
What is its noise temperature? 

7;=250K 


4-13-1 Optimum Noise Matching of Amplifiers 

In any amplifier or linear two-port, whether performing at audio or at 
some high frequency, any noise generated by the input stage tends to 
obscure or mask the amplified signal appearing at the output. This is 
so because noise is as readily amplified as signal. Consequently, it should 
be a designer’s goal to minimize this input-contributed noise. To do 
so will greatly enhance the small-signal performance of the amplifier. 
Such an amplifier is said to be “noise matched.” 

Noise is generated by thermal agitation within resistive elements. Pure 
reactive elements (such as L and C) do not contribute noise. Conse¬ 
quently, when the total input admittance is a pure conductance, the 
noise figure of the amplifier is minimized—that is, when 

J>in = 0 


From this, quite apart from bandwidth requirements, it is desirable to 
have the input circuit resonant at band center. Any losses within the 
input stage will increase the noise figure even if these losses have an 
effective noise temperature of zero! 

It is known that the equivalent input noise resistance for JFETs is 




0.67 

gfs 


(4-87) 


It has been established that to obtain the lowest first-stage noise figure, 
the input admittance is a root function of the ratio of a complex transistor 
conductance G 5 to its equivalent noise resistance /?eq; thus 


Gs(opt) 



(4-88) 


where Gj, is the additive combination of both the shunt input conductance 
as a function of FET gate current 4 the equivalent conductance 
of the gate-to-source as a function of frequency. 

The best way to determine optimum noise source resistance for most 
amplifiers is to measure it! This is not always an easy task. Generally 
the optimum source resistance turns out not to be a resistance per se, 



HIGH-FREQUENCY CIRCUITS 


191 


but an optimum source admittance, that is, a complex quantity consisting 
of both conductance and susceptance, viz., Fs(opt) = G + jB. 

Optimum source admittance for FETs varies both with frequency and 
with configuration; common-source input stages generally have lower 
values of admittance than would the same FET in a common-gate 
configuration. Likewise, since gate current is critical to the optimum 
input noise admittance, the FET geometry plays an important role. 

For the Siliconix U310 (NZA geometry), the optimum input source 
admittance for the common-gate configuration has been determined: 

450 MHz /?eq = 166 11 in parallel with X/ = 120 11 

4-13-2 Optimum Noise Bandwidth of Amplifiers 

The bandwidth of an amplifier contributes to its faithfulness in reproduc¬ 
tion as well as to its dynamic range. This does not mean that the wider 
the bandwidth, the better the fidelity, for such is not always the case. 
The bandwidth must be sufficiently broad to accept the total signal, 
yet not so wide that spurious and Johnson noise mask the weaker signals. 

Dynamic range simply means that the amplifier not only detects the 
weakest possible signal but also will not readily overload under strong 
input signals. A steady-state amplifier has far different design require¬ 
ments than a transient (fast-signal) amplifier. For the latter, dynamic 
range also suggests purity of response. 

The detectability of weak signals involves many aspects; what will 
be addressed here is simply the noise bandwidth. 

A narrowband amplifier will amplify only a narrow spectrum of signals. 
If the passband is less than the signal spectrum, the fidelity will be 
impaired because the output signal will reach only a fraction of its peak 
value. Since noise power is a linear function of bandwidth, a narrowband 
amplifier will not have the noise susceptibility of its wide-bandwidth 
counterpart. Even though the noise is restricted because of bandwidth, 
signal fidelity is also restricted 2 /the signal spectrum exceeds the amplifier 
bandwidth. 

As the passband is widened, the signals are reproduced more faithfully 
until the output reaches its peak value. Simultaneously, the noise power 
increases. It should be evident that eventually an optimum bandwidth 
occurs at which there is no further improvement in signal fidelity. Any 
additional increases in bandwidth only generate increasingly greater 
amounts of noise power that do nothing beneficial to the signal. In 
fact, on the contrary, small signals are masked, thus reducing the dynamic 
range of the amplifier. 

An amplifier with too narrow a passband restricts the fidelity (as any 
audiophile is well aware), and too wide a passband contributes excessive 
noise, reducing the signal-to-noise ratio of the amplifier. 
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FIGURE 4-36 Effect of optimum 
bandwidth on signal to noise per¬ 
formance of an amplifier. 


Even the “ideal” noiseless amplifier must always be coupled to a 
resistive source, which, at an effective noise temperature of 290 K, 
will thus offer a minimum detectable threshold of approximately —204 
dBW/Hz. In the practical sense the amplifier will contribute noise which 
is, among other things, proportional to its bandwidth, resulting in the 
appearance at the output of an apparent threshold noise level whose 
magnitude is far greater than the ideal noiseless amplifier and perhaps 
even greater than the signal! 

Previously we pointed out the importance of noise-matching the am¬ 
plifier to offer optimum performance. However, an optimally matched 
input, by definition, forced narrow-bandwidth performance. Conse¬ 
quently, it appears that optimum bandwidth/optimum noise is a tradeoff 
design problem. Figure 4-36 represents how bandwidth affects signal/ 
noise performance of the amplifier. 
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5-1 THE FET AS AN ANALOG SWITCH 

The field-effect transistor, in the on condition, contains a conducting 
channel of either n-type or p-type carriers. The carriers, in traversing 
from source to drain or drain to source, do not cross junctions of 
the type encountered in bipolar transistor or diode switches; thus there 
is no inherent offset voltage in the on switch. Signal currents can typically 
pass equally well in either direction in the on switch and are blocked 
equally well in either direction by the off switch. This chapter presents 
some of the important characteristics of the FET as an analog switch 
and shows methods of driving the switch (controlling the on-off status). 


5-2 DC EQUIVALENT CIRCUITS 

Some of the basic switching modes to be considered are shown in Fig. 
5-1. The “voltage-mode” switch fa) and the “current-mode” switch (b), 
for example, may be used for multiplexing many signals into a common 
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(a) Switch with high-impedance load 




(c ) Switch used In sample and hold system 

FIGURE 5-1 Analog switch circuits: (a) switch with high-impedance load; 
(b) switch with low-impedance load; and (c) switch used in sample-and-hold 
system. 


point such as the amplifier inputs shown. The Fig. 5-lb circuit is often 
used for the selective summing of two or more signals into a low- 
impedance summing node and in digital-to-analog converters. The Fig. 
5-lc-type sample-and-hold circuit finds applications in analog-to-digital 
converters. For these circuits we will show how various FET types of 
the “family tree” may be used. We make the initial assumption that in 
the ON state the value of Vds is small and may be of either polarity. 
For the FET types considered, the value of channel conductance is ap¬ 
proximately a linear function of gate-to-source voltage, using as a refer¬ 
ence the gate-source cutoff Vosioto or threshold voltage Vcsah)- Figure 
5-2 shows this characteristic. Also shown in Fig. 5-2 is the effect that 
the body-source voltage has upon channel conductance of the MOS 
devices. The body, in effect, functions as a “back” gate, and its effect 
upon channel conductance must be considered. 
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The perfect switch would have infinite resistance (zero conductance) 
when open and zero resistance (infinite conductance) when closed. While 
the FET is not a perfect switch, there are many applications in which 
this deviation from perfection is unimportant. This statement can be 
justified by an analysis of the implications of the circuits shown in Fig. 
5-3. The general two-port network in Fig. 5-3 a couples the signal source 
ksiG to a resistive load Rl. The network can be characterized by its 
terminal voltages and currents, Fi, F 2 , h, and / 2 . Figure 5-36 shows 
the equivalent circuit of a FET switch in the off state. In this condition, 
the “source” and “drain” are not connected to one another; however, 
two leakage current sources. Is and /d, are present. The same device 
is shown in the on state in Fig. 5-3c. The FET gate is connected to its 
source. The leakage /<, is that of the driver. The following typical values 
are assumed for the circuit. The switch characteristics are those of the 
widely used analog switch type DG181AP. 

Fsig = it 10 V Yds ~ 30 ft 
Rsig = 10fl Is — Id ~ t nA 

Rl = 200 kft lo =2 nA 

In the following calculations the effect of leakage current is expressed 
in terms of error percentage. 


n-channel 


p-channel 



JFET 

(depletion type) 





FIGURE 5-2 Channel conductance vs. gate-source voltage. 
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FIGURE 5-3 DC equivalent circuits. 


5-2-1 OFF Condition Calculation (Fig. 5-36) 

/i = /s = 1 n A 

Fsig- Fi = /i • /?siG= (1 nA)(10 ft) = 10 nV (5-1) 
(10-8 V)(102) 

% error in Fi = - - = 1 X lO'^^ 

h — Id = ^ n A 

F 2 (off) = I 2 RL = (1 nA)(200 ka) = -200 juiV (5-2) 
(2 X 10-4) (102) 

% error in V 2 (off)= --= 0.002% 

referred to Fsig (full scale). 


5-2-2 ON Condition Calculation (Fig. 5-3 c) 

r ^2 _ Fsig 


Fsig ' 


Rl Rl + ^SIG + Tf'DS 
V 2 = (42 jutA)(40 a) = 1.7 mV 


= 42 fxA 


(5-3) 
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(1.7 X 10-3)(102) 

Jo error in F 2 =--= 1.7 X 10 ^ = 0.017% 

referred to Fsig (full scale) 


The error resulting from /« is approximately 20 nV or 2 X 10“'^%. 

The foregoing calculations indicate that for many applications the 
performance of the FET equivalent circuits in Fig. 5-3 is a good approxi¬ 
mation of the perfect switch. In particular, the off condition leakage 
currents contribute only a negligible portion of total error. 


5-3 THE JFET AS A SWITCH 

A suitable driving circuit must be considered when assessing the per¬ 
formance of the JFET as a switch. Such a circuit is shown in Fig. 5-4. 

Note that Qi is an n-channel JFET, Q 2 is an enhancement-mode 
p-channel MOSFET, and Q 3 is an enhancement-mode n-channel MOS- 
FET. A Fin of —15 V will turn Q 3 off and Q 2 on, so that Si and Gi 
are connected. With Fgisi = 0, Qi is on. If Vgs of were allowed to 
vary, switch resistance modulation would occur, introducing a source 
of error. Figure 5-5 shows the equivalent circuit of the on switch. 

The suggested driving circuit of Fig. 5-4 avoids ros modulation at 
low frequencies. Typically the positive supply voltage is +15 V and the 
negative supply voltage is —15 V. In order for Vqs to change, current 
must flow through (^ 2 , which is on. There are only two possible current 
paths through Q 2 : through Q 3 , which is off and subject only to variations 
in leakage current, or into the gate of (^ 2 , which is also subject to leakage 
current. Since both paths through Q 2 provide only negligible changes 
in Vgs, their effect in the circuit may be ignored. As the analog frequency 
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VsiG.V 


FIGURE 5-6 JFET channel conductance gas versus signal 
voltage. 

is increased, capacitance will provide lower-impedance paths, so that 
some degree of Ar^s is possible at high frequency. 

With Fin at -f-15 V, Q 2 is off and Q 3 is on; thus Gi is at —15 V. 
will remain off if Fsig > (Vgi — Vosioft))- Vcsiom is a “negative” voltage 
for an n-channel FET; thus the negative analog signal is limited by the 
Vosioff) of Qi and the negative supply voltage. The on and off conditions 
are shown in Fig. 5-6. gos is constant because with Vgi = Vsig imposed 
by the switch control circuit, Vgs — 0 . 

The positive swing of the on switch is limited only by the maximum 
voltage ratings of Q 2 , and Qz. In the off state the positive swing of 
the source and drain of Qi is limited by the voltage breakdown ratings 
of both Qi and Q 2 . 



FIGURE 5-7 JFET switch con¬ 
trol circuit. 

Another driver circuit for the JFET is shown in Fig. 5-7. In the switch 
ON state, Q 2 is turned off; thus the gate of Qi is free to follow the 
analog signal at its source, provided the reactance of the gate-to-ground 
capacitance of Qi plus the output capacitance of Q 2 is large compared 
to the resistance of Rx, At high analog signal frequencies this circuit 
may develop problems because of the gate’s inability to follow the source. 
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FIGURE 5-8 Equivalent circuits using switch shown in Fig. 5-4. 

which results in a modulation of the channel resistance by the signal 
voltage. This becomes more serious as the analog amplitude is increased. 

In the switch off state, the gate of Qi is clamped to —15 V, and Ri 
appears as a load on the analog signal source. 

The ON and off equivalent circuits for the circuits of Figs. 5-4 and 
5-7 are shown in Figs. 5-8 and 5-9. To minimize analog signal feed¬ 
through of the OFF switch, ros 3 , n?e 2 , Cds, Cgs, and Cgd should be low. In 
the ON state, the value of rosi should be low to minimize insertion loss. 
Minimizing rosi must be compromised with keeping Cgs and Cgd low, 
because designing the FET for lower vds will usually increase its gate 
capacitance or increase Vcsioff)^ 


5-4 SWITCHING HIGH-FREQUENCY SIGNALS 

As a signal frequency is increased, a decrease in off isolation rather 
than degradation of on performance may become a limiting factor. Three 
factors affect the quality of off isolation: selection of the appropriate 
analog switch, the magnitude of load resistance, and the amount of 
stray capacitance present in the circuit. The selection of the appropriate 



FIGURE 5-9 Equivalent circuits using SMritch shown in Fig. 5-7. 
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Qi 



analog switch is probably the most important factor. As a rule, product 
specifications do not provide off isolation data in sufficient depth to 
make switch selection easy. Three steps may be taken to overcome this 
lack of data: measurement of actual isolation performance, analysis of 
equivalent circuits to predict isolation, and simplification of the analysis 
to produce a usable set of design aids. 

To illustrate performance analysis, a JFET switch with an integrated 
drive will be used for switching wideband RF signals. The JFET used 
as the switch is similar to the 2N3971 (except that Voscom is lower). 

It is packaged with an integrated circuit driver which permits control 
with low-level logic signals such as the output from TTL digital circuits. 
A combined switch pair with driver has the commercial part number 
DG181BA. Figure 5-10 shows a schematic diagram of one channel of 
this dual-channel switch. The driver output is similar to the control 
circuit shown in Fig. 5-4. Replacing the MOSFET Qa of Fig. 5-4 with 
the p-n-p transistor shown in Fig. 5-10 improves off isolation because 
of the lower on impedance of the p^n-p transistor. 


5-4-1 OFF Isolation 

The isolation performance test setup and a plot of data are shown in 
Fig. 5-11. In the equivalent off circuit shown in Fig. 5-12, Co and Ro 
are output parameters of the driver p-n-p transistor Qa (Fig. 5-10). The 
4.5-pF source-to-gate capacitance includes the source-to-drain capaci¬ 
tance of (^ 2 * The improvement in performance that could be obtained 
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RF 

signol 

generator 


RF vector 
voltmeter 
A B 


S 


Test fixture 



Frequency, Hz 

FIGURE 5-11 DG181 off isolation test circuit and data. 

if Ro were reduced to zero is shown in the table included in Fig. 5-12. 
A large part of the feedthrough is via Cgs and Cgd unless the driver 
output impedance is low. 

In Fig. 5-12, two separate paths exist between source (S) and drain 
(D): through Cds and through the gate circuit Cgs and Cga on the way 
to the drain. To simplify analysis, it is assumed that If (current through 
Cds) and It (the current flowing out of the tee network) are independent 


t 

4.5 pF ^ 3.8 pF \ 

_II_ 5 _II_ 


Vin 

1- 

1 _Cgd It 

: 

1 c n 



CoJ_ 

>r(0 Vl 


1 I'* 


poon, 



In the test fixtures, inputs were shielded from outputs, and RF 
decoupling was provided on all dc connections. Great care was taken 
in the mechanical layout of fixtures, to minimize stray capacitance. 
The characteristic impedance of video transmission lines, 75 H, was 
issued as the value of load resistance. Voltage measurements were 
made with an RF vector voltmeter, H/P Model 8405A. 

COMPARISON OF IDEAL DRIVER CASE {h = 0) WITH ACTUAL 
PERFORMANCE OF DG181 ANALOG SWITCH 
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of one another. While this assumption is not entirely valid, if off isolation 
is greater than 20 dB, it yields excellent agreement with measured results. 
The transfer functions for If and It are 


and 


jcoCdsI^l 
1 joiCoS^^L 


(5-4) 


__ J0>Cgs Vin _ 

1 + Rl/Ro + (Cgs + Co)/Cgd 

"f- jRl/Rq [.o>Ro((^gs 4" Go 1/ o)RlCgd\ 


(5-5) 


Ro and Co are the output resistance and capacitance of the FET driver 
circuit. Equation (5-5) shows that as /?o 0, It 0. It is thus possible 

to reduce Ro and make It an arbitrarily small value; however, Ip remains 
to be dealt with. Ip is the sum of the currents through Cos (device capaci¬ 
tance) and Cstray (additional wiring capacitance, etc.). It may be the domi¬ 
nant current at certain frequencies. Table 5-1 shows that for the DG181 
switch Ip is dominant at 1 MHz and It is dominant at 100 MHz. The 
separate expressions derived for Ip and It make it relatively simple to 
evaluate the effect of varying certain parameters to minimize II (maximize 
isolation). 

Several multiple-switch configurations may be used to achieve an im¬ 
pressive increase in off isolation under otherwise difficult conditions. 
Probably the most effective multiple-switch configuration is the TEE, 
which is shown in Fig. 5-13. In the TEE, S 2 operates out of phase with 
Si and S3, and provides two stages of isolation. The input to S3 is the 
isolation leakage of Si working into an i?L = ^ 052 - This multiple-switch 
arrangement brings about a considerable improvement in off isolation, 
but at the expense of doubling switch on resistance. This increases the 
ON insertion loss. 


TABLE 5-1 VARIATIONS IN CURRENT WITH FREQUENCY FOR DG181 


f 

(MHz) 

If 

It 

II 

|Vi„/VL| 

(dB) 

|C.g| 

(pF) 

1.0 

141/90° nA 

30.3/178° nA 

145/102°nA 

+86 

0.103 

4.0 

563/90° nA 

481/173°nA 

784/128° nA 

+72 

0.139 

10.0 

1.41/90° /aA 

2.91/163°fxA 

3.58/141° fxA 

+58 

0.254 

40.0 

5.63/90° juiA 

31.9/128° juiA 

36.5/123° juA 

+38 

0.648 

100.0 

14.1/90° ixA 

99.6/101° juiA 

113/100° juiA 

+28 

0.803 


Vl = 224 mW; Rl = 75 H; Cos = 0.1 pF; Qtray = 0. 

note; The equivalent circuit shown in Fig. 5-12 was used to calculate the results shown in Table 
5-1. 
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Rl 

I_J 

FIGURE 5-13 TEE for isolation 
improvement. 

5-4-2 ON Attenuation 

The ON equivalent circuit of a DG181 switch is shown in Fig. 5-14. on 
performance is essentially independent of frequency for any load capaci¬ 
tance likely to be used. The on resistance rosion) causes an insertion 
loss which is basically constant; phase shift is negligible. 

DG181 switch 


Cl 


FIGURE 5-14 DG181 on equivalent cir¬ 
cuit. 




With the test fixture described in Fig. 5-11, measured on performance 
was observed as shown in. Fig. 5-15. 

The transfer function for the on switch is 

Fl __ Rl/{Rl + tps(on)) _ /'Pi fi') 

fin 1 + 7/{27r[(/?LtDS(on))/(f^L + n)S(on))] [Gd/oii) + Cl]} 
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Insertion loss is computed from the numerator as (neglecting Cd and 
Cl) 

ON insertion loss, dB = 20 log - - (5-7) 

Rl YDSion) 

The insertion loss, off isolation, and on/off ratio over a range of load 
resistance are 






OFF isolation 






(dB) 



tds ron; 

Rl 

Insertion 

f = 10 MHz 

on/off 

Switch 

(a) 

(ft) 

loss (dB) 

Astray ~ 0.1 pF 

(dB) 

DG181 

25 

100 

2.0 

55.9 

53.9 

75 

2.5 

58.4 

55.9 



50 

3.6 

61.9 

58.3 


The frequency response of the on transfer function has the normalized 
form shown in Fig. 5-16. 


5-5 THE MOSFET SWITCH 

The control circuit for the MOSFET switch can be simpler than for 
the JFET because its gate may be positive or negative with respect to 
source and drain. Typically the gate is switched between two fixed volt¬ 
ages, the sum of which must exceed the peak-to-peak analog voltage 
by at least the magnitude of Foscom or Fcsah) plus enough additional 
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FIGURE 5-16 ON frequency response. 
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FIGURE 5-17 PMOS channel conductance gas versus signal voltage. 

Vgs bias to produce an adequate gas- As an example, consider the 
p-channel enhancement-mode MOSFET switch and driver shown in Fig. 
5-17. The gate is connected to +10 V (through Ri) for the switch off 
state and to —20 V (via Q 2 ) for the switch on state. In the on state, 
the channel conduction gos is a function of the signal voltage as indicated 
because both gate and body are connected to fixed voltages (—20 V 
and +10 V). If the source or drain is allowed to swing more positive 
than +10 V, they become forward-biased with respect to the body, a 
condition which should typically be avoided. If source and drain ap¬ 
proach —20 V, channel conductance gos will approach zero. 


5-6 THE CMOS SWITCH 

As noted in Fig. 5-17, the typical PMOS or NMOS switch circuit will 
exhibit a variation in on conductance as the analog voltage is varied. 
This undesirable characteristic can be overcome by paralleling p- and 
n-channel MOSFETs, as shown in Fig. 5-18a. For the on state, the 
n-channel gate is forced positive and the />-channel gate is forced nega¬ 
tive. Figure 5-18^ shows the combined conductance of the two FET 
switches. The integrated combination of n-channel and /^-channel devices 
on a common substrate is referred to as complementary MOS (CMOS). 

The OFF condition for the CMOS device will be maintained so long 
as the channel-to-body diodes do not become forward-biased, as shown 
in Fig. 5-18c. 

The major advantages the CMOS construction technique makes to 
analog switching are: 

O Lower tds variation than with either P or NMOS over wide 
analog signal voltage excursions (similar to the perfor¬ 
mance of a junction FET). 
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FIGURE 5-18 Characteristics of CMOS devices. 


O Analog signal range extends to + and — supply voltages. 

For instance, using the same ±15-V supplies typical of oper¬ 
ational amplifiers, the signal-handling capability of the sys¬ 
tem is limited by the op amp, not by the switch. 

Figure 5-19 gives a comparison of the characteristic of yds versus Fsig 
for typical JFET, PMOS, and CMOS switches. The three characteristic 
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FIGURE 5-19 Performance of three 
FET switches. 
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curves shown in Fig. 5-19 were obtained using integrated-circuit analog 
switches types DG181, DG171, and DG300, respectively, for the JFET, 
PMOS, and CMOS types. 


5-7 THE VMOS SWITCH 

The low ON resistance of the VMOS when used as an analog switch 
results in low insertion loss in low-impedance systems, fast charging 
in sample-and-hold systems, rapid discharge of integrator capacitors, 
low noise in measuring systems, and high accuracy in test systems. Its 
high current-carrying capability allows transmission of considerable 
power through the switch, and ease of paralleling without ballast resistors 
increases this capability. The ability to carry high peak currents is advan¬ 
tageous for driving capacitive lines and quickly charging and discharging 
capacitors in high-speed A/D converters, S/H circuits, and integrators. 
Their high off isolation (greater than 60 dB isolation at 10 MHz) and 
less than 500 nA dc leakage provide excellent off characteristics. VMOS 
are fast—a characteristic useful in radar, sonar, and laser applications, 
where signal bursts must be gated on and off very rapidly. A typical 
VMOS can switch 1 A in 4 ns. Their linear on resistance results in 
low total harmonic and intermodulation distortion. This is especially 
important in color video switching, where color purity must be main¬ 
tained. 

Figure 5-20 shows the tds characteristics of a low-resistance 
VMOS device, the 2N6659. Varying the gate voltage from zero to +10 V 
switches the 2N6659 from an off condition to less than 2 fl on resis¬ 
tance. 

A schematic representation of the 2N6659 and its equivalent off and 
ON circuits is given in Fig. 5-21. It is important to note that the body 
of the device is internally connected to the source. Diode A is the 
body-drain junction. 

The drain current versus drain-to-source voltage characteristic in the 
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FIGURE 5-20 Drain-to-source 
ON resistance vs. gate-to-source 
voltage. 


100 






208 


DESIGNING WITH FIELD EFFECT TRANSISTORS 


Body 


D 



■o S 
D2 

Zener gate 
protection 
diode 


Do 


(body-drain diode) 

+3—j——oS 
y/Dz 

fo 

(b) 



FIGURE 5-21 (a) Schematic symbol of 2N6659; (b) equivalent off condition (Fgs = 

0); and (c) equivalent on condition (Fgs = +10 V). 


OFF condition (Fig. 5-22) has the appearance of a diode characteristic. 
The drain current is very low until the drain-source is reverse-biased 
to about 0.6 V. In the on condition the channel conductance of about 
0.5 mho parallels the diode. 

A practical implementation of this device as an analog switch is shown 
in Fig. 5-23. In the on condition the gate of the 2N6659 is positive 
with respect to the source, whereas in the off condition the gate voltage 
is zero. This circuit can take advantage of the 1-A capability and 2-0 
ON resistance of the VMOS. However, in the off state the input signal 
is restricted to positive voltages and should always be greater than the 
output voltage; off isolation is impaired otherwise because of the drain 
to body diode. Switching times are less than 200 ns, and charge feed¬ 
through during the on to off transition is 80 pC with a 50-11 load. 
Charge transfer is important in sample-and-hold systems, where an offset 
voltage of 8 mV into a O.Ol-jitF load would occur in this case. 

To increase the dynamic range to ±10 V, two 2N6659s are connected 
in series source-to-source as shown in Fig. 5-24. In the on condition, 
both output switches of the DG300 are open, and the gates of both 
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FIGURE 5-22 Small-signal characteris- FIGURE 5-23 A simple unidirectional 
tics of 2N6659. VMOS analog switch (Vi > V). 
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FIGURE 5-24 A general-purpose bidirectional analog switch. 


2N6659s are pulled to +15 V. The on resistance of the switch is now 
twice the drain-source resistance of a single 2N6659, but the maximum 
current is still that of a single device. The switch is turned off by shorting 
the VMOS gates to the negative supply, reducing Vgs to a voltage less 
than the minimum threshold of 0.8 V. Switch B of the DG300 increases 
OFF isolation 30 dB by shunting the signal leakage path (through the 
sources of the 2N6659s) to the negative supply. 

OFF isolation is shown in Fig. 5-25. The previous problem with the 
body drain diodes forward-biasing in the off condition is now removed, 



FIGURE 5-25 off isolation vs. frequency. 
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Analog input voltage, V 


FIGURE 5-26 Small-signal on resistance vs. analog 
input voltage. 

since the two FETs are back-to-back, so one diode is always reverse- 
biased. 

The bidirectional switch has a gate drive which is referenced to a 
fixed supply. Its on resistance varies with the input analog voltage be¬ 
cause Vgs changes (Fig. 5-26). This variation may introduce distortion 
when driving low-impedance loads such as speakers or transmission lines. 
To achieve a constant on resistance, use the circuit shown in Fig. 
5-27. In the on condition, the gates of the 2N6659s are driven by a 
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FIGURE 5-27 Low-distortion constant-ON-resistance switch. 
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FIGURE 5-28 Distortion improvement using the buffered analog 
switch. 


voltage which tracks the input signal, so gate-to-source voltage is con¬ 
stant and independent of the input signal. No modulation of the on 
resistance therefore takes place as the signal level changes. The buffer 
circuit reduces the total harmonic distortion (THD) from 1.5 percent 
(no buffer) to less than 0.005 percent (calculated) at 1 kHz, 8 V rms 
into 50 ft. The next best analog switch, a lO-Ci DG186, has a 2 percent 
THD (Fig. 5-28). 

The two buffer circuits shown in Fig. 5-29 isolate the input signal 

+ 15 V 
10 kA 

-O Vo=(Vin + 10 V) 

^IN961 

(a) 


Vine 



IN914 



FIGURE 5-29 (a) General-purpose buffer and 
(b) high-speed buffer. 




212 


DESIGNING WITH FIELD EFFECT TRANSISTORS 


and use a zener diode to provide a fixed Fcscon) voltage. The general- 
purpose buffer is flat to 300 kHz and operates on ±15 V or less. The 
second buffer, a VN66AK voltage follower, shown in Fig. 5-296, extends 
the frequency response to 50 MHz and increases the signal range to 
±30 V when operated from ±30-V supplies. The use of a bootstrap in 
the buffer circuit allows large-signal, low-distortion operation near the 
positive supply, provided the switch-ON time is small compared to the 
time constant of RiCi. 

Lower on resistance is easily achieved by paralleling devices. For ex¬ 
ample, three paralleled 2N6659s result in a 1-H switch (Fig. 5-30). No 
ballasting or balancing resistors are needed, since the 2N6659s do not 
suffer from current hogging. VMOS has a temperature coefficient which 
causes it to draw less current as it heats up, so excess current is automati¬ 
cally shifted to the other devices. Paralleling the 2N6659 not only de¬ 
creases the ON resistance but increases the current-carrying capability 
to 4.5 A and the linear transfer characteristic to 1.2 A (Fig. 5-31). The 
voltage range can also be increased. Simply use higher breakdown VMOS 
as shown in Fig. 5-32. The VN98AK has a breakdown of 90 V, allowing 
up to ±40 V analog capability. However, its on resistance is also greater 
(2.8 fl vs. 1.2 n for the 2N6659). Zener Di limits the gate-source voltage 
to 30 V, preventing possible gate oxide rupture. 

The high-power RF switch shown in Fig. 5-33 has excellent perform- 
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FIGURE 5-30 Ultra-low-resistance switch (1 H). 
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FIGURE 5-31 Large-signal transfer characteristics. 

ance up to 50 MHz, with turn-ON and turn-OFF times of less than 50 
ns. The isolation at 10 MHz is better than 60 dB with a 20 V p-p input 
signal; insertion loss is only 1 dB with a 50-11 load (Figure 5-34a). The 
gain versus input power and the two-tone third-order intermodulation 
product performance curves (Fig. 5-346) show up to 1 W of power being 
transferred to the 50-11 load with a 42-dB intercept point and 1 dB 
gain compression at 25 dBm input power. The turn-ON time of the 
switch (Fig. 5-34c) is determined by the passive pullup resistor in combi- 
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FIGURE 5-33 RF analog switch. 
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FIGURE 5-34 (a) Insertion loss and isolation vs. frequency of RF analog switch; 

(h) gain and two-tone, third-order intermodulation; and (c) switching response of RF 
switch into 50-11 load. 
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nation with the capacitance at the gates of the VN 66 AK; the negative 
turn-OFF transient is caused by charge coupling to the output through 
the output capacitance Coss of the 2N6659. 


5-8 DC LEAKAGE CHARACTERISTICS 

The ON and off dc leakage of the analog switch circuit is a function 
of the FET switch plus its driver circuit. The calculation of system error 
due to leakage was presented earlier in dc equivalent circuits. For the 
JFET switch, the sources of the error-producing leakage currents are 
shown in Figs. 5-8 and 5-9. In the on condition, the switch gate is clamped 
to its source and follows the analog signal. Signal leakage is principally 
to the — 15-V supply due to the off leakage of the driver (Q 3 of Fig. 
5-4 or Q 2 of Fig. 5-7). It is shown as in Figs. 5-Sa and 5-9a. If the 
signal source resistance Rsig is low, then usually the effect of /© and 
Is (off) may be neglected, typical values being less than 10~® A at 25°C. 
With a value of Rsig of 100 ft, this magnitude of leakage would result 
in an error of 100 X 10“^ V. 

Id (off) may be a problem in multiplexers where many switches are 
connected to a common output, such as point A in Figs. 5-la or b. Then 
the sum of the switch leakages must be considered. For example, examine 
the multiplexer circuit of Fig. 5“35a. Assume that one switch is turned 
ON, iD(off) is the same for all switches, lo is the leakage of the on switch 
driver, and the input conductance of the op amp is zero. 

For this case, the error voltage due to leakage current is 

Fa (error) = ~[( n “ 1) (off)] ( (on) + ^SIg) “ IqRsIG (5-8) 



FIGURE 5-35 Multiplexer using FET switches. 
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If, for example, n = 16, r^s (on) = 30 H, Rsig = 100 11, Iniotf) = 0.25 
nA, and /o = 1 nA, the error voltage will be 

FA(error) = ~[(15)(0.25)(10-®)(30+ 100)] “ (lO"®)(100) = “0.59 jUlV 

For high-temperature operation, say at 125°C, Id (oft) may increase to 
25 nA, r^s (on) may increase to 55 fl, and /© to 100 nA. The error voltage 
then would increase to approximately —68 jmV. 

Equation (5-8) shows that as the number of switch channels in a 
multiplexer is increased, the error due to Id ioff) becomes more significant. 
By assuming that /« = iDiofth ^ » 1, and Rsig = n>s(on), (Eq. 5-8) can 
be simplified: 

(error) — '^Id (off)( SIG + (on)) (5-9) 

If the output of the multiplexer is connected to a current-summing node, 
such as the inverting amplifier shown in Figs. 5-356 and 5-36, then 
the error voltage is due to leakage currents into this low-impedance 
node. Assuming that i?siG» ^z)s(on), which is typically true for this type 
of application, then 

Vo (error) = [/o+(n — 1) Id (off)] Rf (5-10) 

when Fo(error) is the output voltage resulting from switch leakage currents. 


5-8-1 Two-Level Multiplexer 

If the number of channels n is increased to the extent that the error 
due to leakage current is excessive, then a two-level multiplexing system 
may be used. Figure 5-37 shows a two-level system with its equivalent 
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FIGURE 5-36 Equivalent circuit of multiplexer with one switch on and 
n — 1 switches off. 
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FIGURE 5-37 (a) Two-level multiplexer system and (h) equivalent leakage circuit 

of two-level multiplexer. 
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circuit used to determine error due to leakage. For the “voltage-mode’' 
switch, using a high-Zm op amp load, the approximate error voltage 
due to leakage is 

kk (error) = ~[( — 1) //) (off)2 ( + ^"DS2 + ^SIg)] 

~ [ /o2 + ~ l)/D(off)]( + ^SIg) “ /ol-^SIG (5-11) 

This assumes that Zm » (r^si + n)S 2 + ^sig). 

For the current-mode switch, using a low-Zin inverting amplifier, the 
error due to leakage is 

(error) [ 4)1 ^ 1) 4)2 1) 4D(off)2] (5-12) 

By way of example, compare a 1024-channel single-level system with 
a 1024-channel two-level system in which n = m = 32. Assume that at 
the maximum operating temperature Id ioff) = 4) = 50 nA, rnsion) ~ 50 fl, 
and Rsig — 100 II. For the single-level system, using Eq. (5-9), 

Va (error) = 7.68 mV 

For the two-level system, using Eq. (5-11), 

F^(error) = 0.55 mV 

The two-level system has the added advantages of reducing the number 
of control lines from n'X m lines to n + m lines and reducing capacitance 
at the output node by approximately the same factor by which leakage 
current effects were reduced. 


5-8-2 MOSFET Leakage 

The gate leakage of the MOSFET in a typical analog switching circuit 
may be neglected when compared to the drain-to-body and source-to- 
body leakage; thus the driver circuit does not contribute directly to 
leakage errors. If MOS switches are used in the multiplexer of Fig. 
5-35, the equivalent circuit of Fig. 5-38 will be helpful in analyzing 
the leakage errors. 

In the normal operating mode ( Fsig Vu) the leakage currents are 
due to the reverse-biased source-body and drain-body diodes. The leak¬ 
age of the ON switch is only slightly greater than 4D(off) + /s(off). Also, 
for the typical switch, /©(off) = 4s(off). By inspection of Fig. 5-37 (assuming 
one switch is on), the error voltage due to leakage is 

~ Va (error) — ^4 d( off)( (on) + /^SIg) + 4s(off)/^SIG (5-13) 

A factor of the MOS switch that may not be obvious is its characteristics 
in the event of an overvoltage condition where Vs > Vu or F© > F©. 
Due to the close proximity of the source to the drain, one can function 
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FIGURE 5-38 Equivalent circuit of multiplexer using MOSFET 
switches. 


as an emitter and the other as a collector, with the “body” serving as 
a base to form a p-n-/? junction transistor. This means that most of the 
current injected into the body by a forward-biased source-body junction 
may be “collected” by a reverse-biased drain. If the source-body or 
drain-body “diode” becomes forward-biased, the MOSFET no longer 
provides good off source-drain isolation. The analog voltage should 
not exceed the positive body supply voltage. 


5-8-3 CMOS Switch Leakage 

The CMOS switch shown in Fig. 5-18 has a p-channel MOS and an 
n-channel MOS in parallel. In its off state, the PMOS body is connected 
to the positive supply and the NMOS body to the negative supply. The 
results in the PMOS leakage being opposed by the NMOS leakage. 
The net leakage may be zero at a particular value of drain voltage. 
The voltage at which this occurs is usually very near the value of the 
positive supply because in a complementary switch the PMOS is larger 
than the NMOS and thus has a higher leakage. 


5-9 CAPACITANCE AND SWITCHING TRANSIENTS 

The capacitance associated with the steady-state on and off states of 
the FET switch was discussed in the switching high frequency section 
as it related to signal attenuation and isolation. In this section, we will 
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evaluate the transients which occur during the tum-ON and tum-OFF 
periods. 

By the very nature of its operation the FET requires a certain transfer 
of charge to change its state from a conducting to a nonconducting 
mode. The required charge transfer is related to the channel thickness, 
length, and width and carrier concentration within the channel. Thus, 
it is related to vds (on) and Vosiow- For switching applications, low values 
of ros (on) and Vqs (om are desirable for charge transfer; however, there 
must be a design compromise between these conflicting parameters. 
Increasing channel width will reduce vds (on) without affecting Fgs (ofo; 
however, the charge required to turn the device off will be increased. 
Increasing channel thickness will also decrease ros (on), but increase Vgs (oft) 
and thus charge transfer. A reduced channel length results in a decrease 
in both Vds (on) and charge transfer without an appreciable effect on 
Vgs( off)', thus good switching FETs usually have short channels. 


5-9-1 Sample-and-Hold Circuit 

The charge transfer characteristic is of particular importance in sample- 
and-hold-type circuits because any charge transferred into or out of 
the holding capacitor in the transition between the sample-and-hold 
mode results in an error signal. This characteristic will vary to quite 
an extent, depending upon various switch and circuit config^urations. 
Few, if any, device data sheets include as a characteristic the charge in 
picocoulombs required to turn the device on or off. A rough estimate 
can be had by multiplying Vgs (ofo and Cgs + Cgd. Caution must be used 
in comparing units on this basis because the values of C depend upon 



FIGURE 5-39 Equivalent switch circuit for 
a sample and hold. 


bias conditions. Consider Fig. 5-39 as the equivalent circuit for a sample- 
and-hold circuit. In the switch on state Cstorage will charge to the value 
of Fanaiog- Ideally when the switch is turned off, the storage capacitor 
will hold at whatever value Fanaiog had at the instant the switch was 
opened. In practice, however, a charge will be transferred from the 
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FIGURE 5-40 Typical charge transfer characteristic of the 
DG181 JFET switch. 


control gate through the switch capacitance into the storage capacitance. 
This will result in an offset (error) voltage. 

, ^ charge transfer (picocoulombs) Q 

V oltage offset = ——-r- —:—-—= - (5-14) 

hold capacitance (picofarads) C 

Using the JFET switch with an integrated driver circuit that was used 
in the high-frequency example (see Fig. 5-11), we will examine the charge 
transfer as a function of the analog voltage level. Figure 5-40 shows 
this characteristic for the analog switch type DG181. In the off state 
the FET gate is clamped to approximately —20 V. In the on state the 
gate is essentially at the analog voltage. In going from on to off, then, 
the control gate has a voltage swing of Vee ~ fknaiog volts. The curves 
of Fig. 5-40 show an increase in charge transfer as Fanaiog is increased. 
The charge transfer is lower for the case where Rs is zero because a 
part of the charge is shunted to ground through the signal source. This 
shows that a lower signal-source resistance results in a lower error. Equa¬ 
tion (5-14) indicates that increasing the value of the holding capacitance 
will reduce the voltage offset resulting from charge transfer. 

The JFET construction provides a good compromise between low 
ON resistance and low coupling capacitance. A comparison of a PMOS 
switch with the JFET characteristic will show a major difference. The 
charge transfer characteristic of a PMOS switch type DG172 is given 
in Fig. 5-41. The switch control circuit is similar to that shown in Fig. 
5-18. 
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FIGURE 5-41 Typical charge transfer characteristics 
of the DG172 PMOS switch. 


As may be seen from the two curves of Figs. 5-40 and 5-41, the 
charge transfer characteristics for the DG181 and DG172 are similar 
at Cl = 100 pF and Rs = 0. It should be noted, however, that the 
DG172 has a typical on resistance of 200 II—an increase in on resistance 
of six times that of the DG181. Values of capacitance greater than 100 
pF in the charge transfer characteristics of the DG172 are seen to be 
inferior to those of the DG181. The major factor which causes the storage 
capacitance to be value-dependent is the large distributed gate-to-chan- 
nel capacitance, plus the related circuit time constants. 

CMOS devices provide an improvement over the JFET and PMOS 
devices since two gates with complementary control signals are involved. 
The two resulting charge transfers tend to cancel each other. The tran- 



FIGURE 5-42 CMOS charge 
transfer characteristics. 



FIGURE 5-43 Improved inverting sample-and-hold circuit. 


sient is therefore greatly reduced but not eliminated. This is shown in 
Fig. 5-42. 

An example of a means of compensating for the charge transfer is 
shown in Fig. 5-43. In this circuit the charge transfer into the positive 
and negative inputs of the inverting amplifier is nearly equal; thus the 
net output voltage resulting from charge transfer is nearly zero. Capaci¬ 
tor Cs provides a means of adjusting for the nonequality of the two 
switches in the DG181. (The particular layout of the DG181 results in 
a slightly higher charge transfer into D 2 than into Di.) 

An added feature of this circuit is that the balancing effect of the 
switch leakage currents results in a reduction in the voltage drop. For 
designs requiring faster settling times, the noninverting circuit shown in 
Fig. 5-44 may be used. 



FIGURE 5-44 High-performance noninverting sample-and-hold circuit. 
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5-9-2 Switching Spikes 

In switching circuits not involving capacitive loads, the charge transfer 
during turn-ON and turn-OFF results in a transient voltage or current 
“spike” or “glitch.” The FET switch itself is a high-speed device; the 
turn-ON and turn-OFF time is essentially that required to accomplish 
the necessary gate-charge transfer. These times are typically determined 
by the driver circuit. The faster the switch is toggled, however, the greater 
will be the peak amplitude of the spike caused by the charge transfer. 

The amplitude is also a function of the analog-signal source and load 
impedances. Typically for the “voltage-mode” switch (Fig. 5-13), /?sig 
is small so that the transient at the input does not contribute significant 
error to the system. The apparent load impedance during the switching 
period will depend upon the status of the other switches in the system. 
For example, the output spikes will be lower if the switch of Fig. 5-13 
is a “make-before-break” than if it is “break-before-make.” 

The equivalent circuit of two channels is shown in Fig. 5-45. Assuming 
the switch is an n-channel JFET with driver similar to that used in the 
DG181 (see Fig. 5-10), the turn-ON output spike will be positive and 
the turn-OFF output spike will be negative. Switch 1 of Fig. 5-45 has 
as an output load the parallel combination of Rl, Cl^ and switch 2. If 
switch 2 is OFF, then its loading effect is essentially the capacitance Cgd 2 - 
Assuming /?sig is low, the spike appearing at the output is due mainly 
to charge transfer from the driver through Qdi. In turning switch 1 
from ON to OFF, part of the charge will flow through r^s (on) and /?sig 


SWi 


Rsig Si '^os(on) Dt 



FIGURE 5-45 Equivalent circuit of two-channel multiplexer. 
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to ground, so that initially the effective load consists of Rl, Cl, and 
{yds + ^sig) in parallel. 

As the gate becomes more negative, r^s will increase and approach 
infinity as switch 2 turns off; thus {rusion) + Rsig) will no longer shunt 
the output. At the same time, Cgd is decreasing because Vdg is increasing. 
These two variables plus the lack of a well-defined driver output pulse 
shape make detailed analysis of the output pulse difficult. Such an analysis 
has been presented in the analog switch handbook referenced above. 

An approximation of the spike output amplitude can be made by 
utilizing the charge transfer curves shown in Figs. 5-40 and 5-41, the 
analog voltage level, and the output load. In the simplified equiva¬ 
lent circuit shown in Fig. 5-46, the effective value of Cgd is Q/t^ Vgs> 
where Q is the charge transfer in coulombs, A Vgs is the change in Vgs 
( k'anaiog ~ and Cgd is in farads. For example, let Va = 0. From the 
curve of Fig. 5-41, Q = 40 pC. Since Vee = “20 V, A Vgs = 20 V and 


Cgd (off) 


40 pC 
20 V 


= 2pF 


If the Rsig is not zero, then the Cgd(off) will be increased because the 
charge lost through the analog source will decrease. From the Rsig — 
100 kft curve of Fig. 5-25, Q = 66 pC at Fa = 0 and 


66 pC 

C'firs(off) 20 ^ 


3.3 pF 


Cgd 



FIGURE 5-46 Simplified circuit for charge 
transfer analysis. 


Figure 5-47 shows typical switching transients. Recovery or settling time 
after the turn-OFF transient is essentially the time constant of RqCo; how¬ 
ever, in a multiplexer application, when one channel is turned off, an¬ 
other channel is turned on, so that the settling time is a function of 
^Ds(on) rather than Rq. Figure 5-48 shows a 32-channel two-level multi¬ 
plexer with an output settling time of less than 200 ns. 
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0 0.4 0.8 1.2 1.6 0 0.4 0.8 1.2 1.6 


Time /xs Timet,/xs 

FIGURE 5>47 Typical switching times and transients. 

5-10 SIGNAL CONVERSION USING ANALOG SWITCHES 

Extensive use of the FET as an analog switch is made in signal conversion 
systems such as analog-to-digital (A/D) and digital-to-analog (D/A) con¬ 
verters. Increased use of digital techniques to replace analog systems 
has resulted in the evolution of a multiplicity of converter types. There 
are still occasions where nonstandard digital codes or analog voltages, 
a modification of an existing design, or a new design is required. In 
such cases, FET analog switches as described in this chapter may be 
useful. Examples are presented below. 

5-10-1 Weighted Network Converter 

The majority of D-to-A converters available today are based on the 
weighted network principle. An example of this in binary form is shown 
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CH 32 



DG506 


FIGURE 5-48 Practical two-level multiplexer. 

in Fig. 5-49. Weighted currents are summed at the output node of the 
network. The currents are produced from a voltage reference source 
via an analog switch and a resistor. The value of the resistor depends 
on the “weighting” of the digit driving it. In the above example, the 
current produced when the most significant bit is energized is Fref/^- 
The second most significant bit operation produces a current Fref/2 R , 
and the third most significant bit operation produces a current Fref/ 
4R. 

In this case the currents are binary weighted. If the resistor values 
were in decade ratios, the currents would also be in decade ratios. The 
main drawback of this system is the large values of resistance that may 
be necessary. For instance, for a lO-bit binary-weighted network with 
R = I kfl, the tenth bit has a value 1 kH X 2^® = 1.024 Mfl. To maintain 



FIGURE 5-49 Binary-weighted resistor D/A con¬ 
verter. 
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Output 


FIGURE 5-50 Ladder network D/A 
converter. 


the accuracy of the conversion over a temperature range, the resistor 
ratios must track. This is difficult with resistor ratios of 1000 to 1. Also, 
the impedance of the network varies with the input code. This can upset 
the offset and drift of any following amplifier, and hence system accuracy. 


5-10-2 Ladder Network Converter 


A resistor system that achieves the same “weighting” performance with¬ 
out the large range of values is the binary-weighted ladder network 
with switches shown in Fig. 5-50. The resistor values have 2-1 ratios. 
The operation of the ladder network can be understood by considering 
a simple two-bit converter with Fref 2 equal to zero volts (shown in Fig. 
5-51). With the most significant bit (MSB) equal to logic 1 ( Frefi) and 
the least significant bit (LSB) equal to logic “0” ( Fref 2 ), the output 
current h will be Frefi/2 R. 

In Fig. 5-52, with MSB = logic 0 and LSB = logic 1 ( Frefi), the 
output current 4 can be calculated using Kirchhoff’s equations for the 
equivalent circuit shown in Fig. 5-53. 


hence 


h = h + h 2Rl2=Rh 
2RIi-{-2Rl2= Fref 



Rafa Rh — Fref 



^MSB 



FIGURE 5-51 Operation of two-bit 
converter based on ladder network 
principle. 



ANALOG SWITCHES 


229 


FIGURE 5-52 D/A converter with 
MSB operating. o 

'^REF,2 

Thus I 2 is now half the value observed in case 1. This approach can 
be repeated for any number of bits. 

Since the ratio of resistor values need only be 2-1, good temperature 
tracking can be achieved relatively easily. Furthermore, the ladder net¬ 
work has the advantage of constant output resistance. With reference 
to Fig. 5-51, the resistance at point A, looking back into the two 2R 
resistors in parallel, is R. From point B, this impedance is in series 
with R, giving a total of 2R. Progressing toward the output mode, this 
2R is parallel with another 2R gives R again. Repeating this for any 
number of bits will show that the impedance of the network at the output 
is a constant value, R, independent of the input code. This permits 
the addition of precision gain amplifiers to the converter to produce 
voltage outputs. The amplifier feedback resistor can be part of the resis¬ 
tor network to produce precise thermal tracking. 



Q Output at 
virtual ground 


Vref.i 


5-10-3 Recirculating A/D Converter 

Figure 5-54 is but one example of a binary A-to-D converter based 
upon operational amplifiers and FET analog switches. The principle 
of operation is relatively simple: 


1 . The input Va is sampled when switches Si and S 2 are closed 
and S 3 and ^4 are open. 

2- The sample is applied to the amplifier A 2 , which is in its 
reference mode. 

a. If Va is greater than Fref, the control logic output is 
a logic 1, and the amplifier will subtract Fref from Va 
and multiply the result by 2. This result is then recircu¬ 
lated via switches S 3 and ^2 and treated as a new input. 


U-lr 



Output at 
virtual ground 


FIGURE 5-53 Equivalent circuit of Fig. 
5-52. 


Vref.i 


:2R 

1=0 
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Clock 



Serial 
output 
MSB first 


b. If the input is less than Fref, the logic is a 0, and the 
amplifier will be switched to multiply the Fa signal by 
2; this output signal is then recirculated as a new input. 

This would be repeated over a number of cycles up 
to the resolution capability of the unit, at which time 
Si will open to input a new sample. 

The resolution of the converter may be improved by generating more 
cycles between signal sampling intervals. Switching spikes, which are 
created when the analog switches in the system are closed, can cause 
inaccuracies. The overall accuracy is critically dependent on the precision 
of the analog amplifiers. 

The output will be in serial form but can, by the addition of a serial- 
to-parallel converter, be in parallel form. This design has been fabricated 
in monolithic PMOS integrated-circuit form. To compensate for MOS 
amplifier drift, the converter has an auto zero mode which is introduced 
prior to each input sample. In this mode, the input is grounded via S 4 
(Fig. 5-54) and the output added to the analog amplifier reference for 
the next series of conversion cycles. 


5-10-4 Deglitching 

When the input digital code changes in a D/A converter, some switches 
turn ON and others turn off. The number of switches operated depends 
on the exact code change. However, since all types of switches have 
different turn-ON to turn-OFF responses, there will be rapid changes 
through many varying codes during the short transitional period. This 
results in transient spikes or “glitches’" (Fig. 5-55). The magnitude of 
the glitch that can be tolerated depends on the overall system accuracy 
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^ 010 ^ on ^ 001 ^ 010 ^000^ 001 ^ 

Perfect 
converter 

Practical 
converter 

FIGURE 5-55 Sample-and-hold 

waveforms. Sampling |_ n_ 11 FI D FI D 

pulses 

required. A low-pass filter would reduce the glitches, but for high accu¬ 
racy, a sample-and-hold circuit is often placed after the converter output. 
The sample-and-hold switch is controlled by a pulse lying within the 
digit period, such that the sample is taken between transients, when 
the output is stable. 

In circumstances where the input signal to an A/D converter may 
be changing by a value which is more than the least significant bit, 
during a complete conversion cycle it is possible to use a sample-and- 
hold before the converter to provide a stable input. 



5-11 CONCLUSION 

This chapter has presented some of the characteristics and applications 
of the FET as an analog switch. A large percentage of all FET applications 
are for switching. Several reasons for using a solid-state switch in place 
of a mechanical switch are obvious: high packing density, remote opera¬ 
tion and no mechanical linkage, and reliability. These advantages apply 
to bipolars and FETs. FETs have several additional advantages: 

O High OFF to ON impedance ratios 
O Bilateral operation for large analog signal swing 
O Low power drive due to voltage-control action 

Because of its widespread acceptance, the FET has been incorporated, 
as a switch, into many types of integrated circuits. For a more extensive 
treatment of this application of the FET, the reader is referred to a 
book available from Siliconix, Inc., Analog Switches and Their Applications, 
1980. 
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6-1 The Nature of Voltage-Controlled Resistors 
6-2 VCR Characteristics of FETs 

6-3 How to Use the FET as a Voltage-Controlled Resistor 
6-4 Signal Distortion: Causes 
6-5 Reducing Signal Distortion 
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6-11 Waveform Generation Using Current Regulators 

6-12 Points to Remember when Choosing FETs as Current Sources 


6-1 THE NATURE OF VOLTAGE-CONTROLLED RESISTORS 

A voltage-controlled resistor (VCR) is a three-terminal device in which 
the resistance between two terminals is controlled by a voltage applied 
to the third terminal. The field-effect transistor is a device whose channel 
resistance is a function of its gate voltage; thus it can be used as a 
VCR. In this chapter we will describe the VCR characteristics and applica¬ 
tions of w-channel JFETs. The principles can be applied to other types 
of FETs. 


6-2 VCR CHARACTERISTICS OF FETS 

Some of the unique resistance properties of the JFET can be deduced 
from the low-voltage output characteristic curves shown in Fig. 6-la. 
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(b) Resistor characteristics 


(a) n-Channel JFET output characteristic enlarged 
around Vos-O 

FIGURE 6-1 Comparison of FET and resistor characteristics. 


The slope of the output curve Vds/Id is a function of Vos ', thus the 
drain-source resistance yds is controlled by For comparison the 

characteristics of four resistors are shown in Fig. 6-1 6. It can be seen 
that Yds of the FET is also a function of Vus; however, this effect is 
small if Vgs or Vds is small compared to Vgs( off)- 

The drain-source resistance with Vgs — 0 and with Vds either at zero 
or at a very low value is given the symbol yds( on)- A graph of yds versus 
Vgs normalized to yds (on) and Vgs (off) is shown in Fig. 6-2 a. Characteristics 
of typical devices with various geometry sizes and various values of Vgs (off) 
are shown in Fig. 6-2 6. For a given geometry, units with high Vgs (off) 
have the lower rDs(on). Units with the lower yds (on) will also have the 
highest /dss- The relationship between these three parameters is approxi¬ 
mated by the equation 


(on) 


Vgs (off) 
2 Idss 


( 6 - 1 ) 


FETs specifically characterized for use as VCRs are offered by several 
manufacturers. Both n-channel and p-channel types are available. Figure 
6-3 shows that yds (on) versus Vgs (off) relationship of two /^-channel types 
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0 0.2 0.4 0.6 0.8 1.0 

Vcs/^GSCoff) 

(a) 



100 I-1-1-1-1-^-1 

0.-1 -2 -3 -4 -5 -6 

Gate -source voltage Vqs iV 
(b) 


FIGURE 6-2 (a) Normalized versus Vgs and (b) typical n-channel JFET 

characteristics. 


and three n-channel types offered by Siliconix Inc. These five device 
types cover a range of tds (on) values from 20 to 8000 ft. A FET does 
not have to be specifically characterized as a VCR to be useful in that 
function. For example, if a lower value of vds is needed, the type 2N5432, 
which has an ros ion) range of 2 to 5 H, may be used. 



Droin - source on resistonce rQs(on) 


FIGURE 6-3 rDS(on) (drain-source re¬ 
sistance at Vds — Vgs — 0) varies as an 
inverse function of F(^(ofr)* 
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6-3 HOW TO USE THE FET AS A 

VOLTAGE-CONTROLLED RESISTOR 


Figure 6-4 shows a simple voltage-divider attenuator circuit using a FET 
VCR to provide a means of voltage-controlling the attenuation. As Fcontroi 
is changed from zero to Vosiott) of the FET, vds changes from vds ion) to 
infinity. Letting gas = (rDs)~^, the output voltage is 


Vont= Vin 


f^load(t gds^^load) ^ 

R -h /?load(l + g<te^load)“^ 


( 6 - 2 ) 



FIGURE 6-4 Simple attenua¬ 
tor circuit. 


When Vgs approaches Fgs (off), gds approaches zero and the FET causes 
no signal attenuation. If the load resistance is very large compared to 
R and r^s(on), Eq. (6-2) can be simplified to 


Fout= Fin 


1 

1 + Rgds 


In Chapter 2 [Eq. (2-8)] it was shown that 


(6-3) 


gds gdso 


Fgs (off) Fgs 
f^GS (off) 


(6-4) 


Using this equation we can express Font as a function of Vgs- 


Font 


1 + iRgifeo[FGS(off) ~ FGs)/FGS(off)] 


(6-5) 


Figure 6-5 shows the calculated Fout/fin versus Vgs for the circuit shown 
in Fig. 6-4, assuming the constants indicated anrfassuming that the output 
is small compared to Vgs ~ Vgs (off)- For a given output voltage, as Vgs 
approaches FGs(off), nonlinearity increases and distortion increases. 


6-4 SIGNAL DISTORTION: CAUSES 

Figure 6-1 a shows that r^s increases as Vds increases in a positive direc¬ 
tion. This change in ros causes the distortion encountered in VCR cir- 
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-5 -4 -3 -2 -1 0 


Gate-source voltage Vgs.V 

FIGURE 6-5 Calculated Vout/Xm for circuit of Fig. 6-4. 


cuits; it occurs because the channel depletion layer is a function of Vdg 
as well as Vgs (see Figs. 1-7, 1-8, and 1-9). The output conductance 
gds approaches zero when either Vgs or Vgd approaches Fcscoff). Also, 
when Vdg swings negative more than a few hundred millivolts, excessive 
gate current will flow and cause a dc offset voltage at the drain. This 
is due to the gate-drain p-n junction becoming forward-biased. 


6-5 REDUCING SIGNAL DISTORTION 

Distortion can be reduced and signal-handling capability increased by 
a simple negative-feedback technique. A portion of the drain signal is 
coupled to the gate as shown in Fig. 6-6. The desirable effect of this 
feedback can be explained as follows. If the gate-source voltage is fixed, 
a positive-going drain voltage tends to decrease the channel thickness. 


FIGURE 6-6 VCR linear¬ 
ization. 





R 2 = R3>10(rDs//R|oad//Rl) 
VCR linearization 













1d./aA 
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(C) 


FIGURE 6-7 VCR feedback isolation with voltage followers. 



-1.0 -0.4 0 0.4 1.0 -1.0 -'0.4 0 0.4 1.0 

VqsiV VostV 

(a) VCR7N with no feedback (b) VCR7N with feedback 



Vds.V Vds.V 

(c) VCR7N with no feedback (d)VCR7N with feedback 

FIGURE 6-8 Output characteristics of VCR attenuators. 
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thus causing an increase in tds- By applying a part of the positive-going 
drain voltage to the gate, the gate-source voltage is made more positive 
(or less negative) and the thickness of the source end of the channel 
is increased. This compensates for the positive-going drain-gate voltage. 
A similiar effect occurs with a negative-going drain voltage. 

This method of making Vqs a function of Vds decreases the effect 
that Vds has on gas, and thus distortion is reduced. The greatest improve¬ 
ment occurs when about ^ Vds is added to Vgs> thus in Fig. 6-6 R 2 = 
R 3 , To avoid excessive loading of the signal, R 2 Rz should be much 
greater than Ri. If the dc control voltage must be blocked from the 
output, then a capacitor should be placed in series with JR2. 

If the coupling of ac control signals from the gate to the output 
must be avoided, a voltage follower may be added to the feedback loop. 
Figure 6-7 shows three methods of doing this. Figure 6-8 compares 
the output characteristics of VCR circuits with and without feedback. 
It is obvious that linearity is greatly improved with feedback. 

It will be noted that a sharp increase in Id will occur if Vgd exceeds 
about 0.6 V. This drain-to-ga^^ current results from the forward-biased 
drain-gate junction, not from a rapid change in channel conduction. 

For comparison, a straight line representing a fixed resistor attenuator 
is superimposed on each of the output characteristics in Fig. 6-8. 


6-6 LINEAR GAIN CONTROL WITH VCR 

The simple attenuator circuit of Fig. 6-4 provides a Fout which has a 
reciprocal relationship with the control voltage Vqs- A linear control 
of gain can be achieved with the circuit shown in Fig. 6-9. This is a 
modified ordinary noninverting operational amplifier with feedback. The 
feedback is controlled by a FET VCR. The gain function of this circuit 
is 


Av—\-\-Rxgds ( 6 - 6 ) 

where gds is the FET conductance (= l/r/js). 



FIGURE 6-9 Amplifier with VCR gain 
control. 


G 


VCR 
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Using Eq. (6-4) we can express the circuit gain as a function of the 
control voltage Fgs- 

^ 1 ^GS(Off)”" ^GS 

Av=l-i- Rigdso —;;- (6-7) 

yos (off) 

A minimum gain of unity occurs when Vgs is equal to or greater than 
Vgs( off)', the FET channel is pinched off and gds = 0. As Vgs is made 
less negative than Vgs (off), gds and thus y4v will increase in a linear fashion. 
When Vgs reaches zero and goes positive, Ay will continue to increase. 
As has been pointed out before, when Vgd exceeds a few tenths of a 
volt positive, appreciable dc drain current will flow; therefore operating 
with positive Vgd or Vgs should be done with caution. 

As was shown with the attenuator circuit, distortion in the gain-control 
circuit is reduced with drain-to-gate feedback. An op amp in the feedback 
isolates the output from the control Vc. The feedback circuit attenuates 
the control signal so that Vgs = i Vc. The voltage-gain equation for 
Fig. 6-7 can be written as 

Av=l + Rigaso(l- „ ) ( 6 - 8 ) 

\ ^ yes (Off)/ 

Figure 6-10 shows the calculated gain function for the circuit of Fig. 
6-9. The rDS(on) and the Vgs (off) of the FET VCR are assumed to be 
30 n and -5 V. 

If the application requires that the minimum gain be greater than 
unity, the FET may be shunted with another resistor as shown in Fig. 
6-11. The factor R 1 /R 2 is added to the gain equation, which becomes 

Av=l+^+Rigd.o(\- ^J'' ) (6-9) 

^2 \ ^ yos (off)/ 

Figure 6-12 shows several types of applications for VCRs. When choosing 
a FET to function as a VCR, there are several factors which should be 
considered: 



Control voltage Vc ,V 


FIGURE 6-10 Amplifier gain vs. control 
voltage. 
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FIGURE 6-11 Add¬ 
ing R 2 to set minimum 
gain. 



1. At low voltages the FET channel conducts equally well 
in either direction. No p-n junctions exist between the 
source and the drain; thus there is no inherent dc offset 
voltage. 

2. The FET VCR behaves as a linear resistance only for small 
values of Vds^ 



(d) Circuit increases overall dynamic ronge (e) Voltage controlled variable gain amplifier. Tee 

ottenuator provides for optimum dynamic linear 
range attenuation 



(f) Voltage-tuned filter octave range with lowest 
frequency at JFET VGs(off) tuned by R2 
upper frequency is controlled by 



(g) Wide dynomic range gain control 
circuit 


FIGURE 6-12 FET voltage-controlled resistor applications. 
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3. The channel conductance gds is approximately a linear func¬ 
tion of Fgs* 

4. The nonlinearity of vds increases as Vgs approaches Vgs( off)- 

5. To improve linearity of the output characteristics and thus 
lower distortion, apply | of Vds to the gate with a feedback 
circuit. 

6. FETs with high Vgs (off) will have a larger dynamic range 
than those with low Vgs (off)- 


6-7 ANALYSIS OF FEEDBACK LINEARIZED VCRs 


The FET as a VCR is typically used in applications where Vds is small 
and swings ± about zero. The V-I characteristics near the origin are 
shown in Fig. 6-la. In this region, where Vdg is less than —Vp and Vgs 
is less than Vp, Id can be approximated by the quadratic function^ 

, _ 2IdssVds(Vgs~ Vp-iVps) 


Based on this approximation, the relation between distortion and control 
range maximum to minimum attenuation will be described. The simple 
attenuator circuit of Fig. 6-4 less Ri will be used. Most applications 
can be based on this simple example. The conductance at any point 
in the first and third quadrants of Fig. 6-1 is 



IdsS _ , gdsoVDS 

-^,Vns-g<u + -^ 


where gds is the differential conductance at the origin; when Vgs = 0, 
then gds — gdso- The attenuation for the circuit of Figure 6-4 is 

Fa 1 

Fi “ 1 + RGds ~ 

r 1 I D„ j_ Rgdso Fi _ 

L 2 Fp{ 1 + Rgds + Rgds Vx/[2 Vp{ 1 + Rgds)]] 

To reduce Eq. (6-12) to a more tractable form, the following inequality 
is introduced: 


( 6 - 12 ) 


Vi Rgdso 


«1 


2Vp{l + Rgds)^ 
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SO that Eq. (6-12) can now be approximated by the expansion 


/, 

l+g<tsR\ 2Vp{l + Rgas)^ 


(6-13) 


Only the second harmonic will be considered for the distortion, since 
the third is much smaller. For small distortion (d« 1 and Rgoso » 1), 


, VlRgdso 

^ 4\Vp\{\Rgas)^ 

If V 2 is held constant, 

j— ^2Rgds ^ V 2 
4\Vp\{l 4- Rgas) 4|Fp-Fgs| 


(6-14) 


(6-15) 


Figure 6-13 shows a comparison of measured and calculated distortion. 
If Vgs approaches Vp, the above restrictions are violated; the expression 
for the distortion can no longer be applied. If Vdg becomes negative 
enough for appreciable Ig to flow (the gate-drain junction is forward- 
biased), the distortion will be higher than predicted. From Eq. (6-15) 
we get for a prescribed maximum distortion a maximum amplitude as 
a function of Vgs- 


F2max = 44nax I Fp-Fgs I (6-16) 


FIGURE 6-13 Distortion as a function 
of Vos/Vosioft) for two different V 2 /VGs(otf)- 
(a) theoretical; (6) measured; (c) mea¬ 
sured with circuit of figure 26b (® 1968 
IEEE; reprinted with permission, from 
Proceedings of the IEEE, Vol. 56, No. 
10, October, 1968, pp. 1718-1719). 



0.5 

^Bs/VosCoff) 


0 


1 
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For a given <inax and V 2 max the ratio of minimum to maximum attenuation 
is 

^min _ ^ "f* ^^DSS _^ '^<4naxi Vp\ ^ 

■^max 1 R§DSS J^max/(4^4naxj^^|) ^2max 

valid only for m> I, Note that the maximum distortion is reached only 
for minimum attenuation. Examples: 

(^tiax = 10 percent V 2 max = 0.001 Vptn = 400 
dmax= 1 percent F 2 max = 0.01 = 4 

Although these relations are only first-order approximations, they give 
a good estimate of FET attenuator characteristics. The maximum ampli¬ 
tude is proportional to Vp. FETs with high Vp are desirable for attenuator 
applications. Unfortunately, the majority of commercially available FETs 
are made with low Vp for use in amplifiers. 

There are several means of reducing distortion. By connecting two 
identical FETs in antiparallel or antiseries, nonlinearities can be can¬ 
celled out to a certain extent. A better linearization is possible using 
one FET with feedback. It has been shown above that the characteristics 
would be symmetrical if Vqd were the control voltage in the third quad¬ 
rant. If 0.5 Fds is added to the control voltage, the two voltages Vgs 
and Vgd interchange when Vos changes sign: 

Vgs =VH-h 0.5 Vds 
Vgd=Vh~0.5Vds 

Then Eq. (6-18) used in (6-12) gives 

Id=^ Vds(V„- Vp) 


( 6 - 18 ) 


(6-19) 



FIGURE 6-14 (a) Controlled JFET attenuator and (b) 
controlled attenuator with ’’feedback” making char¬ 
acteristics linear and symmetrical. 
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The resulting characteristic is linear and symmetrical about the origin. 
The improvement in distortion performance can be seen in Fig. 6-13. 
A distortion of 12 percent for V 2 = O.lVp at Vgs — O.SVp is reduced 
through linearization to 0.1 percent. Figure 6-146 shows a possible cir¬ 
cuit. The frequency range of the controlled signal must be much higher 
than that of the controlling signal Vh to keep the direct interference 
of Vh on V 2 small. R 3 is set for minimum distortion. If V 2 and Vh are 
in the same frequency range, a high-impedance amplifier must be used. 
V 2 is at the input; the output is connected to the FET gate. The amplifica¬ 
tion is approximately 0.5 (adjustable). The control voltage is introduced 
through a second input so that no direct interference with V 2 occurs. 


6-8 FET AS A CONSTANT-CURRENT SOURCE 

The ideal “constant-current'' source would supply a given current to 
a load independent of the voltage across the load. In such a case the 
output conductance of the current source would be zero. Also, ideally 
the current would be independent of temperature. The drain current 
of the JFET approaches saturation when the JFET is operated with the 
gate-drain voltage greater than Vcsioff)- Under this condition the output 
conductance gas is low, and the FET can be used as a current source. 

Figure 6-15a illustrates a differential amplifier stage utilizing a FET 
as a constant-current source to provide a current Is which is fairly inde¬ 
pendent of the common-mode voltage. The U401 dual FET is character- 


+ 15V +15V 



FIGURE 6-15 FET current source for differential ampli¬ 
fier. 
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ized at Id — 200 juiA; therefore the common-source current Is should 
be set at 400 juA. 

For example, we will assume that the Siliconix Inc. JFET geometry 
NS is used for the FET current source Q 3 , If a device which has an 
Idss = 400 juiA is selected from this geometry, then its gate can be shorted 
to its source as shown in Fig. 6-15<2. The typical performance curves 
for the NS geometry indicate that the selected device would have Vgscow 
less than 1 V and an output conductance of less than 1 jumho. 

Figure 6-156 includes a resistor Rs in the source of Qa- This permits 
a wide range of loss values to be used and avoids the necessity of using 
a selected device. Q 3 could be a standard device such as the 2N4868, 
which is made with the Siliconix NS geometry. 

The 2N4868 has an loss range of 1 to 3 mA and a pinchoff range 
of — 1 to ^3 V. The approximate Fgs required for Id is 

Vg = VGs(off)[ 1 - {-^J] (6-20) 

The source-resistor value can be determined by 

= ( 6 - 21 ) 

Id 

In our example, then, Rs should be adjustable from 840 fit to 7.4-kfl. 

In the circuit of Fig. 6-15<2, if the common-mode input voltage is 
zero, Qa could be replaced with a 37.5-kfl resistor (neglecting the Vqs 
of the input pair). With the — 15-V supply, this would provide the desired 
400-juiA Is. If, however, the common-mode voltage varies from, say, +5 
to —5 V, then Is would vary from 533 to 267 /xA (again neglecting 
the small Vos change of the input pair). In the case of the FET current 
source, assuming an output conductance of 1 /xmho, the current Is would 
change only from 405 to 395 jutA. 

In the above example with the source resistor, the ±5-V common¬ 
mode input signal would cause a 2.66-V peak-to-peak common-mode 
output. The use of the FET as a current source reduces the common¬ 
mode output to 0.1 V peak-to-peak. To achieve a similar low common¬ 
mode gain with a resistor, the source supply would have to be increased 
to —385 V so that the source resistor could be increased to 1 Mfi. 

The output conductance gds of the FET is an important characteristic 
in its application as a current source. For a given geometry, gds is a 
function of Id and an inverse function of Fds. When adjusted to a given 
Id, as in Fig. 6-156, gds will be lower for FETs which have lower pinchoff 
voltage. For example, the performance curves for the Siliconix NS geom- 
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etry indicate that units having 5 V, 3 V, and 2 V pinchofFwill, respectively, 
have gds of 0.75 juimho, 0.58 juimho, and 0.42 jumho, when biased for 
an Id = 2 mA. 

These curves and typical curves for other geometries indicate that 
the gds-versus-/ 2 > relationship has the form 

gds ~ gdso ^ (6-22) 

\Idss/ 

where gdso and loss are values at Vqs — 0. This form is similar to the 
g/s-versus-Zo relationship. The value of the exponent n is a function of 
the device geometry and of the pinchoff voltage. For the various n-chan- 
nel geometries evaluated, the exponent n lies between 0.33 and 0.9, 
with the higher-pinchoff units having higher values for n. However, the 
higher-fjo devices also have a higher gdso/ loss ratio. 

Long-channel geometries will typically have a much lower gds/ Id ratio 
than will short-channel geometries. For example, when biased to an Id 
= 1 mA, a device made from Siliconix NS geometry has gds — 0.35 
jLimho. Another device with a similar Vp but made from the NRL geometry 
has gds = 10 juimhos at /d = 1 mA. The NS is a long-channel geometry 
designed for low-noise, low-frequency amplifier application; the NRL 
is a short-channel geometry designed for VHF applications. 

In the circuit of Fig 6-15^ the output conductance of the current 
source will be lower than simply the gds of the FET. It is reduced by 
the degenerative feedback developed across the source resistor Rs. The 
approximate output conductance including the effect of Rs is 

Since the required value of Rs will be greater for units with higher Fp, 
the feedback will be greater. This gives some compensation for the 
higher gds of the high-Fp units. 

In estimating the value of gds for a given device, it should be remem¬ 
bered that it is a function of both Id and Vds- The relationships of gds 
versus Id and gds versus Vds are functions of both the device geometry 
and Fcscoff). It is probably easier to determine gds at a particular operating 
point by studying the performance curves given in the manufacturer’s 
data book than to depend entirely upon a formula. Figure 6-16 shows 
typical performance curves for two of Siliconix Inc’s n-channel JFET 
geometries. For both of these geometries it can be seen that gds is a 
function of Id, Vds, and Foscoff). 

The rate of change of gds versus Vdg increases rapidly as Vdg 
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Drain-source voltage Vqsi V 


0.1 1.0 

Drain current Ip, m A 


10 


(a) NS geometry 




0.01 


Drain-source voltage Vosi V 


0.1 1.0 
Drain currentIo,mA 


10 


(b) NRLgeometry 

FIGURE 6-16 FET output conductance characteristics. 


approaches —Fcsioff)- This indicates another advantage of units with low 
values of Vosioffh they will perform well at low voltage. 

The effect of temperature upon Id was discussed in Chapter 2 (Sec. 
2-10). For devices operating at loss, such as Qs Fig. 6-14«, the tempera¬ 
ture coefficient (Oj) of Id will be a function of Foscoff)- If the pinchoff 
voltage is 0.65 V, 6 i will be near zero. Higher-pinchoff units will have 
a negative 0/, and lower-pinchoff units will have a positive 0/. The higher- 
pinchoff units can be biased to approximately Vqs = Vcsiom + 0.65 V 
to achieve zero 0/. The use of a source resistor as in Fig. 6-14^ can 
improve both the go and the 0/ of the current source. 


6-9 CASCADE FET CURRENT SOURCE 

Output conductance can be further reduced by cascading two FETs as 
shown in Fig. 6-17. In effect this circuit is similar to the current source 
of Fig. 6-15Z>, except that as a feedback element Rs is replaced with 
the output conductance of Qi. The approximate output conductance 
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FIGURE 6-17 Cascade for lower go. 



~15 V 


of the circuit of Fig. 6-17 is given by 


go = 


gds2 

1 + (gfs2/gol) 


(6-24) 


where goi is given by Eq. (6-23). In this circuit gdsi will be higher than 
might be expected because Fds of Qi is only equal to —Vgs of Q 2 . 


6-10 CURRENT-REGULATOR DIODES 

The desirable characteristics of the FET as a constant-current source 
stimulated the development of the current-regulator diode. One version 
includes an integrated source resistor to improve current control and 
to lower go and Oj. Figure 6-18 shows the schematic, the symbol, and 
the equivalent circuit for this type of current-regulator diode. Examples 
of these units are Siliconix types CR022 through CR470. Three different 
geometries are used to cover the current range of 220 julA to 4.7 mA. 

In Fig. 6-18 the diode /-versus-F characteristic curve is shown, and 
commonly used symbols and definitions are also given. Note that the 
drain end of the FET is called the anode and the source the cathode. 



(a) Current- limiter diode V-1 characteristic 


(b) Equivalent circuit 


FIGURE 6-18 Current-regulator models and F-I characteristics (Siliconix CR022- 
CR470). 
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(b) OTC voltoge reference 
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(c) Decoupling methods 





Emitter follower 


Common source Source follower 

(d) Emitter or source biasing 


FIGURE 6-19 Current regulator applications. 

The FET current-limiter diode is the electrical dual of the zener diode 
voltage regulator. The FET diode has low output conductance go, while 
the zener diode has low output resistance Vq. 

Figure 6-19 shows several applications of the FET current-regulator 
diode. Some of the more important applications of current regulators 
include low-voltage references. Zeners are not available at voltages below 
4 V. A precision voltage or millivolt reference is constructed in Fig. 
6-19 where the current regulator simply drives a resistor. The output 
reference voltage is simply determined by IfR> 

Another benefit that cannot be obtained with zener references is the 
low noise of this voltage reference, constructed using the current regula¬ 
tor and a resistor. Neither of these devices is operating in a mode which 
contributes significant noise, especially at low frequency (which is hard 
to filter). 

Consider the current regulator and resistor as a method of obtaining 


RESISTORS AND FET CURRENT SOURCES 


251 


low-noise regulators even in the normal zener voltage range. One word 
of caution: the output impedance in this circuit (Fig. 6-19a) is determined 
by the resistor R. 

An excellent solid-state zero temperature coefficient (OTC) voltage 
reference source is shown in Fig. 6-19^. Here we have combined an 
OTC zener with an OTC current regulator. Ripple from Fin to Fo in 
Fig. 6-196 is reduced by more than 120 dB. 

A very important application of FET current limiters is in dc coupling 
between gain stages and level shifting. Figure 6-19 c shows methods of 
dc coupling between two transistor stages. 

The use of the zeners and/or current regulators substantially reduces 
the gain loss otherwise encountered in resistive coupling dc amplifiers. 

Differential amplifiers typically utilize current sources in the common 
emitters or common sources to help achieve the common-mode rejection 
of these amplifiers. Figure 6-15 shows how the FET current regulator 
is used in the differential amplifier. For the FET amplifier, common¬ 
mode rejection is 


CMRR(Vcm) ^ I2gfsZa (6-25) 


where Za = output impedance of current source 

gfs = transconductance of the amplifier FETs 

The output impedance of the current source is the key to improving 
common-mode rejection. 

Single-ended transistor amplifier performance can be improved using 
current regulators. Figure 6-19 cf shows three different amplifiers using 
emitter and source current-regulator biasing. In the emitter follower 
the current regulator significantly increases the input impedance to the 
circuit and develops a gain closer to unity; less obvious is a lower transis¬ 
tor dissipation when supplying a heavy external load. 

In the FET common-source amplifier the dc bias point is well defined 
using the FET current regulator. This allows zero temperature coefficient 
biasing of the amplifier. The same bias temperature stability is achieved 
in the source-follower circuit. 

Another important application of the current regulator is in high¬ 
speed bootstrapping circuits. Figure 6-20 is a high-speed line driver 
using VMOS. In this circuit the current regulator CR047 minimizes 
power dissipation, at the same time maximizing speed. When Qi turns 
OFF, the CR047 discharges the parasitic capacitance rapidly in a con¬ 
trolled manner, turning on Q 2 by enhancing the available gate voltage. 
Once the voltage across the current regulator drops below the limiting 
voltage Vl, it becomes very low resistance; thus the gate is tied to the 
top of the bootstrap capacitor. 
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6-11 WAVEFORM GENERATION USING 
CURRENT REGULATORS 

A simple linear sawtooth generator can be constructed as shown in Fig. 
6-21 a. The use of the current regulator in series-opposing fashion makes 
possible the generation of high-quality triangular waves from a sine- 
or square-wave source, as Fig. 6-21 ^illustrates. Square-wave drive results 
in a better waveform at the zero crossings. Output frequency is identical 
to the input frequency. 


LL^ 

T h- 



(a) Linear sawtooth generator 


I_I 






I© 




V 

Vopp Q 

(b) Triangular waveform generator or integrator 


FIGURE 6-21 Waveform generation. 
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A very useful application of the triangular-waveform generator is in 
pulse-width modulators, where the triangle wave is compared against 
a feedback voltage. The output of the comparator is an accurate pulse- 
width-modulated representation of the analog feedback voltage (Fig. 
6 - 22 ). 

A conventional clipper circuit or square generator is shown in Fig. 
6-23(2. One disadvantage is the poor dynamic resistance encountered 
in the low-voltage zener, which results in the fairly poor output waveform 
shown. The simple addition of series-opposing current regulators, shown 
in Fig. 6-236, results in a flat-top output waveform and an efficient circuit. 
The output waveform is ±( Vz + 0.7) V. 

As shown in Fig. 6-24, FET current-regulator diodes can be connected 
in series to extend the voltage range, in parallel to extend the current 
range, and in series-opposing to function as a bidirectional current lim¬ 
iter. 





Di D2 

^-€H©- 


Flalter top 
/ /Less 
/crossover 
(Jistortion 




/ /crossover 
j W (Jistortioi 


(o) Resistor zener 


(b) Current regulator ond zener 


FIGURE 6-23 Square-wave generator or clipper. 


FIGURE 6-24 Series and parallel 
connectors. 




(a) Voltage range 
extension 



(b) Current range 
extension 


(c) Bidirectional current 
limiter 
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6-12 POINTS TO REMEMBER WHEN CHOOSING 
FETs AS CURRENT SOURCES 

1. Shorting the gate to the source of a FET makes a simple 
current limiter. 

2. Put a resistor in series with the source of a FET (Fig. 
6-18) and you have a low-temperature-coefficient, high- 
output-impedance current source. 

3. Place two FETs in a totem pole configuration (Fig. 6-17) 
and you increase the output impedance of the current 
source by more than an order of magnitude. 

4. Applications requiring two-terminal current regulators 
without an internal supply are made very simply using de¬ 
pletion-mode FETs. 
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7-1 INTRODUCTION 

Field-effect transistors, like their bipolar cousins, were for the first several 
years of their existence useful only at low (<1 W) power levels. While 
they possessed many theoretical advantages over their bipolar counter¬ 
parts, the practical limitations in manufacturing high-power devices pre¬ 
cluded FETs from competing with bipolar transistors and SCRs in power 
applications. The major limitation was that FETs were strictly horizontal 
devices; that is, their channels were parallel to the chip surface, so that 
their current densities were much lower than the bipolars’ (which utilized 
vertical current flow). For a given current, the FET chip area had to 
be considerably larger, which meant a lower yield and higher cost. Me¬ 
dium-power FETs were therefore more costly to fabricate than their 
bipolar counterparts, while high-power FETs were nearly impossible. 

Several new technologies have recently been developed to increase 
current density and allow production of high-voltage, high-current FETs. 
Three of these technologies—VMOS (vertical MOS), V-JFET (vertical 
JFET), and DMOS (double-diffused MOS)—are presently in production 
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at various semiconductor companies. At the time of this writing (1980), 
VMOS devices with ratings of 12 A and 60 V and with ratings of 5 A 
and 400 V were available. 


7-2 THE VMOS TECHNOLOGY 

Figure 7-1 shows a cross section of a VMOS channel. The substrate, 
which becomes the drain and provides a low-resistance current path, 
is n'*’ material. An n” epitaxial layer (epi) increases the drain-source 
breakdown voltage by absorbing the depletion region from the drain- 
body junction, which is normally reverse-biased. Also, the epitaxial layer 
greatly reduces the feedback capacitance since the gate overlaps n~ rather 
than material. 

A p~ body and source are then diffused into the epi, followed 
by the preferential etching of a V groove through the source and body 
and into the epi. Oxide is then grown and aluminum metalization depos¬ 
ited to form the source connection and gate. Finally, the chip is passivated 
(covered with glass) to keep contaminants from penetrating the gate 
oxide. 

The processing, up to the point where the V groove is etched, is 
similar to that of the double-diffused epitaxial planar bipolar transistor, 
shown in Fig. 7-2 for comparison. 

In operation, both the gate and drain are positive with respect to 
the source and body. The gate produces an electric field which induces 
an w-type channel on both surfaces of the /^type body facing the gate, 
allowing electrons to flow from the source, through the n-type channel 
and epi, and into the substrate (drain). Because current flow is entirely 
through n-type material, the VMOS is a majority carrier device similar 
to other types of FETs. A greater gate voltage enhances a deeper channel, 
so the current path from the drain to the source is wider and current 
flow is increased. For example, the VN66AF VMOS FET will conduct 


Source Gate Source 
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FIGURE 7-2 A double-diffused epi¬ 
taxial planar transistor. 


Bose Emitter Bose 



about 650 mA of drain current with 5 V between the gate and source, 
and 2 A with 10 V gate-to-source. 

Figure 7-3 shows a conventional horizontal MOSFET. The ri^ source 
and drain are simultaneously diffused into the j&-type substrate, which 
also serves as the body. Current flows horizontally from source to drain 
through the channel, which is induced on the top surface of the substrate. 

The vertical structure of VMOS gives it several important advantages 
over conventional MOSFETs: 

1. The length of the channel is determined by diffusion 
depths, which are much more controllable than the mask 
spacings used to define the channel length of conventional 
MOS. With the shorter channel the width/length ratio of 
the channel—which determines current density—is greater. 

For example, the length of the VN66AF channel is about 
1.5 jmm, while in a conventional MOSFET it is about 
5 jam. 

2* Each V groove creates two channels, so current density 
is doubled for each gate stripe. 

3. The substrate forms the drain contact, so drain metal is 
not needed on top of the chip. This further reduces chip 
area and keeps the saturation resistance low. 

4. The high current density of VMOS results in low chip 
capacitance, especially the feedback capacitance (gate- 

source Gate Drain 



FIGURE 7-3 The cross section of 
a conventional horizontal MOSFET. 
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drain), since the overlap of the gate and drain is kept to 
a minimum. Extra gate-drain overlap must be allowed in 
conventional MOSFETs to guard against mask misalign¬ 
ment. 


7-3 THE VERTICAL JFET AND DMOS TECHNOLOGIES 

Figure 7-4 is the channel cross section of the vertical JFET, another 
type of power FET which, like VMOS, has a high power density and 
high breakdown voltage capability. In the vertical JFET (V-JFET), current 
flows vertically from the drain through the channel between the gate 
fingers and into the source. A negative gate voltage —Vgs causes the 
depletion region to reach further into the channel, reducing its width 
and constricting current flow. Ultimately, when the gate is sufficiently 
negative, the depletion regions from adjacent gate fingers touch, and 
current flow is stopped altogether. However, because the channel is 
short, it is not pinched off by increasing the drain voltage, as it would 
have been in a conventional longer-channel JFET. 

The output characteristics of one type of JFET (2SK60) are shown 
in Fig. 7-5. The drain current does not saturate with increasing drain 
voltage but continues to be a function of drain voltage. The characteris¬ 
tics are similar to those of a triode vacuum tube; i.e., A/d/A Fds is fairly 
large, and the voltage amplification factor gfs/gos is quite low—on the 
order of 5. 

The vertical JFET is necessarily a depletion-mode device (on when 
Fgs = 0), while VMOS are typically enhancement-mode devices (off 
for Vgs — 0), although they could be made as depletion-mode devices. 


Gote Source Gote 



FIGURE 7-4 A cross section of a V-JFET. 
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FIGURE 7-5 Output characteristics 
of a 2SK60 vertical JFET. 



Drain-source Vqs.V 


A second difference is that the gate diffusion of the V-JFET has a 
higher resistance than does the aluminum gate metal used for VMOS, 
so the vertical JFET does not achieve the high-frequency response and 
fast switching times of which VMOS are capable. On the other hand, 
V-JFETs have a somewhat higher linearity than do other types of FETs, 
and are therefore suited for low-frequency amplifiers. To date, V-JFETs 
have primarily been used in high-quality audio power amplifiers.® 

Double-diffused MOS (DMOS) is a first cousin of VMOS. It utilizes 
a short channel length and epi layer to achieve higher current densities 
with low capacitances. DMOS operation is fundamentally similar to that 
of VMOS, but it is a horizontal rather than a vertical device. A DMOS 
channel cross section is shown in Fig. 7-6. To date, DMOS devices 
have been used primarily at low and medium power levels, as high¬ 
speed switches or RF amplifiers. Because DMOS is a horizontal rather 
than a vertical structure, the current density is somewhat lower, and it 
is not expected to achieve the high power or high breakdown-voltage 
levels that VMOS will eventually attain. 

Other power-FET structures are being developed;® so far all are varia¬ 
tions of either VMOS, DMOS, or the vertical JFET. Time will tell which 
types are practical on a production basis. 



FIGURE 7-6 A DMOS channel. 
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7-4 VMOS CHARACTERISTICS 

The output characteristics of the VMOS type VN66AF, plotted in Fig. 
7-7, are similar to those of a conventional MOSFET with these excep¬ 
tions: The vertical scale is amperes rather than milliamperes, the output 
conductance gos is low (the curves are flat rather than sloping) because 
of the buffering effect of the epi region, and the g/s is constant (the 
lines are evenly spaced) above 400 mA. The constant g/s, a characteristic 
of short-channel devices, is due to velocity saturation of the electrons 
in the channel. Above a certain threshold, increasing the electric field 
intensity does not increase the drift velocity. The g/s of a conventional 
(long-channel) MOSFET, on the other hand, is proportional to the gate 
voltage; drain current is therefore proportional to Fgs ® 

Figure 7-8 is a more graphic illustration of the transconductance vs. 
drain current for the VN66AF, showing the high linearity above 400 
mA and the square-law characteristics below 400 mA. 

Of the advantages that VMOS has compared to bipolars, many are 
well known in small-signal applications. Some that are apparent at high 
power levels are: 

1. High input impedance and low drive current (typically less 
than 100 nA). The beta of a VMOS device (the output 
current divided by the input current) is therefore over 10^. 

Since the resultant drive power is negligible, VMOS will 
directly interface to medium-high-impedance drivers such 
as CMOS logic or optoisolators. 

2. No minority-carrier storage time. VMOS is a majority-car¬ 
rier device—its charge carriers are controlled by electric 
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FIGURE 7-7 Output charac¬ 
teristics of the VN66AF. 
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fields, rather than the physical injection and extraction (or 
recombination) of minority carriers in the active region. 
The switching delay time is small, several nanoseconds, 
and is caused primarily by external parasitic elements (se¬ 
ries gate inductance). The 2N6657, for example, is capable 
of switching 1 A on or off in 4 ns, about 10 to 200 times 
faster than a bipolar. 

3. No secondary breakdown or current hogging. Since the 
temperature coefficient of the VMOS drain current is nega¬ 
tive (a bipolar’s is positive), VMOS draws less current as 
the device heats up. If the current density tends to increase 
at one particular point of the channel, therefore, the tem¬ 
perature rises and the current decreases. The current auto¬ 
matically equalizes throughout the chip, so no hot spots 
or current crowding—which eventually leads to secondary 
breakdown in a bipolar—can develop. Similarly, current 
is automatically shared between paralleled devices so no 
ballasting resistors are needed. 


7-5 GENERAL SWITCHING APPLICATIONS 

The high input impedance and high speed of VMOS are desirable switch 
characteristics. VMOS will interface any driver capable of a 5- to 15-V 
swing to nearly any load requiring several amperes of current. 

The basic switching performance of the VN66AF is shown in Fig. 
7-9, while the corresponding test circuit is shown in Fig. 7-10; 40 pF 
is connected in series with the VN66AF gate to better match it to the 
50-n source. The 2-ns turn-ON and turn-OFF delay is caused by the 
input capacitance charging and discharging through the equivalent series 
inductance of the package and test jig. 


FIGURE 7-9 Switching per¬ 
formance of the VN66AF. 
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CMOS logic, such as the 34011 gate, may be used as a driver for 
the VN66AF in Fig. 7-11. A logic low to the input of the 34011 turns 
the VN66AF on {Vgs = 10 V), while a logic high turns the device off 
(Vgs = 0). The steady-state power dissipated by the circuit, exclusive 
of load current, is a maximum of 55 juiW (0.15 juiW typ). 

Figures 7-12 and 7-13 depict the dynamic performance of the circuit 
shown in Fig. 7-11 when the load is 25 H. Vdd = 15 V when the logic 
supply voltage is 10 or 15 V and 7.5 V for Vcc = 5 V. The turn-ON 
and turn-OFF times when Vcc = 10 V are about 60 ns. Increasing Vcc 
to 15 V decreases ^on and toft to 50 ns. Decreasing Vcc to 5 V increases 
the switching times to 120 ns. The input and Miller capacitances of 
the VN66AF present a load of 65 pF to the 34011 driver. 

The switching time is decreased when several CMOS gates are paral¬ 
leled to increase drive current to the VN66AF. For example, when four 
4011 gates are paralleled and Vcc is 15 V, switching times are about 
25 ns—most of it propagation delay through the 4011 (Fig. 7-14). 

To further decrease switching times, additional peak drive current 
is needed to charge and discharge the gate input capacitance of the 
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FIGURE 7-11 A CMOS 
gate driving the VN66AF. 
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FIGURE 7-12 Switching per¬ 
formance of the 2N6657 driven 
by the CMOS gate. 
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FIGURE 7-13 Switching per¬ 
formance of the VN66AF with 
a 5-V CMOS logic drive. 
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VN66AF. One solution is to use a MOS clock driver such as the MH0026. 
It is designed to deliver high peak currents into capacitive loads and 
to translate TTL levels into 15-V swings. Figure 7-15 is a typical switching 
circuit whose characteristics are shown in Fig. 7-16. 

VMOS will also interface to standard TTL, but a pullup resistor is 
needed to ensure sufficient gate enhancement (see Fig. 7-17). If no 
pull-up resistor is used, the enhancement of the VMOS will be about 3 
V, and the VMOS saturation current will be only about 200 mA. On 
the other hand, with 5 V provided to the gate by the pullup resistor, 
the VN66AF saturation current will exceed 500 mA—which is adequate 
for many applications. 

If a higher saturation current or a lower on resistance is needed, 
the gate drive voltage must be increased. Figure 7-18 shows how to 
use open-collector TTL with a 10- to 15-V pullup. Turn-ON time will 
be a function of the value of Ri, since it provides current to charge 
the input capacitance of the VN66AF. If a faster turn-ON time is needed, 
Ri must be reduced, which may result in excessive power dissipation 
when the VN66AF is off. To solve this problem, use the totem pole 
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FIGURE 7-14 Switching performance of the VN66AF drive by four paral¬ 
leled 4011 gates. 
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FIGURE 7-15 Driving the VN66AF with FIGURE 7-16 Switching per- 

a MOS clock driver. formance of the VN66AF 

driven by a MH0026 MOS 
driver. 


drive circuit shown in Fig. 7-19—it drives the VN66AF with an emitter 
follower with performance as shown in Fig. 7-20. 

A second method of interfacing TTL to VMOS, a bipolar level shifter, 
is shown in Fig. 7-21. The 2N5130 amplifies the TTL output pulse 
and provides up to 15 V of enhancement to the VN66AF. The AM686 
is a high-speed comparator, although other comparators—or for that 
matter, a TTL gate—could be used. For a faster turn-ON time than 
that shown in Fig. 7-22, or for a lower power dissipation in the off 
state, use the totem-pole driver. 

Interfacing VMOS to ECL is not quite as straightforward, since ECL 
levels are inherently incompatible with VMOS drive requirements, but 
level shifting is still relatively easy. In Fig. 7-23, the VN66AF is used 
to increase the voltage and current capability of an ECL-compatible 
peripheral driver, the 75441. An alternative circuit. Fig. 7-24, uses dis¬ 
crete components to translate ECL levels into the 0- to 10-V swing 




FIGURE 7-17 Driving 
the VN66AF with stan¬ 
dard TTL. 


FIGURE 7-18 Open-collector 
TTL is used to provide greater en¬ 
hancement to the VN66AF. 
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FIGURE 7-19 A ’*totem pole” drive 
increases switching speed and reduces 
dissipation. 
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FIGURE 7-20 Switching per¬ 
formance of the VN66AF 
driven by the ”totem pole” 
open-collector TTL driver. 


required for VMOS. Switching times of this circuit are less than 40 ns 
into 50 n. 

When driving capacitive loads, such as cables or data buses, an active 
pull-up is required to deliver current into the load. The high-speed line 
driver shown in Fig. 7-25 uses a second VN66AF, with an inverter, to 
provide up to 3 A and switch 15 V across 1000 pF in less than 30 ns 
(Figure 7-26). 

Ease of drive, ruggedness, lack of secondary breakdown, and fast 
switching speeds make VMOS well suited for switching power to a variety 
of loads, some of which are shown in Fig. 7-27. The fast switching of 
VMOS is especially helpful when designing switching regulators, since 
considerable power is lost while the switching element is traversing its 
active region. Figure 7-28 is the schematic of a 50-W, 200-kHz regulator 
using the VN64GA, a 12.5-A, 60-V VMOS device.^ The regulator output 


-•“'lOto+ISV +50V 




0 40 80 120 140 

Timet,ns 


FIGURE 7-21 High-current interface. 


FIGURE 7-22 Performance 
of the high-current interface. 
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FIGURE 7-23 Using VMOS to FIGURE 7-24 A discrete ECL-to-VMOS 

buffer the output of an ECL-com- interface circuit, 

patible peripheral driver. 


is 5 V at 10 A with ripple at less than 100 mV p-p. No output current 
limiting is included, although it may be added. Input supply is 28 V 
dc. 

The 710 comparator acts as an oscillator, using Li as a reactive element 
and Rs for hysteresis. C 5 couples the output ripple to the negative input 
of the comparator, where it is rejected as a common-mode signal. A, 
R 4 , R 5 , and C 3 form a bootstrap circuit which drives the gate 15 V 
more positive than the 28-V input. Six paralleled capacitors filter the 
output. The total impedance of one capacitor at 200 kHz is 0.05 fl, 
and 0.01 H is needed to filter the 10-A peak-to-peak ripple current. 
Qa is the heart of a soft-startup circuit. 


15V 



FIGURE 7-25 High-speed line driver. 
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FIGURE 7-26 Performance of 
the high-speed line driver. 
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(a ) Core driver 




(c) Relay or (d) Led driver 

solenoid driver 



(e) DC to DC converter 




VN66AF 


Cequivalent*" 


VN66AF 


Typically 100-1000 pF 


(f ) Ultrasonic or optical transducer driver 




(g) AC motor control 

FIGURE 7-27 Several typical VMOS applications. 


(h) Loser pulser 
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Li 



in parallel 


FIGURE 7-28 A 200-kHz switching regulator. 


TABLE 7-1 A COMPARISON OF SWITCHING REGULATORS (28 V IN, 5 V AT 
10 A OUT) 



20 kHz 

200 kHz 

Bipolar 

VMOS 

Bipolar 

VMOS 

Efficiency 

82% 

79% 

72% 

75% 

Power output 

50.0 

50.0 

50.0 

50.0 

Total input power 

60.7 

63.6 

69.4 

67.0 

Fixed losses 


4.85 W 


Drive power 

0.17 W 

0.44 W 

1.4 W 

0.87 W 

Switching losses 

1.9 

0.55 

9.6 

3.7 

Saturation losses 

3.2 

7.2 

3.2 

7.2 

Ac core losses 

0.06 

0.2 

Dc coil losses 

0.49 

0.13 

Approximate recovery 





time for a 40% 





change in load 

100 JJLS 


10 ixs 


Inductor core 

3019 pot core 

2213 pot core 


-0.85 in3. 

1.2 oz 

-0.31 in3, 

0.43 oz 

Capacitors 

8 X 220 fiF 

6X 120 /xF 


1.0 in3 


0.45 in® 
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Operation at 200 kHz, rather than the usual 20 to 25 kHz, has several 
advantages: 

1. A smaller inductor, with lower dc (copper) losses, is used. 

2. A smaller filter capacitor may be used. 

3. The regulator responds faster to sudden changes in the 
load. 

High-frequency operation does reduce the overall efficiency somewhat, 
because of switching losses, but not as much as it would in a comparable 
design using a bipolar or bipolar darlington transistor as the switching 
element. Table 7-1 compares bipolar and VMOS regulators operating 
at 20 kHz and 200 kHz. A circuit similar to Fig. 7-28 is assumed. 

The high input impedance and linear transfer characteristic of VMOS 
make it easy to control either the average or the surge current to a 
load. Figure 7-29 is a simple light dimmer circuit which varies the average 
current into the light bulb by controlling the saturation current of the 
VMOS. Ri and R 2 make the control of brightness more linear with 
the potentiometer shaft rotation. The disadvantage of this circuit is that 
the VN66AF operates in its linear region, so considerable power is wasted 
when the light is dimmed. 

A more efficient method of varying the average current to the load 
is with pulse-width modulation (Fig. 7-30). The 4011 oscillates with a 
duty cycle which is determined by the ratio of Ri and /? 2 , and drives 
the VMOS with 12-V pulses. Since the VN66AF is either fully on or 
fully OFF, very little power is dissipated in the regulator itself. 

A similar circuit can be used as an inexpensive audio alarm system. 
The 4011 gate provide a 2-kHz square wave to the VN66AF, which 
directly drives an 8-0 speaker (Fig. 7-31). 





+ 12V 



FIGURE 7-29 A Unear 
Ught dimmer circuit. 


FIGURE 7-30 An efficient Ught dimmer circuit. 
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♦ 5V 



FIGURE 7-31 A 2-kHz audio alarm. 


7-6 DRIVE CONSIDERATIONS 

Many loads—motors and incandescent light bulbs, for instance—have 
an undesirably low impedance, resulting in high surge currents when 
power is first applied. The soft-startup circuits in Fig. 7-32 and 7-33 
will minimize or eliminate these current surges, which in the case of 
an incandescent light bulb will increase life considerably. Adjust the 
1-MD potentiometer in Fig. 7-32 until the desired maximum current 
is obtained, or use a fixed divider if a wider tolerance is allowable. Ri 
and Cl in Fig. 7-33 have a 0.1-s time constant to increase the drive 
voltage, and hence the drain current, of the VN66AF gradually. 

While the 2N6657 can drive nearly any load of 2 A or less (3 A 
under pulsed conditions), the gate must be driven with a high enough 
enhancement voltage to support the required current. Refer back to 
Fig. 7-7: When the VMOS is driven by TTL providing a maximum Vgs 
of 5 V, the saturated drain current is 650 mA. The guaranteed worst 
case under these conditions is a drain current of 500 mA. If a minimum 
drain current of 1 A is required, a worst-case minimum of 10 V must 
be applied to the gate (6.25 V will typically be sufficient). 

Applying more than the minimum enhancement voltage—15 V rather 


♦v 



FIGURE 7-32 A circuit which current-limits the drive 
to the motor. 
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FIGURE 7-33 A soft startup circuit re¬ 
duces the cold current of the bulb. 


-»-V 



than 10, for instance—has two desirable effects: the on resistance is 
reduced, and an extra margin of safety is provided to allow for the 
decrease in drain current as the VN66AF heats up. It is possible, as 
the drain current decreases with temperature, for the VN66AF to actually 
come out of saturation, which further increases dissipation. 


7-7 TEMPERATURE CONSIDERATIONS 

Typically, the saturated drain current of VMOS decreases 0.5 to 0.6 
percent/°C due to the decrease in the mobility of electrons in silicon 
as temperature increases; likewise rosion) increases by the same amount 
(Fig. 7-34). If you assume a worst-case situation of 0.6 percent/°C, the 
ON resistance at a given temperature \rDs(TJ\ can be expressed in terms 
of the resistance at the ambient temperature [rDs(TA)] by the expression 

rBs(T)=rns(TA)e^‘^^^^ (7-1) 

where AT= T— Ta, the rise in temperature. 

This increase in on resistance may lead to problems unless certain 
design precautions are taken. In a typical switching situation, such as 
that of Fig. 7-35, the current passing through the on switch is nearly 
constant. In this example, 2 A of current passes through the VN66AF 



Temperature T, ®C 
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FIGURE 7-35 A typical switching cir¬ 
cuit in which Vds increases as the 
VN66AF heats up. 


and causes it to heat up. As the on resistance goes up, the voltage 
drop across the VN66AF increases, and the dissipation climbs further. 

If inadequate heat sinking is used, the on resistance and junction 
temperatures will increase until the resistance is stabilized by extra 
charge carriers which are thermally generated in the channel. Since this 
occurs above the maximum safe junction temperature of 150°C, and 
the long-term reliability may be impaired, it is desirable to anticipate 
this increase in on resistance and temperature. 

There are two ways to do this. The first, a rough rule of thumb, is 
to add an extra 50 percent to the actual power dissipation figure before 
calculating heat sink requirements. For example, if 1 A flows through 
a device whose on resistance is 3 at 25°C, the calculated power is 
3 W. Now simply calculate the heat sink requirements using 4.5 W as 
the total dissipation, which will give a close approximation of the actual 
heat sinking required at moderate and high temperatures (it will be 
conservative if the temperature rise is slight). To calculate the heat sink 
requirements more precisely, express the rise in junction temperature 
A Tin terms of the power dissipation and the junction to ambient thermal 
resistance djA'. 

AT= Prns(T)ejA (7-2) 

which can be combined with Eq. (7-1) and rearranged as 

AT^-ooo6At= Prj,s(TA)ejA (7-3) 

This is the classical expression for the temperature risk of any fixed 
resistor, with the addition of the exponential term. 

Solve Eq. (7-3) with the values shown in Fig. 7-35 to find the actual 
junction temperature. 

Ar^-ooo6Ar= (1 a) 2(3.0 n)(15^C/W) 

= 45^C 

Next, find AT in Fig. 7-36 by locating 45*^ on the vertical axis. The 
actual rise in junction temperature is located on the horizontal axis; it 
is 70°C, so Tj is 95°C. 

Figure 7-36, a plot of Aversus AT, is useful in finding the 
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FIGURE 7-36 A plot of 
A T versus AT is useful in 

finding the actual temperature rise 
of the VN66AF when the power 
dissipation at 25junction tem¬ 
perature is known. 



1 10 100 1000 
Increase in junction 
temperature AT, °C 


actual temperature rise of the VN66AF when the power dissipation at 
25°C junction temperature is known. 

You can also use Fig. 7-36 to find the required heat sinking when 
the power dissipation and maximum allowable junction temperature are 
specified. For example, if the ambient temperature in Fig. 7-34 is in¬ 
creased to 50°C, rDs(TA) becomes 3.5 fi and the normalized power is 
3.5 W. If the maximum junction temperature is specified as 125°C {AT 
= 75°C), ATe~^-^^^’^ must be less than 48°C and Oja < 13.7°C/W. A 
heat sink with Oca < 5.4°C/W should be used, since Ojc of the VN66AF 
is 8.33°C/W. Note that if the rule of thumb were used and 50 percent 
added to the 3.5-W figure, the Oja would be calculated as 14.3°C/W— 
quite close considering the approximations involved. 


7-8 PARALLEL AND SERIES OPERATION 

If the required current exceeds the capability of one device, then several 
devices may be paralleled as in Fig. 7-37. No ballasting resistors or 
thermal matching networks are needed because the currents tend to 
equalize—if a particular device starts to draw more current, it heats 
up more and conducts less current than it would otherwise. 

For example, an initial unbalance of ±20 percent (the typical worst- 
case figure) will reduce to ±14 percent if the junction temperatures 


FIGURE 7-37 ParaUeling the 
VN66AFs increases the maximum 
current-handling capability. 
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120 V 



FIGURE 7-38 The 
breakdown voltage may 
be doubled by connecting 
two devices in series. 


are allowed to approach their maximum limits. Because of the excellent 
high-frequency response of the VN66AF, ferrite beads or small-valued 
resistors (—100 to 1000 11) in series with each gate are necessary to 
suppress spurious high-frequency (—300 MHz) oscillations. 

Devices may be connected in series to increase breakdown voltage, 
as shown in Fig. 7-38. Ri and R 2 are larger because the drive current 
to the gate of (^2 is small, while Ci and C 2 form a capacitive divider 
which dynamically balances the gate drive and also ensures fast switching 
times by coupling charge to the gate of Q 2 . C 1 /C 2 should be approxi¬ 
mately equal to R 2 /RU with allowance for stray capacitance and the 
enhancement voltage of Q 2 . The bottom of the divider chain is returned 
to +15 V, rather than ground, to ensure sufficient enhancement for 
Q 2 when the devices are on. If resistor and capacitor values are properly 
selected, any number of VMOS may be series-connected in this manner. 


7-9 AMPLIFIER APPLICATIONS 

The constant-g/s region of VMOS makes it well suited for linear applica¬ 
tions. Distortion is low over a wide dynamic range when properly biased. 



FIGURE 7-39 Harmonic distortion vs. voltage output for a simple class 
A stage and a source follower. 
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Frequency f, Hz 


+ 50V 



FIGURE 7-40 Frequency response of a simple class A stage. 


Figure 7-39 is a plot of the harmonic distortion vs. output voltage for 
a simple class A test circuit employing the 2N6657, a 25-W VMOS. 
Distortion rises almost linearly with output voltage at low signal levels, 
but then rises more sharply as the positive signal peaks extend into 
the nonlinear g/s region and the negative peaks saturate the device. The 
voltage gain of the circuit is about 6.5, equal to g/sRL (0.27 mho X 24 

a). 

Using the 2N6657 as a source follower reduces the distortion by a 
factor of 5.5, which is slightly less than the amount by which the voltage 
gain is reduced. Figure 7-40 shows that the frequency response of a 
simple class A stage is flat to almost 10 MHz. The simple audio amplifier 
shown in Fig. 7-41 is equivalent to the audio output stage of many 
inexpensive radio and television receivers and phonographs. Power out¬ 
put is about 4 W from 100 Hz to 15 kHz. The design is greatly simplified 
by the use of an output transformer, and overall distortion is kept rela¬ 
tively low (2 percent at 3 W) by 10 dB of negative feedback. No thermal 
stabilization components are needed, since the drain current has a nega¬ 
tive temperature coefficient. 



FIGURE 7-41 A simple audio power amplifier. 













FIGURE 7-42 A high-quality, 40-W VMOS amplifier. 
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Figure 7-42 shows a high-fidelity 40-W audio amplifier suitable for 
high-quality stereo or quadraphonic systems.This amplifier has low 
open-loop distortion. The relatively small amount of negative feedback 
(22 dB) and the good open-loop frequency response (400 kHz) minimize 
transient intermodulation distortion. Closed-loop frequency response 
(exclusive of the input filter) is flat to 4 MHz, and the slew rate is over 
100 V/]ULS. The performance of the amplifier, which is operated class 
AB with an idling current of 300 mA, is shown in Fig. 7-43. 

Since at the time of this design only n-channel VMOS devices were 
available, a quasi-complementary design was necessary, and some means 
was required to match the characteristics of the common-source and 
common-drain output stages. An effective method is to use a resistor 
(Ri 5 in Fig. 7-42) to provide drain-to-gate feedback and a modulated 
current source in the common-source stage. Figure 7-44 details this 
technique and compares it to the corresponding circuit for an actual 


FIGURE 7-43 Gain and distortion 
vs. frequency of the VMOS am¬ 
plifier. 
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FIGURE 7-44 A quasi-source follower and a real source 
follower. 
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1 10 100 
Drain-source voltage Vqs.V 


FIGURE 7-45 Current output 
vs. drain-to-source voltage of 
three 2N6658s in parallel, when 
Vgs = 9 V. 


source follower. An analysis of the circuits reveals that both have the 
same values of gain and output impedance, which ensures a good match 
between the positive and negative waveforms during class AB operation. 
Exact matching is ensured by Ru and Q (Fig. 7-42). Functional output 
protection is provided by zener diodes, which limit the output current 
and device dissipation by limiting Fgs. Clamping Fgs at a maximum of 
9 V limits the drain current to slightly less than 2 A at 25°C, less when 
the devices are hot. The resulting current limit vs. the drain-to-source 
voltage (Fig. 7-45) shows that short-circuit protection is possible when 
a 200°C maximum junction temperature is allowed for a brief interval 
(the time constant of the output fuse). The paralleled 2N6658s may 
be replaced with a single VN64GA, which was not available at the time 
of the initial circuit design. 


7-10 RF POWER 

VMOS has many advantages in RF power amplifiers and preamplifiers, 
including high gain, a high two-tone intermodulation intercept point, 
low noise, and the ability to withstand any VSWR. For further details, 
refer to Chapter 4, “High-Frequency Circuits.'’ 


7-11 SUMMARY 

Power FETs typically rely on a short channel length and vertical current 
flow to increase current density and power capability. Their outstanding 
features, compared to bipolar transistors, include negligible dc drive 
current, extremely fast switching times, no minority-carrier storage time, 
a complete lack of secondary breakdown and current hogging, and low 
distortion. They are being designed into numerous power applications. 
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including both general-purpose and high-speed switchers, high-quality 
audio amplifiers, and switching regulators. 
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FETS IN INTEGRATED 
CIRCUITS 

8-1 Introduction 

8-2 MOSFET Processes 

8-3 Bipolar-FET Combinations 


8-1 INTRODUCTION 

Field-effect transistors are now a basic component in many integrated 
circuits, both analog and digital. While any type of FET— n~ or p-channel, 
MOS or junction—can be fabricated on the same substrate with either 
devices of the same type or nearly any other kind of FET or bipolar 
device, some combinations are naturally more popular and useful than 
others. In this chapter we shall describe some of the more popular FET 
and FET-bipolar integrated-circuit basic processes, although many varia¬ 
tions on each process have been developed to suit particular applications 
and manufacturing capabilities. 


8-2 MOSFET PROCESSES 

Figure 8-1 is an all-PMOS process, the earliest and simplest MOS 
process.Only five masking steps are needed diffusion, gate oxide, 
contact, metal, and oxide), so the cost is low and the yield high. Further¬ 
more, the packing density (number of MOSFETs per unit area) is much 
higher than that of a bipolar process because no isolation diffusions 
are needed between devices. A high packing density reduces the cost 
of a function. The PMOS process is used primarily for medium- to high- 
complexity digital circuits, but has recently lost favor to NMOS. 

NMOS, shown in Fig. 8-2, not only offers the same advantages of 
simplicity, low cost, and high packing density as PMOS, but it has a 
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FIGURE 8-1 The PMOS process. 


better speed-power product because negative charge carriers (electrons) 
have a higher mobility in silicon than do positive charge carriers (holes). 
This process was developed later than PMOS because it is much more 
sensitive to ionic contamination in the gate oxide, and only recently 
have processes been clean enough to ensure a high yield. However, 
NMOS has undergone extensive technical development and is a low- 
cost and widely used process for digital integrated circuits such as micro¬ 
processors and memory. 

CMOS (complementary MOS), Fig. 8-3, is a combination of both 
n- and p-type MOSFETs. CMOS digital circuits dissipate very little power 
in the quiescent state because either the p or the n MOSFETs—but 
never both—are on within a logic element, so there is no current flow 
except for a minimal leakage. At high switching frequencies (above sev- 



FIGURE 8-2 The NMOS process. 
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FIGURE 8-3 The CMOS process. 

eral hundred kilohertz), however, the power dissipation becomes compa¬ 
rable to NMOS because circuit capacitances must be charged and dis¬ 
charged—which requires additional current. CMOS also requires more 
chip area for a given logic function because the n-channel MOSFET 
must be diffused into an isolated p-type well; this requires at least two 
more masking steps than PMOS or NMOS and is therefore more costly 
and difficult to fabricate. For digital circuits, CMOS is used when the 
complexity is low to medium; highly complex CMOS circuits are de¬ 
signed only when extremely low-power operation at low frequencies is 
needed—wristwatch circuits, for example. 

CMOS is not confined purely to digital circuits, however—it is very 
popular for analog switches, operational amplifiers, and systems requir¬ 
ing both analog and digital circuitry. In an analog switch, the parallel 
combination of p- and n-channel MOSFETs exhibits a nearly constant 
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FIGURE 8-4 A CMOS analog switch. 
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FIGURE 8-5 A monolithic CMOS chip containing both analog and digital circuitry. 


resistance to any analog voltage between the positive and negative supply 
voltages. In a CMOS operational amplifier, the output is capable of 
excursions to within several millivolts of either supply rail, vs. several 
hundred millivolts or more for a more conventional bipolar design; a 
CMOS op amp also has several orders of magnitude lower input bias 
current than does a bipolar op amp, and both greater linearity and 
greater dynamic range than amplifiers made exclusively with either 
PMOS or NMOS. Figure 8-4 shows a CMOS analog switch system which 



NPN bipolar p-chonnel MOS 

Emitter Base Collector Body Source Gate Drain 



FIGURE 8-6 The bipolar-PMOS process. 
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FIGURE 8-7 A bipolar-PMOS analog switch. 

contains a digital interface and driver circuitry in addition to the analog 
transmission gate.^ 

Figure 8-5 is a block diagram of the LD130, a CMOS three-digit 
analog-to-digital converter. Notice that the buffers, integrator, and com¬ 
parator are analog circuits (operational amplifiers), while the control 
logic and circuitry to the right of the logic is all digital. The analog 
switch functions utilize MOSFETs.^ 


8-3 BIPOLAR-FET COMBINATIONS 

The bipolar-PMOS process (Fig. 8-6) is actually a forerunner of the 
previous MOSFET process; it was commercially developed in 1968 for 




p substrate 


FIGURE 8-8 The BIFET (hipolar-JFET) process. 
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fabricating monolithic analog switch driver-gate combinations.^ The only 
significant difference between this process and the standard planar bipo¬ 
lar process is an extra masking step for the PMOS gate, so the cost 
and complexity are only slightly greater. The bipolar-PMOS process is 
used in a variety of analog circuits—analog switches (Fig. 8-7), A-to-D 
converters which require MOSFET-input operational amplifiers and ana¬ 
log signal switching, and smoke-detector ICs which require a MOSFET- 
input comparator to interface with an ion-chamber smoke sensor. 

Figure 8-8 is a versatile development—the BIFET (bipolar-JFET) proc¬ 
ess. Like the bipolar-PMOS process, it is basically a planar bipolar 
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FIGURE 8-10 An n-channel JFET compatible with standard bipolar processing. 
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FIGURE 8-11 An integrated circuit operational amplifier using a 
JFET (0,18) to ensure proper startup. 

process, but with extra ion-implant processing steps to fabricate the 
channel of the j&-channel JFET. This process is also used for a number 
of analog applications, including FET-input operational amplifiers (Fig. 
8-9) and JFET analog switch/driver combinations. 

The standard planar bipolar process can, with no extra processing 
steps, produce JFETs, but their parameters are difficult to control and 
close matching is nearly impossible. The process is shown in Fig. 
8-10. JFETs of this type are used primarily for noncritical biasing and 
current sources in analog integrated circuits, especially since they are 
always on when power is first applied and, therefore, ensure the startup 
of bipolar bias circuits (Fig. 8-11). 
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Amplifiers: 
audio, 61 

VMOS, 274-278 
Cascode, 16, 48, 77-83 
common-drain, 63, 83-90 
common-gate, 63 

common-source, 8, 10, 26, 34, 55, 63, 145 
differential, 83, 89-92, 96-99, 102 
using current regulators, 251 
high-frequency, 16, 138 
broadband,158, 160 
Cascode, 156-158 
common-drain, 155 
common-gate, 153-155 
common-source, 151-153 
design priorities, 140 
distributed, 140 
noise in, 22, 40, 152, 188-192 
problems of amplification, 139 
VMOS, 184-189,278 
operational, 97, 101, 103-105 
R-C coupled, 10, 64 
voltage, 34, 63, 92 
VMOS, 186, 274-278 
Analog switches {see Switches, analog) 
Automatic gain control (AGC), 16, 48, 138, 
153 

Avalanche breakdown {see Breakdown) 


Bias: 

constant current, 64, 75-77 
distortion, effects of, 116 
operating point, 64-65 
feedback, 84- 86 
forward, 5-6, 8, 30, 54 
reverse, 5-6, 54 
Bootstrapping, 79 


Breakdown: 
avalanche, 7, 23, 29 
junction, 18, 46 


Capacitance: 

abrupt junction, 11,36 
feedback, 16, 139, 141 
feedthrough, 55 
gate, 58 

input, 58, 67, 139 
interelectrode: drain-body, 21 
drain-gate, 11,21, 50, 139 
drain-source, 11, 37, 50, 139 
gate-channel, 18, 36, 47 
junction, 67 
output, 55 

parasitic, high-frequency effects of, 139 
switching transients, 219-226 
Carriers: 

concentration of, 4 
density of, 12 
ionization of, 12 
minority, 21, 32 

mobility of, 4, 9, 12 -13, 22, 26, 56 
velocity of, 9 

Cascode circuits, 77-83, 145 
equivalent circuit, 81-82 
{See also Amplifiers) 

Channel: 

conduction, 3-5, 13, 15, 18, 26, 56-57, 
198 

{See also Conductance) 
diffusion, 20, 40 
length, 5,9-10, 18,20-21,68 
resistance, 13 

thickness, 9, 15, 18, 20, 30,41, 69, 95 
width, 18, 20, 68, 94-95 
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Characteristics of FETs: 
dynamic, 33 

output, 27, 30, 45-46, 68 
physical, 18-23 

in small-signal high-frequency applica¬ 
tions, 138 
static, 26-32 
transfer, 27,45, 138 
Charge transfer, 220-225 
deglitches, 230-231 
glitches, 224, 230-231 
CMOS (complementary MOS), 222, 282 - 
284 

switch, 205, 219 
{See also MOS) 

CMRR {see common-mode rejection ratio) 
Common-mode errors, 98-102 
Common-mode rejection ratio, 100, 105, 
251 

Common-mode voltage, 83, 92-93 
Conductance, 13, 30 
channel, 4-9, 52 
drain-source, 31 
input, 141 
output, 8, 30, 141 
Current: 
channel, 4 

constant source of, 64, 75-77, 83, 87, 91, 
245-248 
drain, 7, 10,27 
saturation, 27, 41, 43-44, 81 
gate, 5-6, 29,32, 54, 57, 104,128- 
129 

breakpoint, 77-79, 104, 105 
leakage, 6,12, 77, 111 
hogging, 21, 52, 261 
junction, 13 

regulators: applications of, 249-254 
FETs as, 249 
Cutoff voltage: 
gate, 5, 27-28 


Depletion, 7-8 
layer, 4, 7, 11, 57 
region, 8, 21 
thickness, 5, 12 
wMth, 4, 7,37,57 
Derating factors, 58 
Diffusion, 18 
channel, 20,40 
gate, 40 


Dissipation power, 62 
{See also Temperature) 

Distortion: 

in analog switches, 210-211 
analysis of, 112-114 
in high-frequency mixers, 163 -164, 
176-177 

rules for low, 121-122 
sources of, 114-120 
in VCRs (voltage-controlled resistors), 31, 
237-245 

DMOS (double-diffused MOS), 255, 258- 
259 

Drift, compensation for, 94-98 
Duals {see Amplifiers, differential) 

Epitaxial growth, 18, 20, 40, 69 
Equivalent circuits: 
amplifier: 

Cascode, 82 
differential, 91,99 
common-mode, 100 
high-frequency, 147 
voltage, 35, 64 

analog switch: CMOS control, 199 
dc, 193-197 
DG181,201 
ON, 203 
JFET, 52 
control, 199 

sample-and-hold, 220-221 
charge transfer, 225 
converter, D-A, 229 
FET: admittance, 147 
capacitances, 37 
gate current, 79 
large signal, 162 
low-frequency, 36 
noise, 39 

multiplexers: leakage, 217 
two-channel, 224 
Tee isolation, 203 
VMOS (2N6659) on/off, 208 


Feedback, 16, 83-84, 86, 97,139, 141 
Feedthrough in analog switches, 199 
capacitance, 55 
FET symbols, 17 
Figure of merit, 55, 140 
{See also Gain, bandwidth) 
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Gain: 

bandwidth, 22, 157-158, 160 
conversion (mixer), 165-166 
midfrequency, 74 
power, 139, 141-142, 151 
voltage, 35, 81 

Gallium arsenide, 22-23, 138 
Geometries: 

distortion, effects of, 119 
mu, 141 

NC,44, 68-70, 72 
NFA, 72 
NH, 72,74 
NP, 72 
NRL, 72 

NS, 68-69, 72 

NT, 44 
NVA, 72 
NZA, 44, 72 
NZF, 72 

selector guide, 70 
Glitch, 224, 230-231 
Glossary of terms and abbreviations, 59 


Fligh-frequency admittance parameters, 
147-149 

High-frequency amplifiers {see Amplifiers) 
High-frequency circuits, 137-192 
High-frequency mixers {see Mixers) 
High-frequency oscillators, 181-185 
High-frequency power FETs {see 
Amplifiers) 

High-frequency power gain, 145-146 
High-frequency VMOS, 184-188, 

278 


Impedance: 
input, 6-7, 63, 143 
output, 143 

Insulated-gate {see MOS) 
Integrated circuits: 
bipolar-FET, 285-287 
CMOS, 282-284 
MOS, 281-^285 
Ion implant, 40, 69 
Ionization: 
of carriers, 12 
impact, 78-79 


JEDEC and house-numbered transistors: 
CR039,91,93,249 
CR043, 107-108, 249 
Jill-113, 38, 45 
M114, 54 
Ml 16, 45 

U310, 37, 140, 149-150, 154, 159, 167, 
171, 183 
U311, 157 

U401,91,93, 107-108, 111 

U421, 111 

U431, 171 

2N3631,45 

2N3822, 129 

2N3823, 137, 140, 168 

2N3970, 28-29, 32 

2N3971,200 

2N4092, 38 

2N4339, 120 

2N4392, 38 

2N4393, 72 

2N4416, 72-74, 137, 140, 168 
2N4857, 38 

2N4867, 42, 119-120, 125 
2N4868, 28, 32, 42, 245-246 
2N4869, 42 
2N5397,129, 140 
2N5432, 235 
2N5564, 38 
2N5638, 38 
2N6656,51 

2N6657, 262, 269-270, 274-275 

2N6659, 207-210,212 

3N140,137 

3N201, 157 

VCR2N, 235 

VCR4N, 235 

VCR7N, 235 

VCR3P, 235 

VCR5P, 235 

VN66AF, 260, 262 

VN66AK,212 

DG181,201-203,221-224 

DG181AP, 195,202 

DG181BA, 200, 202 

DG172,222 

JFET (junction field-effect transistor), 
4-13,52, 258 
Junction: 

abrupt, 26, 36 
breakdown, 18, 46 
potential, 4 
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Metal-oxide semiconductor {see MOS) 
Miller effect, 48, 79, 139, 156 
Mixers: 

balanced, 168-181 
comparison of semiconductors, 169 
comparison of types, 169 
design criterion, 162-163 
double-balanced, 173-181 
high-frequency, 161-181 
interport isolation, 179 
single-balanced, 168-181 
Mobility of carrier: 
temperature coefficient, 12-13 
(See also Carriers) 

Models (see Equivalent circuits) 
Modulation: 

cross-, 153,163,176-177 
inter-, 163, 176-177 
MOS (metal-oxide semiconductor) or 
MOSFET,3, 13-15, 18, 45-49, 54, 
255-279 
body, 15,16,18 
DMOS, 255,258-259 
dual-gate, 16, 48-49, 82, 137-138, 145, 
157 

short-channel, 20, 49, 255-279 
switch, 204-205 


Neutralization in high-frequency circuits, 
144, 152-153 
Noise: 

amplifiers: bandwidth, 191 
matching, 190 
burst, 126-127 

characteristics, 38-40, 122-135 
current, 126, 128, 130-132, 161 
equivalent, 38-40 
figure, 123-124, 141 
mixer, 166 

temperature, correlation with, 188- 
190 

high-frequency, 22, 40, 152,190-191 

impedance match, 152-153 

Johnson, 188-189 

local oscillator rejection, 178 

low JFET, 68, 105 

in operational amplifiers, 105 

oscillators, 182 

popcorn, 106, 126-127 

shot, 126 

test methods, 130-133 


Noise (Cont.): 

voltage, 123-125, 130-132 
white, 131-132 


Operational amplifiers (op amps) (see 
Amplifiers) 

Oscillators, 181-185 
Oxide, 3, 13,18, 20, 256 

Pairs, differential, 103-105 
Parameters, high-frequency Z, Y, H, S, 
146-151 

Phase compensation, 103 
Pinchoff,5,7-8, 10, 18,28 
p-n, 3-7, 11, 14, 29, 55 
Power FETs: 

DMOS, 255, 258-259 
types of, 255 
V-JFETs, 255, 258 
VMOS, 255-279 
Power law, 27 


Quality factor, 140-141 


Resistance: 

gate-channel, 13 
input, 36, 77 
ON, 15,52,55 

Resistors, voltage-controlled (VCRs): 
applications, 241 
characteristics of FETs, 233-235 
comparison to resistors, 234 
distortion in, 31, 236-245 
how to use JFETs, 236 
linearization: analysis, 242-245 
gain control, 239-242 

Sample-and-hold circuit, 220-223 
Saturation: 

drain current, 8 -11, 27, 40 
velocity, 9, 260 
Slope (MoIAVds), 7-8, 30, 33 
Source follower, 83 -90 
Space charge, 32, 67 
Stability: 

compensation, 103 
high-frequency: Linvill, 143 
Stern, 143 
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Switches, analog, 29, 32, 52, 193-231 
A-D and D-A, 226-231 
CMOS, 205-207 
leakage, 219 

comparison of types, 206 
current-mode, 193 
distortion in, 210-211 
feedthrough in, 199 
high-frequency, 199-200 
isolation, 200, 209, 213 
JFETsas, 197-199 
leakage characteristics, 215-219 
MOSFET, 204-205 
multiplexing, 193, 216 
selective summing, 194 
voltage-mode, 193 
VMOS, 207, 261-271 


Temperature, effects of, 12-13,56-58,64, 
94-96, 129, 271-273 
Temperature coefficient, 12-13,71, 129 
Temperature ratings, 62 
Threshold voltage, 15-16 
Transconductance, 9-10, 27, 46, 142 
high-frequency mixers, 163-167 
small-signal, 27 

Transfer characteristics, 12, 27, 45, 86 
effects on distortion, 114 
Transients, switching, 219-226 


Unilateralization, 144 


VCRs (voltage-controlled resistors), 31, 
233-245 
Velocity: 
drift, 9, 23 
saturation, 9, 260 
V-JFET (vertical JFET), 255, 258 
VMOS (vertical MOS), 186, 207-214, 
255-279 

applications, 264-269, 274- 
279 

breakdown voltage, 49-50 
capacitances, 50-51 
{See also Amplifiers) 

Voltage: 

common-mode, 92 -93 
effects on distortion, 117 
gain, 35 

gate: body to, 15 
channel to, 11, 13 
cutoff, 5, 27-28 
source to, 7, 11, 15 
noise, 123-125, 130-132 
offset, 55-56 

standing wave ratio (VSWR), 138 
threshhold, 15-16 


Zener, 14 




